AN ULTRA-LOW POWER RF RECEIVER BASED ON DOUBLE-

GATE CMOS (FINFET) TECHNOLOGY

By
JIANNING WANG

Bachelor of Science
Beijing University of Aeronautics & Astronautics
Beijing, China
1997

Master of Science
Beijing University of Aeronautics & Astronautics
Beijing, China
2000

Submitted to the Faculty of the
Graduate College of the
Oklahoma State University
in partial fulfillment of
the requirements for
the Degree of
DOCTOR OF PHILOSOPHY
May, 2006



AN ULTRA-LOW POWER RF RECEIVER BASED
ON DOUBLE-GATE CMOS (FINFET)

TECHNOLOGY

Thesis Approved:

Dr. Chris Hutchens

Thesis Advisor
Dr. Yumin Zhang

Dr. Weili Zhang

Dr. Jack Cartinhour

Dr. Gordon Emslie

Dean of the Graduate College



ACKNOWLEDGMENTS

The completion of this dissertation marks the end of my formal education.
Throughout my life, there were numerous supports that are given to me unconditionally
and lovingly. At this moment, I will take this opportunity to express my sincere gratitude
to who have supported and loved me all along.

To begin, I thank my parents for their deep love and full supports. Their caring
always extends to the deepest of my heart. I would not be able to achieve this milestone
of my life without them.

Especially, I would like to express my deep appreciation to my wife, Beining Nie,
who has accompanied and encouraged me in many aspects of my life these years. Her
supports were the driving force for the write-up of this dissertation.

Being in Mixed-Signal VLSI Lab has definitely been a lot of fun, and an
unforgettable part of my experience. I learned as much in the MSVLSI Lab as I did in the
classroom. I would like to thank all the past and present members of the MSVLSI Lab,
especially Dr. Liu. He gave me a lot of supports in the lab. I’ll never forget all these
labmates, Narendra, Venket, Vijay, Vanay, Barad, Srini, Vamsi, Henry, Lisa, and Shooi.

I would also like to thank the faculty of the ECEN Department at OSU, especially
Dr. Weili Zhang, and Dr. Jack Cartinghour of Electrical Engineering Technology for

being on my Graduate Committee. In addition, I thank Space and Warfare

il



(SPAWAR) Systems Center (formerly NRaD), San Diego, CA for its support of this

project.

Last and foremost, I would like to thank Dr. Chris Hutchens and Dr. Yumin
Zhang. I appreciate all the opportunities and assistance they have provided me over the
past three years. Their numerous guidance and advice have deeply enhanced my chances

for success at OSU and my subsequent career and life. Thank you!

v



TABLE OF CONTENTS

Chapter Page
CHAPTER 1 ettt ettt ettt st e bt eaeesseeseeneens 1
OBJECTIVE ..ottt ettt sttt e e esseeseenaesseenseesnenseenseensans 1
L1 MOEIVALION . ...ttt ettt ettt e e ettt e et e e teeeaaeesbeessseentaessseesseessseensaessseenseensseenseas 1
L2 OVEIVIEW ...ttt e ettt et ee ettt e et e e et e e s taeeestaeessaaeesssaeasssaeassaeanssaeansseesssaaesnseeennses 1
CHAPTER 2 ..ttt ettt et sttt ettt st e bt e e sbeenseeneens 3
LOW POWER TECHNIQUES .......ooiiieieeeeeee ettt 3
2.1 INETOAUCTION . ..ceetiieeiieeciee et ettt et e et e et e e etaeesntaeesnnneeenseeesnneeesnseeens 3
2.2 Low Supply Voltage TeChNIqQUE ........cccveeiiiieiiieeiieciee ettt 3
2.1.1 Opportunities for Reduced Supply Voltage........ccceeeveeviiniieniiniieiecieeeeeee, 4
2.2.2 Challenges for Low POWer SUpPLY .....coooviieoiiieiiecieeeeeee e 5
2.3 Subthreshold Operation TeChNIQUE..........ccueeiuiiiiieiieie ettt 5
2.3.1 Fundamental of Subthreshold Operation ............c.cceecveeeviiiniiieeiiieceeeee e 6
2.3.2 Advantages of Subthreshold Operation .............cccceeevvierieriiienieniieieeie e 8
2.3.3 The challenges of Subthreshold Operation............cccceeevvieeiieeiiiieeieeeee e 9
CHAPTER 3 ..ttt sttt et sbe e bttt e b et sae e 13
INTEGRATED INDUCTORS ...ttt ettt 13
3.1 INETOAUCHION. ...ttt ettt et ettt et e et e st e et eeeabeesbeesnseensaesnaeenseannns 13
3.2 Structure and LayOuL...........coeciiiiiiiieciiieeiee ettt eae e e e e et e e s e e e e snrae e 13
3.3 Inductor Model and Parameter-extraction Method............ccoevieviiiiiiiniiiinienieeee 15
3.4 Results and Model Verification ............cccouieiieiiiiniieiieeieseeieese e 18
3.4.1 Series INAUCTANCE (LLS)....uveeeuiieeiiieeiie et e 18
3.4.2 Series Resistance (RS)......iiviiieiiiiiiiiiieciie ettt 18
3.4.3 Series CapacitancCe (CS) ..ouueeeuierieeriierieeiienieerieesteeieeseteeieesereebeesaeeseesaseenseenens 19



3.4.4 Model VertfiCation . .....ooooiiiiiiieieeeeeee e 19

3.5 CONCIUSION ettt e e e e e e e e e e et e aeeeeeeeeeeaaraaaeeeaaeaee 23
CHAPTER 4 ..o 24
INTEGRATED VARAGCTOR ..o eeeeeeeeeenaeanes 24
.1 TNETOAUCTION. ...eeeveeeeeeeeeeeeeeeeeeeeeeeeee ettt ettt e eeeeeeeeeeeseaeeeeeseseseeeeeeeeenneeneneeesenennnnne 24
4.2 Structure and LaYOUL........ccccvieiiiieeiiieeciie ettt ettt e e e e et e e eta e e e saeesnraeeseneeennree s 25
4.3 Model Parameter Extraction and Model VerifiCation............eeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeennns 27
4.4 Layout Summary and USAZE.........cccveeiuiieriiieeiiieeiieeerieeeiteeeiveeeeeeeesreesveeesneeesnnees 32
44.1 Capacitance Calculation and Length choice..........ccccooevieniiiiiiniiiiicie, 33
4.4.2 ReSIStANCE ESTIMATION ....eeeeeeeeeeeee e e e e e e e e e e e e aeeeaeaeaes 34
4.4.3 INAUCtANCE ESTIMAtION. ......evvvieiieeieeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeeennnnnes 35
Q.5 CONCIUSION -ttt e e e e e e e e e e e aee e e e e e e e aaeeeeeeeenannnas 35
CHAPTER 5 o 37
FINFET TRANSISTORS AND MODELING ...ccottttttttteeeeeeeeeeeeeeeeeeeees 37
5.1 INOAUCTION . ..o 37
5.2 Performance Of FINFET TransSiStOIS. . .coouuuuuueeeeeeeeee e e e e eeeeeeeeeeeeeeeeeeeereaaeeeaeeeees 40
5.2.1 DC MEASUIEIMIENTS. ....ueieieeiiiieeeeeeeeeeeeeeeeeeeeeeeeeettaaeeeeeseeeeesaaaeaeesseseesrsnnaaeeseseeen 41
5.2.2 AC MEASUTEIMIENT «.ceveeeeeeee ettt e e e e e e e e e e e eeeeeeeaaeeeeanaeeeeanaans 45
5.2.3 NOISE MEASUTEIMENT ..coeeieiiieiiieieiee e 47
5.2.4 Capacitance MeEasureMeNt ...........ccccuveeriireeniieeeieeeeieeesreeesereeeereesseeesseeesnseeesnnes 47
S3FINFET MOAEL...coo oo 48
5.3.1 FinFET Small-Signal Model..........cccooeiiiiiiiieieeeeeee et 48
532 FINFET BSIMSOIL MOAEL ....coooiiiiiiiiie 54
5.3.3 FINFET Model SUMMATY ......coooiiiiiiiieciieeciee ettt 54
54 SUINIMATY ...ttt e ettt e st e e st e e e satae e steeenabeeesabeesnsbeesnsbeesnbaeesnseeennseeanns 56
CHAPTER 6 ..o 58

vi



GPS RECEIVER DESIGN .....oiiiiiiiiiiiiiiiiiiiccecceee e 58

6.1 INErOAUCTION ... .tiiiiiie ettt ettt e e s te e e s tee e sseeesaaeeessseeessaeesssaeessseeensseeanns 58
6.2 GPS Receiver ATChItECIUIES ......ccvieiiieiieiiieiieeie ettt eee 59
6.2.1 Typical GPS Receiver ArchiteCtures .........cccveeeuieeeiieeriieeeiee e 59
6.2.2 LOW-IF ATCRItECLUIE ....ooouiieiiieiiieiiee ettt s 61
6.3 Receiver SYStem DESI@N .....ccciuiiiiiiieeiiieciie ettt eeee et re e e ire e et eeerae e saeeeenraeens 62
6.4 Receiver Implementation RequUirements............c.oocveriieriieniiiniieniieieeie e 64
6.4.1 NOISE FIGUIC...ccoiviiiiiieciie ettt et et e e s aae e e ree e s nraeeenns 64
0.4.2 Phase NNOISE.....eeeuiieitieeiieiiieettesiie et e eiteetteseteebeestbeesbeessteenseesaaeenseesssesnseesssesnseenens 66
0.4.3 SUIMIMIATY ....tviieeeiiiiee ettt e ettt e e ettt e e e stteeeeeabeeeeesabaaeesessaeeeeasseeeesansseeesanssreessnnns 68
CHAPTER 7 ..ottt ettt ettt ettt e s et eeabeasbaesnseensaesnaeenseannne 70
ULTRA-LOW POWER LOW NOISE AMPLIFIER (LNA) DESIGN ........cccccevveirnne 70
7.1 INETOAUCHION. ...ttt ettt ettt ettt et ettt saa e et e sebeenteesebeenbeesnseenseesnseenseannns 70
7.2 LNA TOPOIOZY CROICE .....vvieeiiieeiieeciie ettt eeieeeeee e e e iveeeavaeetaeeeaaeessseeesnsaeens 71
7.2.1 Common-source LNA (CSLNA) .....coi et 73
7.2.2 Common-gate LNA (CGLNA) ....cooiiieeee ettt 78
7.2.3 Comparisons of CSLNA and CGLNA .......cccooiiiiieiieieeeeeeeee e 79
7.3 CAITCUIL DESIZN ...eiineiieeiiie ettt ettt e e e sae e e s teeesaaeeeabeeessaeensaeeessaeessseeennsaeanns 81
7.4 LNA PerfOrmManCe.......ccccuieiiieiiieiieiie ettt ettt ettt et e saeeteeseteebeesaaeeseesnaeenseannns 84
CHAPTER 8 ..ottt ettt ettt et s ae e aeenee s st eseeneesneenee 89
MICRO-POWER RF VOLTAGE CONTROLLED OSCILLATOR DESIGN................ 89
oI B 013 (0T L1 [o1 5 10 ) o DRSPS 89
8.2 Oscillators Fundamental ..............ooouiiiiiiiiiiiiiiiiiciiee e 89
8.2.1 Feedback Oscillator Model..........cccueeeiiiiiiiiieeiieeiieeeeeeee e 89
8.2.2 One-Port Oscillator MOdEl.........cocuieiiiiiiiiieiiieieeie e 91
8.3 Oscillator Topology COmMPATISON........eeeruvieeierieeiieeeireesiieesteeesreeesereeessreessreesseeennnes 92

Vil



8.4 Oscillator CirCuit DESIZN ......c.ceeviiriiieiieiie ettt ettt et e e eeeas 97

B4 VICO PeITOIMANCE ....cceeeeeeeee e e e e et e e e e e e e e e eaaaaaeas 100
CHAPTER O ..o 104
ULTRA-LOW POWER MIXER DESIGN ...t eeeeeeeeeeees 104
0.1 INtTOAUCTION . ..cc e et 104
0.2 MIXEr FUNAAMENTALS ... e e e e e e e e e e e e e e e eaanes 105

0.2.1 ConverSION GaIll .....ooeeiiiiiieiiii e 105

9.2.2 SSB and DSB NOISE€ FIGUIC .....ccuueeviiiiiiiiieciieeeiie ettt 106

9.2.3 Isolation and LINEATILY ........ccueeruiiriieriieniieiieeie et eteeiee et eee et e seneesaeeaaeens 107
9.3 Mixer Topology COmMPATISON. .....ccuuieriuirerireerieeeeieeesieeesreeeereeesereeeseeessseesseeessseens 107

0.3.1 PaSSIVE MIXET...cooiieieiiiieiee e 108

.32 ACHIVE IMIXET ..ot e e e e e e e e e e e e e e e e e e e e e e e eeraeaaaaeeas 109
0.4 CirCUIt D@SIZN c..veeniiieiiieiie ettt ettt ettt et e e ebe et e esbeebeeenbeensaesnsaens 111
0.5 MIXEL PEITOIIMANCE ... e e et e e e e e e e e e eereeaaeeaeaeaes 113
CHAPTER 10 i 116
CON C LU SION S . e 116
10.1 Research SUMMATY .........cccuiiiiiiiiiiiieeiiee ettt e 116
LO.2 FULUIE WOTK ..o e e e e et e e e e e e e e e e reaaeeeeeaeees 122
APPENDIX A ..o e e eee e nnennsnnnnnnnnnnnnne 125
INTEGRATED DIFFERENTIAL INDUCTORS AND TRANSFORMERS................ 125
APPENDIX B .. eeeneennneeeennnnnnn 128
FINFET BSIMSOI MODEL EXTRACTION ..ottt 128
APPENDIX € .t eseeeeeeneenesmneneenemnnnnn 132



GATE-CHANNEL CAPACITANCE CHARACTERISTICS IN NANO-SCALE FINFET

X



LIST OF FIGURES

Figure Page
Figure 2.1 Schematic of low power supply LO. .....cccoeoiiiiiiiiiiiiieiiceceeeeee e 5
Figure 2.2 gn/lp and fr for a modern CMOS 0.13um process[Pletcher, 2004 #78]. ......... 11
Figure 2.3 Comparision of fr with technology scaling[Pletcher, 2004 #78]. ................. 11
Figure 3.1 (a) Structural parameters of an on-chip spiral inductor, (b) Die photograph of
the SPIral INAUCTOT. .....coiiiiiieiieie ettt et et e e ebeesaeaens 15
Figure 3.2 Cross-section Of INAUCTOT..........c.cieeiieeiiieeiie et 15
Figure 3.3 Equivalent circuit for models: (a) with substrate, (b) without substrate, (c)
equivalent circuit at Iow frEQUENCY.......cccouiieiiiieeiie et 16
Figure 3.4 (a) Measured (dot) and simulated (line) s-parameter, n=2.5, w=25um, s=3um,
and IDOD=0.5. ...ttt ettt e 20
Figure 3.4 (b) Measured inductance as a function of frequency. n=2.5, w=25um, s=3um,
ANd IDOD=0.5. ...ttt sttt et 21
Figure 3.5 (a) Measured (dot) and simulated (line) s-parameter, n=4.5, w=25um, s=3um,
aNd IDOD=0.5. ...ttt ettt e 21
Figure 3.5 (b) Measured inductance as a function of frequency. n=4.5, w=25um, s=3um,
and IDOD=0.5. ...ttt ettt et e 21
Figure 3.6 Comparison between measurement data and model simulation...................... 22
Figure 3.7 Measured (dot) and simulated (line) s-parameter, n=5.5, w=25um, s=3um, and
IDODZ0.5. ettt sttt st sb et et 23
Figure 4.1 The cross-section of the single varactor. ..........cccoeeveeeciieecieeeciee e 25
Figure 4.2 The micrograph of the varactor under test. .........ccccevveereriiniienienenieneeienne 26
Figure 4.3 (a) Capacitance versus frequency and (b) quality factor versus frequency..... 27
Figure 4.4 The equivalent varaCtor CITCUIL. .........occueeruierieeriienieeiieeieeieeeteeiee e eeee e e 28
Figure 4.5 Capacitance versus length at Vg=0V. .....ccccoeeiiiiiiiiiiieeeeeeeee e 28
Figure 4.6 Capacitance and Resistance change verse gate bias voltage as extracted from
the VaraCtor PATAIMELIICS. . ecvvieeiiieeiieeeiieeeieeeeteeeeteeerteeeraeeeteeeesaeeessaeeessaeesssaeesnseeesnseeas 30
Figure 4.7 L=0.8um Vg=0V symbol is measured data and line is the simulated.............. 31
Figure 4.8 L=1um Vg=0V symbol is measured data and line is the simulated............... 32
Figure 4.9 Comparison of the measured (symbol) and simulated (solid-line) C-V
characteristics for the L=0.8um and L=1um devices..........ccccecuirriiriirnnniiiiienieceenn 32

Figure 5.1 Different gate configurations for SOI devices: 1) single gate; 2) double gate; 3)
triple gate; 4) quadruple gate (or: GAA structure); 5) Pi-gate MOSFET. [Park, 2001 #48]

........................................................................................................................................... 37
Figure 5.2 The possible Double-gate MOSFET orientations on silicon[ Wong, 1997 #49].

........................................................................................................................................... 38
Figure 5.3 The 3-D FINFET. .....ooiiiee ettt 39



Figure 5.4 Scanning electron microscope picture of the cross section of FinFET

(compliments of SPAWAR SC San DI€g0)......ccccuviieiieieiiieeiieeciee e evee e 39
Figure 5.5 FInFET Process steps; from [Hisamoto, 2000 #45] .......ccceovveeviieriencieeniennnnns 40
Figure 5.6 FinFET drain current versus drain voltage at various gate voltages. .............. 41
Figure 5.7 FInFET drain current versus gate voltage with drain voltage equal 50mV..... 42
Figure 5.8 FinFET drain current versus gate voltage with drain voltage equal 1.4V....... 42
Figure 5.9 FinFET g,, versus gate voltage with drain voltage equal 1.4V..................... 43
Figure 5.10 FinFET drain current versus gate voltage at various drain voltages. ........... 44

Figure 5.11 FinFET transistor power gain versus frequency (AV ~ 0.7V , Vps=1.2V)..... 45
Figure 5.12 FinFET transistor current gain versus frequency (AV ~ 0.7V , Vps=1.2V). .. 45
Figure 5.13  FinFET transistor current gain versus frequency (AV ~50mV , Vps=1.2V).

46

Figure 5.14 The low frequency noise of the FInFET for L=120nm, W=4.2um[Zhu, 2005

2 OSSR PUSPRRPRRIIN 47
Figure 5.15 Equilibrium high frequency C-V curve. .........cccoocveiieniiiiiiiiiieiecieeee e 48
Figure 5.16 The 3-D FinFET. Tpox=400nm, Hg,=50nm, T=20 nm.........ccceevevvverrveennen.. 49
Figure 5.17 Die picture of the circuit with test frame. ..........ccccoeceeveiiiniininnininiee 49
Figure 5.18 FinFET transistor characteristics (W=72 um, L=80 nm). ...........c...cccuvrenn.... 49
Figure 5.19 The FinFET small-signal equivalent model. .............cccceeiiiniiiiniiniiiinie, 51
Figure 5.20 Zero bias small-signal equivalent model.............cccceevvieveiienciienciieceeeen 51

Figure 5.21 Measured (dot) and modeled (line) S-parameters (Vgs=0.6V, Vds=1.2V). .53
Figure 5.22 Measured (dashed) and modeled (solid line) S;; (Vgs=0.6V, Vds=1.2V). ... 53

Figure 5.23 Measured (dot) and modeled (line) hy; (AV ~50mV , Vds=1.2V)................. 56
Figure 6.1 The GPS L1/L2 band signal spectrum[Ko, 2005 #88]. ......cccccccvevriervverrrvennnnns 59
Figure 6.2 Dual-conversion GPS r€CeIVET. .........cccuiiiiiiiiiiiiiiiiieiee e 60
Figure 6.3 Single-conversion GPS re€CRIVET........cccuivriieriiiiiecieeiieeie ettt 60
Figure 6.4 Block diagram of CMOS GPS 1€CeIVET..........cocieriiiiiieiiieiieiieeeesee e 61
Figure 6.5 The GPS band signal spectrum after downconverted to 2 MHz IF[Shaeffer,
TOOE HBO. evveeeeeeeeeeee ettt et e e e ettt e e eate e e eaae e eaeeeeereeeaas 62
Figure 6.7 Cascaded stages of 1€CEIVEr SYSTEML...c.uiivieriieiiieriieeiieeieeieeeieeiee e e 63
Figure 6.8 Block diagram of the GPS 1€CEIVeT. .......coevviieiiiieiiieieeeeeeeee e 64
Figure 6.9 Reciprocal mixing of the in-band thermal noise and phase noise[Ko, 2005
BB B . ettt e e e e e e e e e—eeeet—eeee—eeeeaaeeeerteeetaeeeaeeeareeas 67
Figure 7.1 Common LNA topologies. (a) Resistive termination, (b) 1/g,, termination, (c)
shunt-series feed back, and (d) inductive degeneration. ...........cccceeevveeeiieeeiieescnieesieeens 72
Figure 7.2 CSLNA Schematic DIagram. ...........ccccueeruieriieiiienieeiiesieeieeeieeiee e eeeesaeaens 73
Figure 7.3 MOSFET equivalent noise model. ..........ccccuveeriireiiieeiiieeieecieeeee e 76
Figure 7.4 Small-signal model for noise calculation of CSLNA.........cccccocevviniininniennne 77
Figure 7.5 the CGLNA schematic diagram. ..........c.ccecvvveeriieeriieeiiie e 78
Figure 7.6 gn/Ip versus inversion coeffiCient CUIVe..........ccvevieeriierieiiiienieeiiesie e 82
Figure 7.7 Proposed differential LNA schematic. ..........ccccuveeviieeiiieeeiieeieeciee e 83

xi



Figure 7.8 Voltage gain of differential LINA. ........cccooiiiiiiiiiiiieeceeeeeee 85

Figure 7.9 S12 of differential LINA.........cooiiiiiiie et 85
Figure 7.10 S11 and S22 0f LINAL. ..ottt ens 86
Figure 7.11 Noise Figure of LINA. .....cccuoi oottt s 86
Figure 7.12 Stability measurement of LNA........c.ccoooiiiiiiiiiieeieee e 87
Figure 7.13 1-dB compression point measurement of LNA ..........c.cccccvveeiiievcieeecieeene. 87
Figure 8.1 oscillator viewed as feedback system. .........cceevuieriieiiieniiiiiieiiieiecie e 90
Figure 8.2 Feedback model for oscillator with LC resonant tank.............ccccceevvvervveennenn. 91
Figure 8.3 LC tanK. ....ccviiiiieiieiie ettt ettt ettt et e b e e eesnaeenseenneaens 92
Figure 8.4 the typical cross-couple 0SCIllator. ..........ccccvieeviieeiiiieiie e 93
Figure 8.5 The complementary cross-coupled 0scillator. ...........cceevveevieniienieniiieieens 94
Figure 8.6 The typical Colpitts 0SCIIAtOr. .......c.eeevvieeriieeciieeiee e 95
Figure 8.7 The typical differential Colpitts 0SCillator...........cccerieriiiiiniiinienieiienieiene 96
Figure 8.8 The differential Colpitts oscillator with current-switching technique............. 97
Figure 8.9 Inversion coefficient for L=80 nm FinFET transistor. ..........cccccecevvvenenniennne 99
Figure 8.10 Micro-power VCO SChematiCS. ......ccecvieeriieeiiieeiiieeiieeeieeeeieeeeveeeevee e 101
Figure 8.11 Simulated tuning characteristics of the VCO. ......cc.coceviiviiiininiinicene. 102
Figure 8.12 Output LO signal magnitude versus frequency. .........cccceevveereveencreeenreeenne. 102
Figure 8.13 VCO Phase noise Versus freqUenCy.........cccceeueerieriieniienieeniesie e 103
Figure 9.1 The heterodyne receiver system with @ MiXer. .......c.ccoccveeeeieeeiieencieeenreeeene, 105
Figure 9.2 Simple double-balanced passive MIXeT. .........ccceeviieriieniienieeniienieeiee e eneen 108
Figure 9.3 A active double-balanced miXer. .........ccceevvierriiieiiieeiee e 110
Figure 9.4 Minimum supply-headroom double-balanced mixer. ...........cccceecvverueenenrnnen. 112
Figure 9.5 Conversion gain Versus fTeqUENCY........c.eeervreeriieeriieeiieeeieeeeieeeeveeeevee e 113
Figure 9.6 Noise figure versus freqUENCY. .......cccocvveriieriieriieniieeie e 114
Figure 9.7 1-dB compression point Of MIXET. ......ccc.eeeeveeeriieerieeeiieeeeee e e eveeeevee e 114
Figure 10.1 The diagram of system simulation of GPS receiver front-end sub-blocking
CITCUIES. 1.ttt ettt ettt ettt ettt et e a e et et e et e s bt et e eseesa e e bt entess e e bt entesaeenseentesaeeseenees 117
Figure 10.8 A typical common-source amplifier with inductor load...............ccccceeee. 123
Figure A.1 Microstrip inductor physical layouts for differential inputs[Danesh, 2002 #33].
(a) Two asymmetric spiral conductors. (b) Symmetrical microstrip inductor................ 125
Figure A.2 (a) Lumped equivalent-circuit model of a microstrip inductor, and circuit
equivalents for (b) single-ended (port 2 grounded) and (c) differential excitation......... 126

Figure A.3 The test structures of differential inductors and transformers[Long, 2000 #34].
(a) 1:1 transformer. (b) differential inductor. (c) Rabjon Balun. (d) 1:2.5 transformer.. 127

Figure C.1 The 3-D FINFET StrUCIUIE........ccuviiiieiieiiieieeeie ettt 132
Figure C.2 Scheme of capacitance measurements for FInFET...........c..ccccocoinnne. 133
Figure C.3 Equilibrium high frequency C-V Curve. .......cccceeieeiienienieeiieeie e 134
Figure C.4 (a) Potential profile and (b) band diagram of FInFET. ....................c.cee. 136

Xii



xiil



LIST OF TABLES

Table Page
Table 3.1 Extracted circuit model parameters. ........c.cccveeveeriierieenienieerieeeee e eve e 20
Table 4.1 Extracted parameter values for 200 finger (W¢= Sum) varactors for L equal 1
um and 0.8 UM r@SPECLIVELY. c.uvivriiiiieiiiiieeiiecie ettt ettt re e b e e seessbeeseeeasaens 30
Table 5.1 Extracted Model Parameters...........c.oooueeiiiiiiiiiiiiienicieceeeee e 52
Table 5.1 The modified FINFET BSIM3SOI model. ..........ccccoviiiiiiniiiieieciecieee 55
Table 6.1 Signal degradation due to finite quantization in the ADC............cccoeeevveeenenns 66
Table 6.2 Summary for GPS receiver front-end requirements. ..........c.ccceeeveeveeniennennenn 68
Table 7.1 The comparison between CSLNA and CGLNA (“+” indicates better, “-”
INAICALES WOISE). 1.uvviieeiieeeiiieeetiee ettt e eetteeeteeeeteeesteeesaaeessseeeesseeesseeesseeessseessseessseesnseeens 79
Table 7.2 Differential LNA passive components values. .........ccccveevveeerveesinieenineeenineeenns 84
Table 7.3 Differential LNA active components values. .........cccccoevveveiienieniieenienieeieene 84
Table 7.4 Ultra-low power LNA performance summary............ccceeeveeerveeeieeesineeenineeenns 88
Table 8.1 On-chip inductors specifications at 1.5 GHz. .........ccccoooviiviiiiiiniiinieieee 98
Table 8.2 Device sizing and IC for oscillator transistor. ..........cccceeevveeecieeecieecciieeenen. 100
Table 8.3 Summary of VCO performance. ...........ccoceeeueerieeiiienieeieenie e eeeens 103
Table 9.1 Active double-balanced mixer performance summary...........cccceeeveercrveennnenn. 115
Table 10.1 Summary of GPS receiver front-end sub-blocking circuits of plan A.......... 119
Table 10.2 Summary of GPS receiver front-end sub-blocking circuits of plan B.......... 121
Table 10.3 Comparison of GPS receiver sub-blocking circuit performance................... 122

X1V



LIST OF DEFINITIONS

Subthreshold region: include weak and moderate inversion

Moderate inversion: Gate-to-source voltage is close to threshold voltage.

Weak inversion: Gate-to-source voltage is far below threshold voltage.

Inversion coefficient: parameter describing the transistor’s working region, for example,

weak, moderate and strong inversion

XV



Chapter 1

Objective

1.1 Motivation

In the past 40 years, many kinds of electronic circuits were developed at an
amazing speed. The low power integrated circuit (IC) is one of the targets designers are
pursuing. Among the applications of low power ICs, wireless RF transceivers are new
emerging application that requires small size, low cost and low power. One of the most
critical components in wireless transceiver is the wireless receiver.

The objective of this research is to study and realize an ultra-low power RF
receiver based on double-gate CMOS (FinFET) technology. In this work, tradeoffs and
strategies for low power receiver design are investigated. A low power global position

system (GPS) receiver is taken as an example to test our study.

1.2 Overview

This dissertation is organized as follows. Chapter 2 describes techniques for the
design of analog circuits for low power. It focuses on the importance of moderate
inversion usage in this design, which is the main method to reduce the power
consumption of RF receiver. Chapter 3 and 4 focuses on the design, test and model
integrated passive devices, such as inductors and varactors. Chapter 5 introduces a new

double-gate CMOS architecture, FinFET. We characterized the FinFETs with I-V, C-V,



and S-parameter measurements at GHz frequency range. A BSIM3SOI model is
developed for further implementation and validation of the FinFET transistor RF circuits
in moderate inversion. Starting from Chapter 6, we apply the passive and active devices
to the GPS receiver front-end circuit design. In Chapter 6, the GPS receiver’s architecture,
system design and implementation requirement are described. Chapters 7 to 9 describe
the GPS receiver front-end sub-blocks, such as ultra-low power LNA, VCO and mixer
design, respectively. The performances and trade offs of each building blocks are
summarized at the end of each chapter. Chapter 10 concludes the dissertation with a brief

summary of results and discussion of future research directions.



Chapter 2

Low Power Techniques

2.1 Introduction

The silicon CMOS technology has become dominant in integrated circuits. CMOS
gate lengths have reduced from 10um in the 1970’s to the present day geometries of less
than 90 nm. According to the 2004 International Technology Roadmap for
Semiconductors (ITRS), by 2006, MOS transistors with a physical gate length of 80 nm
will become widely available. Its scalability provides decreased power consumption at
enhanced performance levels. When the CMOS devices are scaled into the sub-100nm
dimension, the deep sub-micron CMOS opens up new frontiers in low voltage and
current circuit design. In this chapter, design techniques are outlined first, and the
advantages of modern CMOS devices are analyzed and the ultra low power consumption

for RF front end circuits is investigated.

2.2 Low Supply Voltage Technique

Conventional CMOS technology has, for over 3 decades, been locked into
designing processes with high performance digital circuits as the objective. Analog/RF
designers basically just used discrete solutions or hybrid blocks of bipolar GaAs, and
more recently BICMOS and Heterojunction Bipolar Transistors (HBT). Not only are
digital device models not sufficient for the accurate circuit simulation, the analog/RF

designer must face a constantly shrinking design space. One of the most difficult



problems is the constantly decreasing supply voltage for modern CMOS processes,

causing reduced voltage headroom and dynamic range for analog and RF application [1].

2.1.1 Opportunities for Reduced Supply Voltage

Here a typical differential local oscillator (LO) is shown in Figure 2.1. It is an
example capable of operating with a very low supply voltage. It contains two stacked
transistors. The inductors comprising the resonant load do not consume additional voltage
headroom, additionally the output is allowed to swing above the supply voltage, VDD.
Theoretically, the LO may operate on a supply voltage as low as VDsatl+VDsat3, where
VDsat is the MOSFET saturation voltage. Furthermore, if the devices M1 and M2 are
designed to operate in the subthreshold regime, VGS and VDsat may be quite small.

The main challenge in operating under a low VDD is the reduction in output
voltage swing. Generally, system level considerations are critical when designing low
voltage circuits and choosing the optimal power supply voltage. Supply voltage is not
typically considered a variable parameter available to the designer, because it is
impractical from an integration perspective if each component requires its own unique
supply. However, it is entirely reasonable that two supply voltages will be available in a
network environment: e.g. high voltage for active mode and low voltage for sleep mode.
Recent research in low voltage digital design has shown that significant savings in
memory leakage power may be achieved by reducing the supply to a few hundred mill
volts during standby periods [2]. If a lower voltage supply is made available for use in

digital standby mode, it may also be available for analog circuits [3].
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M3 % Vbias

Figure 2.1 Schematic of low power supply LO.

2.2.2 Challenges for Low Power Supply

For analogue circuits, down-scaling supply voltage and process feature size will not
automatically reduce power consumption and, in fact, usually it often has the opposite
effect in analog design. In analogue chips, power is consumed to maintain the signal
energy above the thermal noise floor in order to achieve the desired signal-to-noise ratio
or dynamic range. Since minimum power consumption is related to the ratio between
supply voltages and signal amplitude, power-efficient analogue circuits should be
designed to maximize the voltage swing. Reducing the supply voltage, while maintaining
the signal-to-noise ratio and bandwidth, therefore requires that the transconductance be
increased. This is normally done at the expense of power or by reduced channel length.

Therefore the approach for analogue designs must therefore be different.

2.3 Subthreshold Operation Technique



2.3.1 Fundamental of Subthreshold Operation

For gate-source voltage (Vgs) less than the extrapolated threshold voltage V, but

high enough to create an inversion region at the surface of the silicon, the device operates
in the subthreshold region. In this work, both weak and moderate inversion are
considered as subthreshold operation even we know Vgs may larger than V; in moderate
inversion. Later in this chapter we will point out this work is based on moderate inversion
because of the bandwidth limitation.

In subthreshold region, the channel charge is much less than the fixed charge in
the depletion region and the drain current arising from the drift process is negligible. The
drain current is caused by a gradient in minority-carrier concentration, i.e. diffusion
current.

In subthreshold operation, the surface potential is approximately a linear function
of the gate-source voltage [4]. Assume that the charge stored at the oxide-silicon
interface is independent of the surface potential in the subthreshold region, and then

changes in the surface potential Ay, are controlled by changes in the gate-source voltage
AV through a voltage divider between the oxide capacitance C,, and the depletion-

region capacitance C; . Therefore,

dyg,  C 1
dVgs st+Cox n

2.1)

where n is called subthreshold slope factor and takes on a values from 1 to 2.

The drain current equation in the subthreshold region is

w Ves =V, Vv
Io :Tltexp£ GnSUT t)lil—exp(—uijﬂ (2.2)




where U; is the thermal voltage. V, is the gate to source threshold voltage. I, is intrinsic
or specific current.
l, =2n4,C, U’ (2.3)
Physically, I, represents the characteristic current for the device in the center of

the moderate inversion region, providing a convenient normalization factor. The drain

current of a given device may be normalized to |, , producing the inversion coefficient,

IC = 2.4)

The inversion coefficient provides a very useful way of identifying the operation
region and level of inversion [5] of MOS transistors,

IC <<1: Weak inversion

IC ~1:Moderate inversion

IC >>1:Strong inversion

Unlike in strong inversion, the minimum drain-source voltage required to force
the transistor to operate as a current source in the subthreshold region is independent of
the overdrive [4].

Calculating 0l /dVgg from (2.4) and using (2.3) gives

gmzﬂ It exp VGS _Vt 1—exp _VDS — ID =|_D Cox (2'5)
L nU, nU; Uy J| nU; U C,+Cy

The ratio of the transconductance to the current of an MOS transistor in subthreshold

region is

I _ (2.6)



The Equation above predicts that this ratio is independent of the overdrive, AV . For the

transistor in the strong inversion, the g, /I ; ratios is
2
On __ 2 (2.7)

where AV is the overdrive voltage. Comparing (2.6) to (2.7), we find the g, /I, of

subthreshold region may 4 to 8 times higher than in strong inversion.

2.3.2 Advantages of Subthreshold Operation

Motivated by the needs for low power narrow-band wireless communication
systems, the micro-power RFIC front-end, a LNA combined with a down-conversion
mixer, has been designed using weak inversion CMOS techniques [6].

Within the active (saturation) region a device may be biased in the moderate or
weak inversion region. The available transcondance per amp may 4 to 8 times higher than
in strong inversion. This can be a big benefit for wireless applications where power
consumption is much concerned if the bandwidth is available.

The second advantage of subthreshold operation is the relatively low drain
saturation voltage Vpg, Which is typically around 3 to 4 Uy (about 78mV) [7] at room
temperatuer. More practically as a result of anticipated temperature variation Vpg,, must
be greater than 120mV. Compared with strong inversion, the value of Vpg in weak
inversion is independence of gate voltage. The low saturation voltage implies that
transistors operating in weak or moderate inversion require less overhead resulting in
greater headroom than do devices in strong inversion. Therefore subthreshold operation is
a natural choice for circuits operating with reduced supply voltage when the bandwidth is

available.



The third advantage of subthreshold operation is low flicker noise achieved in
moderate inversion since the flicker noise is reduced with less current flow [8, [9]. A
detailed explanation follows in chapter 5.

Finally, nonlinearity is not a problem. In subthreshold region the third order

intercept point voltage (V,; ) is approximately [10]
V,p; =4U; =100 -120mV (2.11)

If the system signal is much less than 100 mV we could ignore the effects os Vps. The

second order intercept point voltage (V,, ) is inversely proportion to input offset voltage

(Vos ) [10]
(2.12)

For 80 nm FinFET the Vs is approximately 4.8 mV per square root of finger numbers
[11]. For a 200 um device it has 2000 fingers. The Vs is calculated 0.1 V. Thus the Vp2
is 25 V. Since for this work the amplitude of signal is on the order of micro-volts, the

effects of IP2 and IP3 could be ignored.

2.3.3 The challenges of Subthreshold Operation

Although there are many advantages obtained in weak inversion region there are
drawbacks as well. The first and obvious problem is the reduced bandwidth. Traditionally,
transistors for high frequency applications are operated in strong inversion to take

advantage of the high device transit frequency ( f; ) in this regime. Transit frequency is

defined as the frequency where the current gain of the device falls to unity and is

normally given by:



_ On
fr = 277(Cys +Cyy ) 29

Since gn in weak or moderate inversion may be ten or more times smaller than that in

strong inversion mode, f; in the weak inversion is several orders of magnitude below

that in the strong inversion although the Cgs in subthreshold may several times smaller
than that in strong inversion shown in Figure 5.15 in Chapter 5. In the past, this speed
limitation prohibits the applications in RF design. However, technology scaling is
beginning to provide the solution since in the weak or moderate inversion, f; is inversely

proportional to the square of the channel length in (2.10)

AV

nU;
_le

e

. (2.10)

o
The present deep submicron CMOS technology makes this feasible. As shown in Figure
2.2 [3], the peak f; is around 100GHz, decreasing sharply at lower inversion coefficient.
At the center of moderate inversion, indicated by the vertical line at IC equal 1, f; is
approximately 5 GHz for the 130nm process. The bandwidth is adequate to implement
circuits operating in the hundreds of MHz or above. In the Figure 2.3, device f; is
simulated across inversion level for three generations of submicron CMOS. At the center
of moderate inversion, f; is approximately 6 GHz for 180 nm, 12 GHz for 130 nm, and

21 GHz for 90 nm node. The current state of the art, 90nm CMOS device, can provide
sufficient bandwidth for subthreshold circuits up to the low GHz range, such as GPS
receiver front end which works at 1.5 GHz. From now on, we will only concentrate on

the moderate inversion since it can provide enough bandwidth for low GHz application.
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As a result the expected gm efficient improvement is only expected to be 2 to 4 greater

than square law.
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Figure 2.2 gn/lp and fr for a modern CMOS 0.13um process [3].
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Figure 2.3 Comparision of fr with technology scaling [3].

In addition to the reduce f; , the current mismatch is another problem. In

subthreshold region the drain current has an exponential relationship with the gate

11



voltage. As a result any small change in the gate to source voltage will have a larger
change in drain current, which makes it unpredictable for the circuit. Fortunately, with

the device area increase the current mismatch will decrease since [12]

2 2 2 2
A, =t (A—Lj +k[M) +|124Ts +(AT°XJ (2.10)
4/ fin L W Ty 5-Tox

Where A, is the ratio of current mismatch.
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Chapter 3

Integrated Inductors

3.1 Introduction

The inductor is a key component in high RF frequency circuits. In the past a few
years there was a great drive to improve the quality factor of integrated inductors so that a
radio-on-chip system can be readily realized [13]. Bulk silicon inductors generally have
peak Q’s of less than 10 with low self-resonant frequencies [14]. These values are
typically not satisfactory for high performance, voltage-controlled oscillator (VCO)
designed to meet the stringent phase noise and low power constraints.

In this chapter, the inductor structure and layout were discussed first. Then the
inductor model and model parameters extraction methods were presented. Finally, the
model simulation results were compared with the measurement for some typical inductor

and the conclusion was drawn.

3.2 Structure and Layout

High quality factor integrated circular spiral inductors were fabricated in
SPAWAR Systems Center’s novel 0.5 um TSOI CMOS technology with a stacked 1.7
pum-thick aluminum metal. The geometry of the spiral inductors can be described by the
following parameters: number of turns (n), turn width (W), turn spacing (S), inner

diameter (d) or inner to outer radius ratio (IDOD). These parameters are shown in Figure

13



3.1(a). The die photo is shown in Figure 3.1(b). The width of the spiral metal is from 15
um to 50 um. The inner-to-outer diameter ratio is from 0.3 to 0.7. And the number of
turns is from 1.5 to 10.5. Figure 3.2 shows a cross-section of an integrated inductor
fabricated in this technology. The test frame with ground-signal-ground pad was laid out
for shielding.

The inductors we investigated can be grouped in the following classes:

1) Same IDOD, but different n and w;
2) Same W, but different IDOD and n;
3) Same n, but different IDOD and w.

All the inductors have a fixed spacing between the turns, S = 3 pum. In this case,
the inner radius (R;) can be derived analytically from the parameters set (n, w, IDOD),
Ri=IDOD*n*(w+s)/(1-IDOD). Three families of inductors were characterized by s-
parameter measurement with HP 8720D network analyzer and Cascade Microtech
coplanar ground-signal-ground (GSG) probes. De-embedding was carried out to remove

the parasitic components.

(a)
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(b)

Figure 3.1 (a) Structural parameters of an on-chip spiral inductor, (b) Die photograph of
the spiral inductor.

Figure 3.2 Cross-section of inductor.

3.3 Inductor Model and Parameter-extraction Method

Cs

Ls Rs

T, A

Cox L Cox L

(a)
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Cs

Ls Rs

(b)

Ls Rs

e A

(c)
Figure 3.3 Equivalent circuit for models: (a) with substrate, (b) without substrate, (c)
equivalent circuit at low frequency.

The equivalent circuit for the inductor is shown in Figure 3.3, where Ls is the
inductance and Rs is the parasitic series resistance of the metal wire. The overlap
between the spiral and the underpass allows direct capacitive coupling between the two
terminals of the inductor. This path is modeled by the series capacitance Cs. In a
conventional inductor structure, the oxide capacitance between the inductor and the
silicon substrate has to be taken into account, as well as the sub-circuit of the substrate,
which are shown in Figure 3.3(a). However, including these parasitic circuit elements
makes the extraction of the important intrinsic inductor parameters very tricky and
inaccurate. In order to improve the inductor performance the silicon substrate has been
etched away. As a result, the self resonance frequency and quality factor Q of the
inductor increase. The resulting circuit model can be simplified to the one shown in

Figure 3.3(b). The meaning of C in this circuit is no longer the capacitance between the

16



inductor and the substrate; instead, it models the remaining parasitic capacitive coupling
between the inductor and the surrounding grounded structures. At low frequency,
100MHz, both the coupling capacitor Cs and the parasitic capacitor C,x can be neglected,
thus the circuit model is further reduced to the one in Figure 3.3(c). For this series RL

circuit, the two components can be easily extracted from the Y-parameter:

1 1
Ls=——1Im| —
L | o

Rs =—-Re {L] (3.2)

21
However, as the Y-parameters cannot be measured accurately, they are obtained
by the transformation from the measured s-parameters. The overall capacitance can

found from the self-resonance frequency:

1
C=—
@, Ls

(3.3)

where C includes C,x and Ci..

All parameters (L, R and C) in the inductor model are functions of the number of
turns (n), the turn width (w), the turn spacing (S), and one from the following: the outer
diameter doy, the inner diameter din, the average diameter dayy = 0.5%(din+dou), or the
inner and outer diameter ratio (IDOD). By fitting the data, expressions for Ls, Rs and Cs
were determined. We have successfully obtained these parameters for inductors in a
broad range: the number of turns from 1.5 to 5.5, turn width from 15 um to 50 um, and

inner and outer diameter ratio from 0.1 to 0.7.

17



Due to large amount of data collected, computer software was employed to find
the dependence on the geometric parameters. However the selected software (Origin 7)
can only fit two independent variables, therefore, the following three approach was used:
a) Ls =f (w, n), while IDOD is fixed,
b) Ls =f (n, IDOD), while w is fixed.
¢) Ls =1 (IDOD, w), while n is fixed,

As the approach ¢) is not practical, the approaches a) and b) were adopted.

3.4 Results and Model Verification

3.4.1 Series Inductance (L)

The empiric expression of the series inductance is based on the data fitting

technique in reference [15]. For fix IDOD, the expression is

Ls = Pn™w? (3.4a)
Taking the logarithm of Eq. (4a) we can get the following monomial relation:

logLs =logP, + P, logn+P, logw (3.4b)
For the inductors with IDOD = 0.5, the fitted the parameters are found: P; = 0.26591, P, =
2.21235 and P3=0.72121. Therefore, the inductance can be modeled as:

Ls = 0.26591n>*"#5 w71 (3.4¢)

In a same way, the inductor model can be fitted following the approach b). As an

example, inductors with w =25 can be modeled as:
Ls =1.07185n' >4 poD®311>4 (3.5)

3.4.2 Series Resistance (Rs)
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The series resistance of the inductor can be expressed as [16]:

R, = b (3.6)
Wt

where p, is the resistivity of the metal; | is the overall length of spiral, which equals

nzd

avg > W 1s the line width; t is the effective thickness. With the consideration of the

skin effect, the effective thickness can be calculated as t; =& -(1—€7"); where t is

the physical thickness of the metal and o is the skin depth. At 1 GHz, the skin depth of

Al and Cu is 2.8 um and 2.5 um, respectively.
3.4.3 Series Capacitance (Cs)

The Series capacitance Cs models the parasitic capacitance coupling between the
inductor and the under-path. It can be approximated as a parallel-plate capacitor [17].

.= nWZM (3.7)

tM 2-M3

C

Where t,,, 5 1s the oxide thickness between spiral and the under path, which is 0.9 um

in our sample; k= 0.7 is a fitting parameter.
3.4.4 Model Verification

With the method described above, the parameters of the series resistance,
inductance and capacitance can be extracted; the results from two samples are shown in
Table 1.

The measured and simulated S-parameters have been compared in Figure 3.4 and
Figure 3.5, where the numbers of turns are 2.5 and 4.5, respectively. The measured

inductances as the function of frequency are plotted in Figure 3.4(b) and Figure 3.5(b).
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The total error [18] between the measured and the simulated s-parameter calculated as

follows by (3.8) is less than 3% over the frequency range from 0.1 to 10 GHz.

. 2
‘measSij —simS;; 1

gwt(S)zloo-l-Z > (3.8)

2
45| = ‘measSij ‘ N freq

The simulation is carried out with ADS. We also compared the results from
inductors with other structural parameters, they consistently have good agreement.

Table 3.1 Extracted circuit model parameters.

w

Turn IDOD | Ls(nH) | Rs () | Cs(fF)
(um)

2.5 25 0.5 2.8 0.13 41.48

4.5 25 0.5 12 0.36 75
%

freq (100.0MHz to 10.00GHz)

Figure 3.4 (a) Measured (dot) and simulated (line) s-parameter, n=2.5, w=25um, s=3um,
and IDOD=0.5.
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Figure 3.4 (b) Measured inductance as a function of frequency. n=2.5, w=25um, s=3um,
and IDOD=0.5.

inductor_mod..S(2,1)
S(2,1)

freq (100.0MHz to 10.00GHz)

Figure 3.5 (a) Measured (dot) and simulated (line) s-parameter, n=4.5, w=25um, S=3um,
and IDOD=0.5.

Inductance (nH)
8 & 3 8
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Frequency (GHz)

Figure 3.5 (b) Measured inductance as a function of frequency. n=4.5, w=25um, s=3um,
and IDOD=0.5.



A typical fit of the Verilog-A model vs. the measurement data for two inductor
instances is shown in Figure 3.6. Figure 3.6 shows that a 6.5 nH inductor has a peak Q of
18, which is higher than the best Q of 15 reported in [19] for a 5.5 nH inductor in a
silicon-on-sapphire (SOS) technology with a thicker 2.5um aluminum metal. The 6.5 nH
inductor has a self-resonant frequency at about 10 GHz, which is about twice the self-

resonant frequency reported in [19].

10.0 — 30
¢ L.n=13data ——L.,n=1.5,model
304 w L.n=35data — L. n=3.5 model
¢ on=1.5data — Qn=1.5 model 1 2=
8.0 w Q.n=35data —— @,n=3.5 model

Frequency [GHz)

Figure 3.6 Comparison between measurement data and model simulation.

We also find the model developed is accurate for inductors with the number of
turns less than 5.5, fortunately most practical on-chip spiral inductors fall in this range.
When the number of turns is larger than 5.5, the error becomes larger and more circuit
elements must to be included in the model. As shown in Figure 3.7, the model can not

predict the behavior for frequency higher than 7 GHz.
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(2,1)

inductor_mod..S
5(2,1)

freq (100.0MHz to 10.00GHz)

Figure 3.7 Measured (dot) and simulated (line) s-parameter, n=5.5, w=25um, s=3um, and
IDOD=0.5.

3.5 Conclusion

Based on the above analysis, we found that small IDOD ratio inductors were turn-
restricted. For example, if IDOD equals to 0.1and 0.2, n should be maintained less than 2,
and 3 respectively. Generally IDODs of 0.4 to 0.5, w of 15 um to 30 um and S of 3
provide a better model fit. The obtained equivalent Spice circuit model shows good
agreement between the simulated and measured s-parameters over a wide frequency

range.
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Chapter 4

Integrated Varactor

4.1 Introduction

Integrated voltage-controlled capacitors (varactors) are widely used as frequency
tuning elements for RF applications [20, [21], such as voltage controlled oscillators
(VCOs). The core of a VCO is the LC tank circuit, composed of a varactor and an
inductor.

Several RF models for the MOS varactor have been reported [21, [22, [23, [24].
The physical model proposed in [21] was derived by considering the device structure but
consisted of separate models for different operating regions of the device, i.e. in
accumulation and in depletion, respectively. The theoretical model reported in [22]
includes the physics-based equations. The SPICE compatible models exploiting a sub-
circuit based on the BSIM3v3 model were presented in [23] and [24].

This chapter presents a RF model of an accumulation-mode MOS varactor with a
high capacitance tuning range in a multi-finger layout, and it is based on physical
parameters. The model describes the voltage dependent capacitances and resistances
along with the parasitic inductance, capacitance and resistance terms. A single topology
with the lumped elements derived from the device has been proposed for easy integration
into common circuit simulator as well as direct linkage to a p-cell. Good agreements
between measured data and simulation results were obtain in the frequency range of 0.1

to 25 GHz by de-embedding the test frame inductance.
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4.2 Structure and Layout

Accumulation-mode MOS varactors were fabricated in SPAWAR Systems
Center’s Integrated Circuit Fabrication Facility in their 0.5 um CMOS-SOI technology
where the substrate has been removed. This process has low parasitic capacitance which
facilitates fabricating high quality, high frequency RF varactors by decreasing the losses
normally associated with bulk silicon processes. The varactors designed, fabricated and
tested employ a multi-fingered layout with finger lengths of 0.5 um, 0.8 um, and 1.0 um,
finger widths of 5 um and 10 um, and total widths of 1000 um. A representative cross-
section of the device is shown in Figure 4.1 with a micrograph for a typical layout shown

in Figure 4.2.

O G
2 oDIS
Poly Gate
+ +
n
n n-well

Figure 4.1 The cross-section of the single varactor.

Measurements confirm that the varactors have a tuning ratio that varies from 1.7
for the 0.5 um device to 2.6 for the 1.0 um device. The worst case self-resonant frequency

of 21.5 GHz was observed for the W = 200x5um, L = 1.0 um device at its maximum

capacitance of about 2.13 pF at 500 MHz, as shown in Figure 4.3(a). As observed in
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Figure 4.3(b), the quality factor remains satisfactory (above 8) up to 12.8 GHz. These

figures are significant compared to other varactors which have been created recently [23].

Capacitance (F)

Figure 4.2 The micrograph of the varactor under test.
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Figure 4.3 (a) Capacitance versus frequency and (b) quality factor versus frequency.

4.3 Model Parameter Extraction and Model Verification

To verify and parameterize the proposed equivalent circuit show in Figure 4.4, the
fabricated accumulation-mode MOS varactors were laid out and extracted. Direct
parameter extraction was performed with Y-parameter analysis based on S-parameter
data using an HP8720D network analyzer. Cs was extracted out at 1 GHz, with the Rs
and L extracted at self-resonance. De-embedding was carried out to remove parasitics,
which consisted primarily of an inductance term. Rml and Rg and Rs/dent (= 0)
represent the metall, the gate and gate contact resistance and source/drain contact
resistance respectively. In order to model the gate bias dependence of Cyq, varactors
capacitance per unit width was described as follows,

P.V LC. .V,
CVar'= S +P3C =Cf'—I—Cavg + COX = (41)

1+ Py Vg | 1+ V|

Where
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Figure 4.4 The equivalent varactor circuit.

Capacitance per Varactor Width (fF/um)

0.0 +————r——r—+—1——1——1——1——1——1——7
00 01 02 03 04 05 06 07 08 09 10

Channel Length (um)

Figure 4.5 Capacitance versus length at Vg=0V.

The fringe capacitance per micrometer of varactor width, Cs , was obtained by plotting

the varactor capacitance at Vg equal zero and extrapolating to find the fixed capacitance
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term or the P3¢ component of equation (1). All three test devices with gate lengths of 0.5
um, 0.8 pm and 1 pm respectively, are plotted as shown in Figure 4.5. Cy is found to
equal 0.24 fF/pum.

Equation (4.1) is based on the data fitting and accurately describes the nonlinear
characteristic of Cy,r as a function of the varying gate bias, as shown in Figure 4.6. For
the 5 200 p8 (finger width finger number gate length) varactor, Pic =1.64 fF/um, Pyc
=2.99 V!, P3¢ =1.23 fF/um and for 5 200 1 varactor, P;c =2.89 fF/um P,c =3.63 V',
P3c =1.58 {fF/pum. Using the P3¢ data and Cy’ from Fig 4.5. and solving for Coxay, and 6L,
respectively, result in Coxayg equal 1.765 fF/ pum” and 0.117 um or Legr= L — 0.234 pm.

Varactor resistance consists of both a channel term and the gate poly term. The
channel resistance is modeled as follows;

R, =R, +R, /R (4.2)

p

In (3.2), R, is the gate bias independent or static resistance term of Rch. Racc

represents the resistance of the accumulation layer formed in the channel region. R, is the

n-well resistance in parallel with R,..

Rch = {I/Kacc (VG - dVG,ch)ﬂifVG > dVG,ch (43)

oo, elsewhere
In (3.3), K, 1s a parametric coefficient that is related to the mobility of electrons
in the accumulation layer, and dVg , is relevant to the flat-band voltage. As Vg decreases

below the flat-band voltage, R, can be considered as being infinite and R, approaches a
constant value of Ry + R,. When Vg increases above the flat-band voltage, Ra.c dominates
Ren. As a result, R, decrease, finally approaching a constant value of R, as shown in

Figure 4.6.
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Figure 4.6 Capacitance and Resistance change verse gate bias voltage as extracted from
the varactor parametrics.

Similarly, a data fitting equation is used to describe the voltage dependence of

resistance:

P.V
R — IRYG +
T 1+ Py V|

From the extracted resistance data for the 5 200 p8 varactor; Pig = -0.138 V' Py =

Pir» (4.4)

0.191 V', P3g = 2.72 Q and for the 5-200-1 varactor; Pig = -0.0805 V!, P,g = -0.0354 V"
', Psr = 2.65Q.

The extracted parameter values for the series resistance and inductance are
summarized in Table I for Vg =0 V.

Table 4.1 Extracted parameter values for 200 finger (W¢= Sum) varactors for L
equal 1 um and 0.8 um respectively.

L(pH) Rm1(Ohm) | Rg(Ohm) | Cf(pF) Cs(pF) Rch(ohm)

5200 0.8 | 35 0.05 0.078 0.24 0.958 0.658
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5200 1

35

0.05

0.0625 0.24

1.20

0.6415

Figure 4.7 and 4.8 compare the measured and simulated S-parameters at V; =0V

for the devices of Table 4.1. Note, the methods for determining L, Ry, and R, are

presented in section 4. The total error between the measured and the simulated S-

parameter with the proposed equivalent circuit was calculated to be in less than 1% over

the frequency range from 1 to 25 GHz. Figure 4.9 shows measured and simulated C-V

characteristics for the L=0.8 um and L=1 um devices.

S21

S11

freq (1.000GHz to 10.00GHz)

Figure 4.7 L=0.8um Vg=0V symbol is measured data and line is the simulated.
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S21

S11

freq (1.000GHz to 10.00GHz)
Figure 4.8 L=1um Vg=0V symbol is measured data and line is the simulated.
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Figure 4.9 Comparison of the measured (symbol) and simulated (solid-line) C-V
characteristics for the L=0.8um and L=1um devices.

4.4 Layout Summary and Usage

In the circuit design process the designer is given the option to select L in the
range of 0.7 um to 1.1 um at fixed finger width W¢ of 10 um. The designer selects the

varactor channel length L and provides the desired value of C (Vg =0) for the varactor at
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simulation/layout. The number of fingers n, along with the number of rows (r) and
columns (c¢) will then be computed by the p-cell generator and modeled for simulation by
the Verilog code. It is strongly suggested that all fingers be wired with 10 um wide or
wider m1 line with at least two gate contacts per finger for reliability. The p-cell and
Verilog-A model are restricted to W=10 um and ml interconnects that are 10 um in

width.

4.4.1 Capacitance Calculation and Length choice

The total capacitance of a varactor is modeled as the sum of a strongly bias
dependent intrinsic capacitance (Ci,;) component and a weakly bias dependent fringe
capacitance (Cy). The latter is equal to 0.24 fF/um.

a. L was selected such that L approached being LCox >> C;. Note this includes
CGDO. The minimum L has been selected to be greater than 0.8um.

b. W¢ was selected such that Rg << R.;. The gate resistance is propotional to W but
channel resistance is inversely proportional to Wy Proper W¢choice will reduce
the gate resistance. Thus, it can reduce the gate resistance noise.

C. Wrotal ® Cave/(LCox + Cr’). Where Ca,, is the average or zero bias value of the
varactor capacitance and approximately equal:

Cave ® Wrotai(L-28L) Coxavg /2 (4.5)

At Vg equal to 0 V the zero bias value of the capacitance equals:

Cvar (Vg =0) = Wp(L-20L) Coxay /2 + C¢” Wr. (4.6)
Additionally,
CMin = WCf’ (4-7)
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CMax ~ WLCOXMax + chringe’

(4.8)

The varactor with longer channel (L=1 um) provides a greater dynamic

capacitance range with a reduced Q.¢r, while a shorter channel length varactor (L=0.8 um)

provides a higher Q.s with a reduced dynamic capacitance range.
a. nrthe number of fingers equals W1/Wr.
b. For a square varactor layout
1. c(L+1.6um)=r(Wf+12um)

ii. ¢ xr=n fingers

L+1.6um
111. r= n———
(W, +12um)

CAvg
Wi (L'COX‘*Cfringe')

where N =

(4.9)

(4.10)

4.11)

) . .
then C = % where the row value is rounded to the nearest integer

and the column value solved for.

4.4.2 Resistance Estimation

The metall, gate and contact resistance can be written as:

c(L +1.6um) c¢(L +1.6um)
- [ %Oum }Rshml . l: A)um Rshml

m Round((r)/2) Round ((r)/2) +1
where Ry,; = 50 mohms.

_ Wi Rshpoly

R
9 L 3n
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For L =1 pm, W¢ = 5 um, and n = 200, it is approximately equal to 20 mQ.
Where Rshpoly =2.5 Q.

Rmills
Rs, bent :ﬁzo (4.14)

Where RmllIs = 5 ohms.

4.4.3 Inductance Estimation

With the interconnect wiring set by the square feature of the varactor the
inductance is better controlled and better estimated. The basic unit of inductance is

estimated as follows:

. _7 . _7
2101 {m 2l —0.75} 2101 {m 2l —0.75} (4.15)
1

IO:Round(c/z) W, Round(c/2+1)| w,

where w,, is set to 10 um and | equal r(L+1.6 um). This is an approximation. Due to the
lack of separation between the fingers for Wr equal 5 or 10 um it will have limited value

above 5 to 10 GHz. Note the center-to-center m1 separation of the gate m1 and S/D ml

will be W¢+10 pm (m1) +2 pm (recommended m1 separation) in the p-cell.

4.5 Conclusion

In summary an equivalent RF model of an accumulation-mode MOS varactor
with high capacitance tuning range in a multi-finger layout is constructed, which is
composed of the following physical parameters:

1. C¢° the total equivalent per um fringe capacitance — 0.24 fF/pum.

2. Coxayvg the equivalent oxide sheet capacitance - 1.765 fF/ pm?.
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3. OL the channel foreshortening distance - 0.117 um or Legr= L — 0.234 pm.

These parameters along with the fitting equations (4.1) and (4.4) and their
coefficients can reliably be used to model the varactor capacitance, Cy,,’ and its voltage
controlled channel resistance R,. Finally, the inductance and gate resistance parasitics
are modeled by equations (4.12) through (4.14). The varactor model is valid for finger
widths of 10 um and lengths from 0.7 to 1.2 um where the total width is not expected to
exceed 2000 um or 200 fingers. The accompanying p-cell and Verilog-A model are

restricted to finger widths of 10 um and m1 interconnection width of 10 pm.
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Chapter 5

FINFET transistors and Modeling

5.1 Introduction

As the microelectronic industry is fast approaching the limit of bulk CMOS
scaling, there are extensive research activities on advanced CMOS structures to extend
CMOS scaling to less than 100 nm gate length. The FinFET is an innovative design of
MOSFET, which is built on an SOI structure. The body of the transistor is etched into
"fin"-like structure, which is wrapped by the gate on both sides. The double gate (DG)
MOSFET is a popular choice, because this structure is scalable and the short channel
effects can be suppressed for a given equivalent gate oxide thickness .

As shown in Figure 5.1, several rectangular multi-gated structures have been
proposed recently, such as FInFET [25], tri-gate [26], Omega-gate [27], pi-gate [28], etc.
The FinFET has emerged as the most popular device because of its ease of babrication

with the well-understood bulk-MOSFET process.

G P o
D i =" ] =
[ g 5 g
I 2 3 4
Bugied Oxids

Figure 5.1 Different gate configurations for SOI devices: 1) single gate; 2) double gate;
3) triple gate; 4) quadruple gate (or: GAA structure); 5) Pi-gate MOSFET. [28]
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The key challenges in the fabrication of double-gate devices are (a) self-alignment
of the two gates, and (b) formation of an ultra-thin silicon film. Figure 5.2 shows the
different orientations possible for a double-gate device. Several self-aligned planar
devices have been proposed [29], however, the process is usually complex and the
contact to the bottom gate is very challenging. Devices with ultra-thin film are generally
considered incompatible with traditional processes. The FinFET is derived from the

vertical MOSFET by reducing its height and converting it into a quasi-planar device.

Planer type Fin type Vertical type

W
E_m/ Gat Gate2 Gatl1

Gate2
-+

current

Figure 5.2 The possible Double-gate MOSFET orientations on silicon [29].

—% Buried oxide
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Silicon film

X Paly silicon gate
Cross section

Silican fin / channel
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Figure 5.3 The 3-D FinFET.
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Figure 5.4 Scanning electron microscope picture of the cross section of FinFET
(compliments of SPAWAR SC San Diego).

Figure 5.4 depicts the geometry of the FInEFT. The fin is a narrow channel of
silicon patterned on an SOI wafer. The gate wraps around the fin on three faces. The top
insulator (nitride) is usually thicker than the side insulator (oxide), hence the device has
effictively two channels. The thickness of the fin represents the body thickness (Ts) of

the double-gate structure, while its hight (Hgy,) represents the channel width.
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Si0,/Si,N,

(1) After depositing Si,N, and SiO, hard mask,
Si fin is formed by etching._x

—

(2) Phosphorus-doped-poly Si and SiO,

stacked layer deposited.

N

{(3) Source and drain were etched while Si
fin is protected by the hard mask.
| S—

(5) After depositing B-doped SiGe, gate
pattern was delineated

Figure 5.5 FinFET Process steps; from [25]

Figure 5.5 shows the basic process-steps involved in the fabrication of the FinFET.

Since it was first proposed [25], refinements have been reported consistently [30, [31].

5.2 Performance of FInNFET Transistors

The FinFET transistors were fabricated using SOI deep sub-micro (DSM)
technology at SPAWAR system center, San Diego. There were two wafers made using

the same mask. For the first run there are only four dies working on the whole wafer and
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most measurements were made with these transistors there. For the second run the finger
yield is low. Although transistors seemed to be working but their drain current much is
less than expected. Some measurements were also made on this wafer. The discussion is

that follows is an attempted to explain the problem.

5.2.1 DC Measurements

HP4155A semiconductor analyzer was used to make the DC measurement.

Figures 5.6 to Figure 5.9 show FinFET (10 um width, 56 nm length) I-V characteristics.

WWOLIT=100562-002/27. :0

2 40=-= - - - ; Wgs(I=
: : : : 0.00
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Figure 5.6 FInFET drain current versus drain voltage at various gate voltages.
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Figure 5.7 FInFET drain current versus gate voltage with drain voltage equal 50mV.

WALT =105 Ge-002/27 . Vds=1 4041

2.40e-=

1.82e-=

1 44a-3

ld(A)

9 60e-4

4.80a-4

Wps(Wv=
.00

0.00=0

-0.60 -0.z20 0.z0 060 1.00

s

1.40

Figure 5.8 FInFET drain current versus gate voltage with drain voltage equal 1.4V.
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Figure 5.9 FinFET g,, versus gate voltage with drain voltage equal 1.4V.

In saturation, the ideal drain current has a square-law dependence on the gate-to-
source voltage for long channel devices. But from the drain current curves shown in

Figure 5.6 we find that it has a linear relationship with the gate voltage. This occurs as a

060 -0.20 0.z0 0.60 1.00 1.40

sy

result of velocity saturation.

The high-field effects become prominent at moderate drain voltage with
continued device scaling. The primary high-field effect is velocity saturation. In silicon,
as the electric field approaches about4x10° V/m, the electron drift velocity shows a weak
dependence on the field strength and eventually saturates at a value of about 10° m/s. For
an 80 nm gate length device, velocity saturation begins to kick in at 320 mV. With the

gate voltage above threshold voltage and drain-to-source voltage above 320 mV the

device enters velocity saturation region.

Wpsi=
0.0o

In the velocity saturation the drain current can be rewritten as

- /unCox (VGS _

I 5

Vt ) Esat
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The values of all small-signal parameters can change significantly in the presence
of short-channel effects. The limiting transconductance of short-channel MOS device in
velocity saturation,

oy  1,Cyy
=—D o FN7X\WE 5.2
gm aVGS 2 sat ( )

Figure 5.7 indicates the threshold voltage of the FinFET is around -0.1V. It is
difficult to design RF and analog circuits with negative threshold voltage device.
Molybdenum gate technology has been applied to modify the threshold voltage of
FinFET transistors, and it was successfully adjusted to 0.4 V [32].

Figure 5.10 shows FinFET drain current versus gate voltage at different drain
voltages. The subthreshold slope is about 80mV/dec for drain voltage equal 50mV, and n

is 1.33.

56 nm (Gate Length) FINFET |-V Characteristics
10x0.056 (WxL) FinFET, Wafer 2751-40
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1.00E-01 =

—A—vd=1.4v
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Figure 5.10 FinFET drain current versus gate voltage at various drain voltages.
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5.2.2 AC Measurement

HP8720D network analyzer was used to make S-parameter measurement on
FinFET transistor (W=72um, L=80nm). The f_, was extracted when the power gain
equal to unity, that is |821|2 =1, as shown in Figure 5.11. Convert S-parameters to H-
parameter. The fr can be extracted at h,, =1.

With the transistor working in velocity saturation region (AV = 0.7V, Vi=-0.1V,
Vps=1.2V), f,_ of FinFET is approximately 100 GHz, as shown in Figure 11; And fr is

approximately 42 GHz, as shown in Figure 12.

30+ -

Power Gain (dB)

= = N N
o (62} o [6)]

1 " 1 " 1 " 1
|

/

.I
1 1 1 1

(&2}
1 n

=

1E8 1E9 1E10 1E11 1E12
Frequency (Hz)

Figure 5.11 FinFET transistor power gain versus frequency (AV ~ 0.7V , Vps=1.2V).
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Figure 5.12 FinFET transistor current gain versus frequency (AV = 0.7V , Vps=1.2V).
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With the transistor working in moderate inversion region (AV ~50mV , Vi=-0.1V,
Vps=1.2V), f, is approximately 20 GHz, as shown in Figure 5.13. An f, of 20GHz is

adequate to design low GHz applications when transistor works in moderate inversion

region.

20

Current Gain (dB)

ey ———rry ~
1E9 1E10 1E11
Frequency (Hz)

T
1E8

Figure 5.13  FinFET transistor current gain versus frequency (AV ~50mV , Vps=1.2V).

Since the FInFET with 80nm channel length works in velocity saturation region,

the transition frequency, f, can be rewritten as,

1
—(1,Coy JWE
O 2(ﬂn ox) sat _zlunEsat 53)
e, 2 4L '
g 5WLCOX

In the velocity saturation region the transit frequency is inversely proportional to
the channel length, which is different from that in the strong inversion region.

The maximum frequency of unit power gain can be rewritten as [33],

fyax = i

Max C
fringe
o )

(5.4)
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5.2.3 Noise Measurement

Figure 5.14 shows noise measurement made on FinFET transistor. It also
demonstrated less low-frequency noise in moderate inversion than in the strong inversion
[34]. It further supports FInFET use in moderate inversion operation in the design of RF

circuits.

Av=0my
Av=50mY
— Av=100mY |
— AV=200mY ]
oL Av=300mY ||
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10 10 10" FrequificyHz 10 10 10

Figure 5.14 The low frequency noise of the FiInFET for L=120nm, W=4.2um [9].

5.2.4 Capacitance Measurement

Measurements were performed on a Keithley 590 CV-meter and Keithley 4200
semiconductor characteristics analyzer. All measurements were performed in the dark
chamber. For the equilibrium C-V measurement, the hold time and delay were set to 5
sec and 1.5 sec, respectively. The gate voltage sweep rate can be calculated as (bias
range)/(total sweep time). The source and drain are shorted together, i.e. Vg= V=0 V.

Figure 5.15 shows the high frequency gate-to-channel capacitance (hf-Cgyc) curve of an n-
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channel FInFET. The hf-Cy reaches its maximum value when the channel is in strong

inversion and exhibits a minimum with reverse gate bias.
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Figure 5.15 Equilibrium high frequency C-V curve.

The C-V measurement is a valuable diagnostic tool to characterize MOSFET.

Therefore, if the influence of gate depletion capacitance can be neglected, the measured

maximum gate-channel capacitance is equal to oxide capacitance. The extracted oxide

thickness found is 2.4 nm, which is different from the designed 2 nm thickness [35].

5.3 FINFET Model

5.3.1 FinFET Small-Signal Model

The framework for generic physics based double-gate MOSEFT modeling has

been recently reported [36]. However, to our best knowledge there is no FinFET small-

signal model describes its behavior in GHz region. The FinFET structure investigated is

depicted in Figure 5.16, where key geometry parameters are defined. The fabricated
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transistor is shown in Figure 5.17. Based on the measurement results from this device, we

developed a high frequency small signal-model.

Thox

Figure 5.17 Die picture of the circuit with test frame.
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Figure 5.18 FinFET transistor characteristics (W=72 um, L=80 nm).
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The FinFETs were fabricated at SPAWAR system center, San Diego. The gates of
the FInFET were e-beam written at Berkeley with a range of 50 to 200 nm, and the
overall gate width is 72 um. There are 720 fins in this transistor, and the gate width (2Hgy,)
for each fin is 100 nm. The DC Ip-Vps curves are shown in Figure 5.18. The S-
parameters were measured with an Agilent 8510 Network Analyzer and Cascade RF-1
probe station using GSG probes. The data was collected from 45 MHz to 10 GHz.

The equivalent circuit shown in Figure 5.19 is based on a quasi-static
approximation, which is found to be adequate in the GHz range if the extrinsic
components are properly modeled [37]. This model includes the complete intrinsic quasi-
static MOS model, the series parasitic impedance of the gate, source and drain, as well as
a substrate coupling network. The extrinsic part includes the parasitic series resistors Ry,
R4 and R, and the parasitic series inductors Ly, Lq and Ls. The intrinsic model is
composed of the voltage-controlled current source, the output resistance and the gate to

channel impedance, as well as the intrinsic capacitors Cy, Cgoq and Cgs.

O
Ld
Fd
Zf
0
Ly =0
G¢ e Ay (‘1’ Fds § = Cds
Cdep Cgs Rch
Cgb = g I
Cf 2l L
Rah § g Csh L Cdb L
Q=g exp(-jt) ——"h——
Lz Fdsh
Rsb £ Rdb 2
ls
B
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Figure 5.19 The FinFET small-signal equivalent model.
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Rd
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Cgd
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Figure 5.20 Zero bias small-signal equivalent model.

The parasitic resistance is extracted at low frequency with the device biased at
Vss=Vps=0V. Under this bias condition the contribution from the intrinsic circuit
vanishes except the three capacitors between the intrinsic nodes. In addition, in the low
frequency region the parasitic inductors and the substrate coupling can be neglected. The
schematic of the zero bias equivalent circuit at low frequency is shown in Figure 5.20,

from which the parasitic resistors can be extracted by the Z-matrix components:

Re(Z;) =Ry + R (5.5
Re(Z,,) =Ry +R; (5.6)
Re(Z;,) =Re(Z,) =R (5.7)

After the parasitic resistors have been extracted, the parasitic inductors can be modeled
separately by means of the transmission line equations [38].

With the knowledge of the parasitic resistance and inductance, the intrinsic model
can be determined. First, the S-parameters measured at low frequency and under the bias
condition of Vgs=0.6V and Vds=1.2V are converted to the Z-parameters. Next the
parasitic resistance terms are deducted, which is shown in Equation (5.8)-(5.11), in this

way the intrinsic Z-parameters are obtained. In the intrinsic model most of the
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components are in shunt connection to the internal source node, so the Z-parameters are

converted to the Y-parameters, and then the circuit elements in the intrinsic model have

been extracted. The circuit elements in the substrate network are fitted with the high

frequency measurement results from inductor model extraction [39]. In Table 5.1 we list

the extracted model parameters.

211' =7, —(Rg +Ry)

Zzzy =25 —(Ry +Ry)

Z, =7, R,
Zy =27y Ry
Z'>Y
Table 5.1 Extracted Model Parameters
Lg(pH) | Rg(e) | Rd(e) | Ld(pH) | Rs() | Ls(pH)
100 4.6 10 50 10 50
Cf(fF) | Cdep(pF) | Cgs(fF) | Rch(a) | gm(S) | t(ps)
66 1 300 10 0.1 5
Rds(a) | Cds(fF) | Cgb(fF) | Rgb(a) | Csb(fF) | Rsb(«)
450 260 5.6 110 11.2 60
Cdb(fF) | Rdb(<«) Rdsb(«)
11.2 60 98
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Figure 5.21 and 5.22 show the comparison between the measured data and the
simulation result from the extracted model. The discrepancy is within 5%, which is

calculated from the following equation:

2 ‘Re(sij')—Re(sij )‘+‘Im(sij')—1m(sij )‘ ’
=1

100 %
Error:TZZ S (5.13)

i=1 j=1 ij
In summary, we developed a RF small signal model of FInFET from the extracted
data, and good agreement between the model and the measurement is achieved up to 10

GHz.

freq (45.00MHz to 10.05GHz)

Figure 5.21 Measured (dot) and modeled (line) S-parameters (Vgs=0.6V, Vds=1.2V).
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Figure 5.22 Measured (dashed) and modeled (solid line) S;; (Vgs=0.6V, Vds=1.2V).
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5.3.2 FinFET BSIMSOI Model

FinFET BSIMSOI Model was extracted by using Utmost, a Silvaco package [40].
A Semiconductor Analyzer (HP4155A) was used to measure the I-V curve. Then the DC
parameters were extracted by using DC routines in Utmost. A Capacitance-Voltage meter
(Keithley CV590) was used to measure all capacitance and network analyzer (HP8720D)
was utilized to do S-parameter measurement. Through AC routines in Utmost, AC and
capacitance parameters have been extracted. In addition high temperature and noise
measurement were done by my lab mates. After all these measurement and data analysis
were finished, a complete FInFET BSIMSOI V3 model has been extracted. The detailed

model parameters and simulation and measurement comparison are shown in Appendix B.

5.3.3 FINFET Model Summary

Both small-signal model and BSIMSOI model are presented in the previous
sections. The small-signal model demonstrates the feasibility of FinFET operated in
velocity saturation region. The BSIMSOI model supplies the opportunity to simulate the
RF circuits working in moderate inversion with Cadence RF spectre tools. But the
threshold voltage is approximately -0.1 V, which is not practical for RF circuits design. It
is a fabrication process problem. But the FInFET fabrication process is still improved.
For example, Molybdenum gate technology has been applied to modify the threshold
voltage of FinFET transistors, and it was successfully adjusted to 0.4 V [32]. In this work
it is reasonable to justify the threshold voltage to 0.5 V. The selected model parameters

are shown in Table 5.1. This model will be used in the later chapters to simulate the RF
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receiver circuits in moderate inversion. The Figure 5.23 compares the measured f; to the
modeled f; curves in moderate inversion. The good agreement is found between the

measurement and model simulated f; curves.

Table 5.1 The modified FiInFET BSIM3SOI model.

model NFIN b3soipd type=n

+ tnom=27 version=3.1 tox=2.4e-9

+ tsi=2e-8 tbox=4.0e-7 xj=le-8

+ nch=4.46e14 vth0=0.5 nlx=1.468104¢-8
+ dvt0=2.5477237 dvt1=0.542419 dvt2=-1.416439¢-4
+u0=400 ua=2.35143e-10 ub=1e-18
+uc=1.232366¢-9 vsat=1e4 a0=1.0446036
+ ags=0.5742591 b0=1e-8 bl=-1le-7

+ lint=1.683313¢-9 eta0=0.01 mobmod=1

+ capmod=2 cjswg=2e-10 cgdo=3e-10

+ cgso=3e-10 rsh=600

+ nrd=50 nrs=50
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Figure 5.23 Measured (dot) and modeled (line) hy; (AV ~50mV , Vds=1.2V).

5.4 Summary

Based on the above measurement data and analysis we found the FinFET
transistor is a promising deep-sub micron device. The promising features of the FinFETs
include high frequency, low supply voltage and low gate leakage current, making it an
ideal candidate for the design of low power RF front-ends. It has excellent performance
in both strong and moderate inversion regime. Specifically, its f; is approxiamtely 20 GHz
in moderate inversion regime, which makes it feasible to realize the ultra-low power RF
receiver front-end. The only problem of current FinFET transistors is the negative
threshold which makes it hard to be biased. The threshold voltage of FInFET transistor
model is assumed to be modifiable to a positive value. For an instance, the VTHO is set to

0.5 V for long channel device.
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Chapter 6

GPS Receiver Design

6.1 Introduction

In Chapters 3 and 4 the passive devices, on-chip inductors and varactors, were
modeled. They will be used in the following chapters to design the RF circuits for the
GPS receiver. In Chapter 5 FinFET transistors were measured and characterized. It did
have good performance. Especially, the fr is around 20 GHZ at moderate inversion,
which is enough to realize the circuits working below 2 GHz. The model developed was
also valid for moderate inversion and it showed good agreement with the measurement.
We will take advantage of the features of FinFET moderate inversion to realize the GPS
receiver front-end circuits so that it can operate in ultra-low current.

As we know, the GPS is a satellite-based location/time finding system with 24
satellites orbiting the earth. It is a direct sequence spread spectrum (DSSS) functioning at
two bands: L1 (1575.42 MHz) and L2 (1227.6 MHz) [41]. Most commercial GPS
receivers use the L1 band only. The L1 band has two sets of codes, coarse-acquisition
(C/A) and precision (P). The original 50 bit/s data is spread over a 2 MHz bandwidth

(BW) for the C/A code, as shown in Figure 6.1.
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Figure 6.1 The GPS L1/L2 band signal spectrum [42].
At the antenna of a GPS receiver, the received signal power is typically -130 dBm.
Since we are interested in the 2 MHz main lobe of the C/A code, the noise power is
simply given by KTBW, which equal -111 dBm. Therefore, the received signal-to-noise
ratio (SNR) at the antenna is around -19 dB. By despreading and integrating over a long
time period, a receiver can exploit the inherent spread sprectrum processing gain of the

navigation signals to get the proper postcorrelation signal-to-noise ratio (SNR).

6.2 GPS Receiver Architectures

6.2.1 Typical GPS Receiver Architectures

There are two architectures widely used in commercial GPS receivers today. The
first is the dual-conversion architecture, which is used widely. In this architecture, the L1
band is translated to a moderate intermediate frequency (IF) of approximately 100-200
MHz where it is filtered by off-chip filter before a second downconversion to a lower IF
of about 1-10 MHz. Finally, the signal is filtered again before being amplified to a

detectable level, as shown in Figure 6.2.
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Figure 6.2 Dual-conversion GPS receiver.

The second is the single-conversion architecture, as shown in Figure 6.3. Here

only one mixer is used. The L1 is directly sampled and then converted to baseband in a

subsequent digital step.

Off-chip

LNA

@0
Figure 6.3 Single-conversion GPS receiver.

Both architectures have a common advantage. An off-chip LNA or active antenna
is used, which gives the freedom to remotely place the antenna from the receiver itself.
But they also have disadvantages. Either dual-downconversion or single-conversion
architecture needs off-chip components which increase the power cost and foot print. In
order to realize high integration and low power consumption, CMOS low-IF GPS
receiver architecture has been presented next to minimize the usage of off-chip

components and realize single-chip solution.
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6.2.2 Low-IF Architecture

In general the low-IF receiver architecture is based on the replacement of the low-
pass filters of a zero-IF receiver by a bandpass filter. The Low-IF receiver is insensitive
to DC offsets and LO to RF crosstalk or feed through. But it suffers from the problem of
limited image rejection due to the need for stringent matching of in-phase (I) and
quadrature (Q) channel [43]. This limitation makes the low-IF approach unsuitable for
many applications. However, when we examine the GPS signal spectrum, an opportunity
emerges [44].

Figure 6.4 (a) shows a low-IF architecture with an IF of 2 MHz. The choice of 2
MHz low-IF results in an image frequency within the P-code 20 MHz bandwidth.
Thermal noise dominates the 20 MHz P-code band. With an IF of 2 MHz, since the
image frequency of C/A code lies in the P-code band, no other strong signals are present
in this band, as shown in Figure 6.5. Thus, the receiver only need reject the noise of
unwanted sideband. The required rejection is only about 15 dB, which is easily obtained
with ordinary levels of component matching [45]. This consideration makes the low-IF
architecture an attractive choice for highly integrated GPS receiver.

1 MHz
> >}

IFA

1.575 GHz

>{err - >}«

Figure 6.4 Block diagram of CMOS GPS receiver.
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Figure 6.5 The GPS band signal spectrum after downconverted to 2 MHz IF [44].

The complete analog signal path is integrated, including the low noise amplifier
(LNA), the mixer, I and Q local oscillator (LO) drivers, IF amplifier (IFA’s), active filters,
limiting amplifier (LA), and analog-to-digital (A/D) converters. Since most components
are integrated, the power consumption can be reduced.

In general, lowing the frequency gives an immediate return on power saving. As
was reported in Shaeffer’s work [44], since the output intermediate frequency of mixer is
around 2 MHz, most power is consumed before the IFA’s. Over 60% of the power is
consumed by the LNA, VCO and mixer. Therefore, in this work low power LNA, Mixer
and LO designs were concentrated, as shown in the gray shaded area of Figure 6.4. The

final objective is to design ultra-low power LNA, mixer and LO.

6.3 Receiver System Design

With the architecture of the GPS receiver determined, the receiver system
planning is discussed next. The key point is to trade off the gain, noise figure (NF), and
linearity properly among all circuits, such that every block can be implemented to satisfy

low power requirement. Conventional RF system uses 50 Q matching network at input
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and output ports. However, in a low power RF receiver front-end with a single chip
solution, except the first stage input impedance need to match antenna impedance, the
following stages do not need to match 50 Q or 75 Q impedance, because it consumes

large amount of current [6]. Such system is presented in Figure 6.7.

G G Gn

Rs

F F2 Fn

Matched High Impedance High Impedance

Figure 6.7 Cascaded stages of receiver system.
It can be shown that the inter-modulation grows and accumulates through the
cascades, and could be described,

1 1 G_, GG,

= + (6.1)
1IP3, 1IP3, 1IP3,

1P3

cascade
where 1P3, is the IIP3 of the n-th stage and numeric value, G, is the power gain of n-th
stage.

As for the noise of a cascaded system, assuming the first input stage of the
cascade is matching to a source impedance of Rg, and the following stages all have high
input impedance and NF of each stage is calculated with respect to the source impedance

driving that stage, the cascaded noise factor can be expressed as,

ST SNl O e S e

cascade Gl GIGZ e Hr,:l_lGn (62)

where G, and F;, is the power gain and noise factor of n-th stage, respectively. Here, we

assume that the individual stage’s characterization can be directly used to derive the
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overall system performance. Namely, the loading from subsequent stage will not alter the
noise and gain performance of the previous stage. This is a reasonable assumption in this
work since the inter-stage loadings are capacitive and can be treated as high impedance.
It also can be found from the above equations, increasing the gain in early stages
improves the total NF, but at the cost of worse IIP3. Since in this work there is no 11P3 or
I1P2 problem we could try to pursue the gain of LNA as high as possible with low noise

figure.

6.4 Receiver Implementation Requirements

To satisfy the stringent power requirement, it is necessary to properly specify and
optimize the receiver specifications. Unlike other wireless communications systems, the
GPS requirements were not well defined and specified in the literature until recently [42].
There are three noticeable differences between GPS and a conventional wireless standard.
Firstly, GPS has only one RF channel in each band. Secondly, there is no strong in-band
interferer as is common in a cellular system. All these differences offer a good
opportunity to build a low-power GPS receiver. In the following section the receiver

specifications are derived.

6.4.1 Noise Figure

ADC Digital CIN>33to
GPS Receiver Correlator 35dB
$=-130 dBm Front end Gappc=-0.7 to -
N=-111dBm 1.5 dB Gc = 43dB

Figure 6.8 Block diagram of the GPS receiver.
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In this work, a CMOS GPS receiver front-end is followed by an ADC and digital
correlator, as shown in Figure 6.8. The purpose of a GPS receiver is to extract the
accurate position and time information from the weak satellite signal. There also exist
various source of position error. Some of the errors are from the satellite and propagation
delay. The others are from the receiver impairments, such as noise. In order to account
for the radio impairment, an important signal quality metric, the signal-to-noise ratio
(SNR) will be reviewed next. However, the SNR of direct sequence spread spectrum
(DSSS) scheme is function of the position in the receiver under consideration. The
precorrelation SNRs are negative, whereas postcorrelation SNRs are positive. It is
convenient to normalize the SNR to 1-Hz bandwidth. This achieves a ratio of signal and
noise which is bandwidth-independent. It is referred to as the “carrier-to-noise density”
ratio [46]. The carrier-to-noise density can be readily converted into SNR (S/N) or bit

error rate (Ey/N,),

cC (s E,
PR Y

where B is the bandwidth (in Hz) of that stage of receiver, Ry, is a raw data rate of 50 b/s
for L1 C/A band. This equation is converted into decibels
C/N,[dB—Hz]=10log,, | (SNR)(B) | (6.4)
From the above equation, it can be found that C/Nj is a nominal figure. Received

satellite signal power varies with user antenna gain, satellite elevation angle, and satellite

age [47]. Typical C/N, range from 35-55 dB-Hz.
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Once the minimum required C/N, is presented or processed by a digital correlator
to maintain the wanted tracking or acquisition performance, the receiver sensitivity is

uniquely determined by (6.5) without any confusion caused by the bandwidth ambiguity.

Sensitivity [dBm]| :(Ni [dB—Hz]+ N, leB—;n}+ NF [dB] (6.52)
Sensitivity[dBm] :(Ni [dB—Hz]+ N, dHB—T}L NF [dB] (6.5b)

where N, is the thermal noise power density at the antenna port which is equal to -174
dBm/Hz at typical room temperature and NF is the noise figure of the receiver. Assuming
that a digital correlator requires a (C/Ng)min of 35 dB-Hz and the receiver sensitivity
requires -133 dBm. Assuming a 2-bit ADC the NF can be calculated to be 6 dB from
equation (6.5). This NF includes both receiver front end and A/D converter (ADC)’s NF.
As we know, both single-bit and multi-bit ADC are currently used in GPS receiver. Most
low-cost commercial receivers employ 1-bit sampling in narrow (i.e., 2 MHz) bandwidth.
High-end receivers typically use anywhere from 1.5-bit (3 level) to 3-bit (8 level)
sampling in bandwidth ranging from 2-20 MHz. Finite-bit quantization degrades the
signal [48]. The degradations of different bit ADC are listed in Table 6.1.

Table 6.1 Signal degradation due to finite quantization in the ADC.

1-bit ADC | 2-bit ADC | 3-bit ADC

Narrow IF bandwidth 3.5dB 1.2dB 0.7 dB

6.4.2 Phase Noise
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In previous section the carrier-to-noise ratio (C/N,) has been used as a figure of
merit for the GPS receiver front-end performance. There are several factors degrading
C/N,, such as finite image rejection ratio (IMRR), phase noise, filter bandwidth and ADC
bit resolution. Since in this work we only emphasize on LNA, VCO and mixer design, the
effects from IMRR, filter bandwidth and ADC bit resolution are also not considered. The
relationship between phase noise and C/N, is reviewed. The goal is to find the maximum

tolerable phase noise for minimal C/N, degradation.

Ny (@)
E N,
! RF IF
[y
‘SJ r) (w)
In-band
Phase noise | 5 Reciprocally mixed
phase noise
w

Figure 6.9 Reciprocal mixing of the in-band thermal noise and phase noise [42].
The phase noise requirement comes from the reciprocal mixing of the phase noise
spectrum by the in-band thermal noise itself, as seen in Figure 6.9. Multiplication in the
time domain corresponds to convolution in the frequency domain, and hence the added

noise density due to the phase noise is calculated by [42]
Ney (@) =N (@) S (@)= [ Ny (@)8i (0@ )de =N, [ S5 (0)do  (6.6)
where S, (@) is the phase noise of LO. The last integral term represents the absolute rms

jitter of the local oscillator, normalized to its period,

2

AT,

j SLo [ .Il:ormsJ EUrmsz (6.7)
LO

The effective C/N, at the mixer output can be written by
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In order to obtain less than 0.1 dB loss on C/N,, the averaged phase noise should be
lower than -80 dBc/Hz [42]. From this limit, it can be inferred that small-sized ring
voltage controlled oscillator (VCO) is promising low cost solution, as presented in [49].
However, when considering power consumption, the LC tank VCO is still advantageous

since it uses fewer active devices.
6.4.3 Summary

Based on the previous discussion, we can conclude the design specifications in
Table 6.2. And the gain and noise distribution is summarized in Table 6.3. The
parameters in tables will be updated along with the design.

Table 6.2 Summary for GPS receiver front-end requirements.

Parameters Specification Note
Sensitivity -130 dBm At antenna
From input of LNA to output of
Noise Figure <9dB
mixer
Phase Noise @ <-80 dBc/Hz For VCO.
C/No 35dB For whole GPS receiver front-end
ADC 2-bit 1.2 dB signal loss
Limited to LNA, VCO and
Current <4.5mA
mixers
Power <4.5mW Limited to LNA, VCO and
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mixers
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Chapter 7

Ultra-Low Power Low Noise Amplifier (LNA) Design

7.1 Introduction

The first stage of a RF receiver is a Low-noise amplifier (LNA), whose main
purpose is to provide enough gain to overcome the noise of subsequent stages (such as
mixer) and linearity while not degrading the signal-to-noise ratio. Much valuable research
on CMOS LNA design in submicron technologies has been done in recent years: from the
topology investigation [50, [51, [52], and the design guidelines [53], to various new ideas
on design improvement for low noise figure [54, [55, [56], high power gain [54], low
power consumption [55], and high linearity [57]. The frequency range of these CMOS
LNA designs is from 900 MHz to 5.2 GHz [58, [59], and the technologies in use is as
small as 0.18 um or less.

In this chapter, an ultra-low power LNA is implemented using SOI deep-
submicron (SOIDSM) 80 nm FinFET technologies. As described in Chapter 5, the
double-gate MOSFET (FinFET) is considered as one of the most attractive devices to
succeed the planar MOSFET. With two gates controlling the channel, the short-channel
effects are greatly suppressed. The transition frequency of the characterized FinFET
transistors is 42 GHz when working in velocity saturation region, and 20 GHz when
working in moderate inversion.

With the FinFET transistors operating in moderate inversion, the operation

current will be several times smaller than that in saturation for a given transconductance.
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As a result, the FInFET transistors open the door to realize micro-power front-end
applications.

In chapter 6 the GPS receiver architecture, design methodologies, and
implementation requirements were discussed. All of those are optimized to meet the low
power requirement. In this chapter, the LNA topology choice is illustrated first. Then the
ultra-low power LNA is proposed. Finally, the performance is presented and compared

with previous designs.

7.2 LNA Topology Choice

The four most widely used topologies, shown in Figure 7.1, are reviewed. One
will be selected for use in the low power GPS receiver.

The first topology shown in Figure 7.1(a) uses resistive termination of the input
port to provide 50 Q impedance. The drawback of using of real resistors is that the added
resistor contributes its own noise comparable to that of the source resistance [60].
According to the calculation [60], the noise figure will be above 6 dB. It does not satisfy

our system requirement for noise figure.
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Figure 7.1 Common LNA topologies. (a) Resistive termination, (b) 1/g,, termination, (c)
shunt-series feed back, and (d) inductive degeneration.

Figure 7.1 (b) shows the second topology which uses the source of MOSFET in a
common-gate (CG) configuration as the input termination. CG topology has good high
frequency performance. The minimum theoretically achievable noise figures tends to be
around 3 dB or greater in practice. Input impedance is determined by1/g,,.

Figure 7.1 (c) represents another topology, which utilizes shunt and series
feedback to set the input and output impedances of the LNA [61]. It is a broadband
amplifier, but it has very high power dissipation compared to others with similar noise
performance. For a GPS receiver, a broadband front end is not required and it is desirable

to use narrowband technology to save power and reduce interferers.
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Figure 7.1 (d) employs inductive source degeneration to generate a real term in
the input impedance. At the operational frequency, the source inductor provides a stable
50 Q input impedance. It is the most prevalent topology used for LNA design. And it
offers the possibility of achieving the best noise performance of any architecture [50].

Based on above analysis, it seems that the common-gate LNA (CGLNA) and
common-source LNA (CSLNA) topology is good candidate for GPS receiver. The

detailed analysis and comparison of CGLNA and CSLNA is reviewed below.
7.2.1 Common-source LNA (CSLNA)

The CSLNA is based on the common-source with source inductive degeneration
amplifier. Figure 7.2 shows the schematic of a popular cascade single-ended CSLNA. At
the operation frequency, the input inductors Ls provides stable 50 Q input impedance.
The input inductors Ly, Ls and input device gate-to-source capacitance, Cys provide the

operational frequency for CSLNA.

Zin |
|
| Ls
|
|

Figure 7.2 CSLNA Schematic Diagram.

A simple analysis of the circuit depicted in Figure 7.2 shows that the input

impedance of the circuit is given by (7.1) when neglecting the M1 drain-gate overlap
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capacitance, and the inductor parasitic elements toward the substrate (Coyx, Rsi and Cs; in

Figure 3.3(a))

. 1 g
Zin:Ja)(Lg+LS)+ - +Cm L, +Ry + Ry + R (7.1)
gs gs

joC
where Cgs amd gm are respectively the gate-source capacitance and the transconductance
of M1 and Ry the gate resistance of M1. Ry and Ris represent the parasitic series
resistance of Lgy and L, respectively.

At resonance, the imaginary term of Zj, will be zero, which gives

1

@Cy

oLy +L)- =0 (7.2)

From (7.2) the center frequency can be derived,

1

The real part of the input impedance is

Y
inreal = Rg + Rig + R +C—m L, #R, +R, +R+orLs~arLs (7.4)

gs

z

where w; is an approximation of the transition frequency of MI1. Using (7.4) the

inductance of source inductor can be determined. Once Ls has been determined Ly can be
calculated by (7.3).

One of the most attractive advantages of this topology is that the inductor used to
match the input impedance is noiseless, unlike the topology shown in Figure 7.1 (a),
which employs a noisy resistor in the signal path to provide the 50 € termination
resistance. This explains the low noise performance and popularity of the inductively

degenerated CSLNA.
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The effective small-signal transconductance of the input transistor is a parameter

which accounts for the transconductance for input transistor and input matching network.

G

- _ I _ @r
m—ng—wocgs(Rera)rLs)_%R{HQ,TLS] (7.5)
s
Note that the input matching circuit is a pure series RLC resonant circuit. At
resonance the voltage across Cgs is enhanced by Q times, where Q is the quality factor of
input matching RLC network. In other words, the Q enhancement mechanism provides a
free gain of Q for both the input signal and the noise from the source resistance Rs. The

added gain from the input matching circuit helps to suppress channel noise. If the input is

matched to Rg, we have

G -1 [ﬁ] (7.6)

e 2R\ o,
It is worth noting that the effective transconductance Gy, is only related to the ratio of o,
to @, and is independent on the MOSFET small-signal transconductance g,,, .

The gate-to-drain capacitance Cygg provides a feedthrough path from input to
output, decreasing the reverse isolation. In addition, the miller effect of Cyq provides a
shunt current branch at the input, which further complicates the input matching. One
should add a cascode stage to mitigate the Miller effect of Cyq and improve reverse
isolation.

Next, the noise performance of CSLNA is analyzed. Starting with the noise model
of a MOSFET, as shown in Figure 7.3, we surmise that their main noise sources are the

thermal channel noise and the induced gate noise.
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Figure 7.3 MOSFET equivalent noise model.

The channel thermal noise ig shows a white power spectral density described by

i2 = 4KT y g, Af (1.7)
where k is Boltzmann’s constant, g,, is the zero-bias drain conductance, Af is the
bandwidth of interest and y is a bias-dependent factor that, for long channel devices,

satisfies the inequality

(7.8)

(SSHE )
IA

<

IA

—_

the value of 2/3 holds when the device is in saturation mode and the value of one is valid

when the drain-source voltage is zero. For short-channel devices, however, y is much

greater than 2/3 for devices operating in saturation [50]. For the present there is no

standard y value for devices operating in moderate inversion.

In addition to channel thermal noise ig, a companion noise current ig at the gate of
the MOSFET, which is known as induced gate noise, has been observed in both theory

and experiment,

i = 4kT 5g, Af (7.9)
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where ¢ is another bias-dependent empirical parameter, classically equal to 4/3 for long-
channel devices. Unlike the white noise spectrum of the channel thermal noise, induced
via the gate noise has blue spectrum frequency. The gate noise is partially correlated with

the drain noise, with a correlation coefficient given by [62]

. %

|
99 ~0.395] (7.11)
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Figure 7.4 Small-signal model for noise calculation of CSLNA.

After determining the noise source of MOSFET, we will derive the noise factor of
the CSLNA. To obtain the expression for noise factor, it is instructive to calculate the
transfer functions of the different noise source in the CSLNA [63]. The small-signal
circuit used in the computation is shown in Figure 7.4. In this CSLNA noise model five
noise sources are considered, input impedance noise, series resistance noise from gate
inductor, gate resistance noise from input MOS device, channel thermal noise of MOS
device and induced gate current noise. The noise factor is derived according to its
definition, that is, the ratio of total output noise power to the output noise power due to

input source impedance, as shown
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where
o~ Om (7.13)
For long-channel device, o = 1. For short-channel device,a <1.

7.2.2 Common-gate LNA (CGLNA)

Figure 7.5 shows a CGLNA where the gate terminal is shorted to an AC ground
and the input signal is injected at the source terminal. The resistance looking into the

source terminal is about 1/g,,, which provides the input 50 Q match. Unlike CSLNA,

there is no Miller effect associated with Cqq in CGLNA, which results better reverse

1solation.

I—Ioad

©—| M1
Vbias

\H—

Figure 7.5 the CGLNA schematic diagram.

The effective small-signal transcondance of the input transistor of CGLNA is

1
G. =
™ 2R

(7.14)

S
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However, the CGLNA suffers from the presence of a noisy channel conductance in the
signal path, which attenuates the noise performance. It can be shown that under perfect

input matching, the CGLNA has the following noise factor [60]

2
F:Hlﬁ_@f(ﬁJ (7.15)
a 5o

In the above equation, the third term is from the contribution of the induced gate noise,
which is negligible compared to contribution of channel noise. Neglecting gate noise for

a CGLNA is reasonable approximation since the gate noise is not amplified, unlike it in

CSLNA. Therefore, the noise factor of CGLNA is approximated by
F=1+2 (7.16)
o

In CSLNA we can not make this approximation since the gate noise is amplified and

becomes comparable to channel noise.

7.2.3 Comparisons of CSLNA and CGLNA

Based on the above discussion, the detailed comparison is listed in Table 7.1.

Table 7.1 The comparison between CSLNA and CGLNA (“+” indicates better, “-”
indicates worse).

CSLNA | CGLNA Comments
1 | o 1
Gai + — G =—| —|>G =—
am CSLNA 2R, [a)o J CGLNA 2R,
Noise Figure + - Discussed above
Input matching - + CGLNA has lower Q parallel resonant network.
C,q in CSLNA provides a feed-forward path
Reverse isolation - +
between input and output.
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In this work the NF for receiver front-end requirement is less than 6 dB in order to
obtain the desired GPS receiver sensitivity, as discussed in Chapter 6. So the topology
CSLNA is used to achieve low noise and low power GPS receiver front end. Once
selecting the CSLNA topology, the next question is to take either a single-ended or
differential architecture. The signal-ended LNA architecture has at least one important
shortcoming, and that is sensitivity to parasitic ground inductance. There are several
advantages in using a differential LNAs. Firstly, the use of Gilbert mixers and the low-IF
architecture requires a differential feed source. If the single-ended is taken we need to
add a Balun to generate the differential signal. The Balun itself has about 0.5 dB loss.
Secondly, the virtual ground formed at the tail removes the sensitivity to parasitic ground
inductance, which makes the real part of the input impedance purely controlled by the
source degeneration inductance (Ls). Thirdly, the differential amplification of signal
ensures attenuation of the common mode signal. But for equal total power consumption,
the noise figure of differential LNA 1is higher than its single-ended counterpart.
Specifically, the power consumed is twice that of a single-ended LNA to achieve the
same noise figure. Since it is hard to tell which architecture is better for this application,
both architectures will be taken to implement the ultra-low power GPS receiver front-end
circuits.

Next the ultra-low power FinFET differential LNA design is described. The
single-ended LNA is just the half circuit of differential LNA. It has the same NF but only

consume half power of differential LNA.
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7.3 Circuit Design

The LNA design starts from noise optimization because of the tight noise
requirement. The input devices are required to work in moderate inversion region to
reduce amplifier drain current with the exception of the tail current source. All the
formula used to estimate the noise is for MOSFET apply in moderate inversion. Starting
from the noise analysis, we found the minimal transcondance to achieve the lowest noise
figure. Once gm is found to be 20 mS, the drain current can be determined by referring
the inversion coefficient curve with IC equal 0.1 to 1 in Figure 7.6. The curve in Figure

7.6 is drawn for 80 nm FinFET transistors with the description in 2.3.1. The g,/I, of

around 20 to 40 is achievable in this range. Taking the average value 30, we can get

lp =0,/30=666uA. The tail current will be twice the Ip, 1.3 mA. The aspect ration of

M1 and M2 can be calculated by choosing bias current:

W__b (7.17)

where IC is the desired inversion coefficient, which is about 0.15. I; is specific current,
l, =2nu,C, U7 (7.18)
which is about 1.46 uA for 80 nm device. The W/L is determined about 3000. Knowing

channel length equal to 80 nm the width of input device is determined to be 240 um.
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Figure 7.6 gn/Ip versus inversion coefficient curve.

Knowing gm, device size and Cggs, the transition frequency of input device is

g
o ~—=m 7.19
Cgs ( )
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Figure 7.7 Proposed differential LNA schematic.

The source inductance can be determined once the source resistance R is set to 50 Q.

L= (7.20)

Ly can be determined by

L——1 L

P S
’ Cgsa)o

(7.21)

Where «, is the center frequency of GPS L1 band.
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The complete LNA schematic is shown in Figure 7.7. All passive components
values in design are summarized in Table 7.2. All active devices are summarized in table
7.3.

Table 7.2 Differential LNA passive components values.

Ls Lg Ld

100 pH 20 nH 15 nH

Table 7.3 Differential LNA active components values.

Devices Threshold Sizing IC Overdrive
voltage (um/um) Voltage
MI1- M4 033V 250/0.08 0.12 - 15mV

7.4 LNA Performance

Periodic Steady-State (PSS) and S-Parameter (SP) simulation are adopted to
measure the gain, noise and linearity performance separately.

In SP simulation, the voltage gain of LNA is determined by plotting S21 versus
frequency. Figure 7.8 shows the maximum voltage is 21 dB at 1.57 GHz. And the S12,
S11 and S22 are -30 dB, -15 dB and -4 dB, respectively, as shown in Figure 7.9 and
Figure 7.10. The noise performance is measured by NF shown in Figure 7.11, which is
about 2.6 dB at 1.57 GHz. If the gate induced noise is counted it will reach 3.4 dB which
is dependent on device model used. Stability measurement of LNA is presented in Figure

7.12.
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The LNA’s linearity can be measured by 1-dB compression point, as shown in
Figure 7.13. The 1-dB compression point is -35 dBm. The performance summary for
proposed LNA is listed in Table 7.4.

Compared with the differential LNA designs previously published, the resulting

LNA consumes only 1.08 mW with 1 V supply voltage.

e = dBZG(VF(”NO")NF("N]”))

198
17.8 f

158 E

{dB )

g8 |

788 E

508 F
1.6G 1.2G 1.4G 1.5G 1.8G 2.6

ACITS7oG WZ7Y9S)

Figure 7.8 Voltage gain of differential LNA.
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Figure 7.9 S12 of differential LNA.

85



S—Farameter Response

1 52272 dBZD

0

_16@ 7||| PR R BT ! PRI R S N |

1.80G 1.48C 1.861G 2.20G
freq ( Hz )
Figure 7.10 S11 and S22 of LNA.
S—Parameter Response
3.60
3.4
o 3.20
o
3.00
2.80
216@ L L L L L 1 1 L L ‘ L L L 1 L L 1 L 1 | Il 1 1 1 1 L 1 1 1 |
1.860G 1.44G 1.84G 2.2406

freg ( Hz )

Figure 7.11 Noise Figure of LNA.
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Figure 7.13 1-dB compression point measurement of LNA
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Table 7.4 Ultra-low power LNA performance summary

Technology 0.08 um FinFET
Supply Voltage (Vdd) 1V
DC Current 1.44 mA
Power Consumption 1.44 mW
Threshold Voltage 033V
Transition frequency 18 GHz
Operation Frequency 1.57 GHz

S21, S11, S22 20dB, -15dB, -4 dB
Noise Figure 3.4dB
1-dB compression -35dBm
Power Consumption 1.44 mW
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Chapter 8

Micro-power RF Voltage Controlled Oscillator Design

8.1 Introduction

Voltage controlled oscillators (VCOs) are essential building blocks of modern
communication systems and are worked with other building blocks to establish phase
lock loop (PLL) to generate stable local oscillation signal, which is provided to the ports
of mixer in a typical transceiver architecture to translate data between baseband and
frequencies suitable for wireless transmission. In a PLL, all building blocks such as VCO,
phase detector and loop filter contribute phase noise at the output. For a well designed
PLL, the phase noise of VCO is the dominant source of phase noise [64]. Therefore, in
the following discussion, the phase noise of VCO is emphasized. The basic LC oscillator
topology is widely used in RF receiver design due to its superior phase noise performance.
Consequently, we focus our discussion on LC oscillators.

In this chapter, following the oscillation fundamental of oscillator, the topologies
of oscillators are compared. Then the proposed VCO design procedures are presented.

Finally, the performance of VCO is shown in figures and summarized in table.

8.2 Oscillators Fundamental

8.2.1 Feedback Oscillator Model
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An oscillator can be viewed as a feedback system as shown in Figure 8.1 where

the transfer function from Viy(s) to Vou(s) is

Vour () H(s)
Vin(s)  1+H(s)

(8.1)

For the oscillation to begin, a loop gain of unity or greater is necessary.

Oscillation occurs for the condition|H (jw,)|=1. Even without an input, i.e., Vin(s) = 0, the

oscillation is self-sustained. To maintain constant amplitude, there are two necessary

conditions that must be met at @, .

H(jw,) =1

| .0 | (8.2)
ZH(jw,)=180°
Known as Barkhausen’s criteria, these conditions are necessary but not sufficient

[65]. In order to ensure oscillation in the presence of temperature and process variations,

we typically choose the loop gain to be at least twice or three times the required value.

+

Vin(s) Vout(s)

Figure 8.1 oscillator viewed as feedback system.
An LC resonant tank is an integral component of LC oscillator circuit in Figure
8.1. It functions as a frequency selective network to eliminate high-order harmonics and

thus to stabilize the oscillation frequency, as shown in Figure 8.2.
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Figure 8.2 Feedback model for oscillator with LC resonant tank.

8.2.2 One-Port Oscillator Model

Most oscillators employed in RF applications use LC resonators. They are known
to provide high spectral purity and lower phase noise than other types such as ring
oscillators, etc. [66]. Monolithic inductors have gradually appeared in bipolar and CMOS
technologies in the last decade, which makes it possible to design oscillators based on
passive resonant circuits.

As shown in Figure 8.3. An inductor L placed in parallel with a capacitor C,
building a parallel resonance LC tank, which resonates at a frequency

QZ% (8.3)

Since the LC tank network is composed only of reactive components, the
oscillating signal ideally maintains its oscillation amplitude without attenuation. The
energy in the LC resonator transfers back and forth between the inductor and the
capacitor in the form of the magnetic and electric energy without loss due to power

dissipation. In practice, however, the quality factors of the inductor and the capacitor are
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finite. As a result, this leads to a practical parallel RLC network as shown in Figure

8.3(b). Quality factor Q of this network is defined as:

Q=" _Ra@C (8.4)
w,L

At this frequency, the impedance of the inductor, joL, and the capacitor, 1/(ja)C), are

equal and opposite, thereby, yielding an infinite impedance, in theory. The circuit in
Figure 8.3 (a) has an infinite quality factor, Q. In practice, inductors (and capacitors)
suffer from resistive component, Rp. In order to sustain the oscillation, a practical tank
network needs an active circuit that provides a negative resistance, -Ra, to cancel out the

positive loss resistance of the tank. Such a topology is called one-port oscillator.

(a) ideal (b)practical (c) negative R

Figure 8.3 LC tank.

8.3 Oscillator Topology Comparison

In this section, several oscillator topologies will be compared with an

emphasis on their phase noise and power consumption.
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Figure 8.4 the typical cross-couple oscillator.
Figure 8.4 shows the NMOS-only cross-coupled oscillator topology, widely used
in high-frequency integrated circuits due to the ease of implementation and differential

operation [67, [68, [69]. It can be shown that the small-signal impedance looking into the

drains of M1 and M2 is ~2/9n assuming the parasitic capacitance is neglected. To enable
oscillation, the negative small-signal conductance added by the cross-coupled transistor
pair should overcome the loss in Rp, that is

g >1
> —
Rp

or ngp >1 (8-5)

Figure 8.5 shows the complementary version using both NMOS and PMOS
transistors. This topology provides a larger tank amplitude for a given tail current in the

current limited regime defined in [68]. Since the PMOS is used in this topology, the
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oscillation frequency is limited by the PMOS. In this work p-channel FinFET transistors
can not provide enough bandwidth in moderate inversion. Thus this topology is not
considered.

VDD

MS'M.M4

Mz; | ;m

M5 %@Vbias

Figure 8.5 The complementary cross-coupled oscillator.

Figure 8.6 depicts the single-ended Colpitts oscillator topology. Compared to
cross-coupled VCO, the Colpitts topology features superior phase noise because noise
current from the active devices is injected into the LC tank during the tank voltage when
the impulse sensitivity is low [70, [71].

The negative conductance is formed using transistor M1 and capacitive divider C,
and C, in a positive feedback arrangement. Its small-signal impedance looking into the
drain of M1 is calculated using test voltage divided by test current. It can be shown that

9nC,C,

the negative conductance loading the tank is — 5
(C,+C,)

. Therefore, the startup

condition for Colpitts oscillator is
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9nCC, S 1

(Cl +C, )2 R,

(C,+C,)

8.6
cc, (8.6)

or g,R,>

For a typical case,C, =C, (8.6) becomes g,,R, >4. Comparing to (8.5), we conclude that

Colpitts oscillator has more difficult start-up condition than the conventional cross-
coupled LC oscillator for a given transconductance, i.e., higher power consumption is
needed to ensure reliable start-up in the presence of process, voltage or temperature
variations. And the lack of differential outputs needed to suppress common-mode

coupling has hindered its usage in CMOS.

VDD

OVout

C2

Vbias1 O—{

C1

Figure 8.6 The typical Colpitts oscillator.
Figure 8.7 shows a differential Colpitts VCO. With a small-signal analysis, the

start-up condition for the differential Colpitts oscillator is given by

(C,+C,)

8.7
2C.C, S

InRp >
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Compared to (8.6), the effective small-signal transcondance is doubled, the start-up
condition is also relaxed by a factor of two. In a conventional Colpitts oscillator, the tail
current is always ON. To reduce power consumption, a switching current source can be
employed [72]. Power consumptions is reduced at the expense of added noise from the
tail device. The idea is that since in a Colpitts oscillator the MOSFET is on for less than
half of a cycle, two switches can be used to steer one current source to the two MOSFETs

while sustaining oscillation, shown in Figure 8.8 [73].

VDD

Figure 8.7 The typical differential Colpitts oscillator.

Although differential Colpitts oscillator has superior phase noise performance
than cross-couple differential, it has greater power than cross-couple differential
oscillator [72]. Since in this work low power consumption is our research goal and the
cross-coupled oscillator already supplies enough phase noise and cost less power than
differential Colpitts oscillator, the cross-coupled oscillator is taken to implement the

ultra-low power VCO.
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VDD

= Idc -

Figure 8.8 The differential Colpitts oscillator with current-switching technique.
8.4 Oscillator Circuit Design

With the VCO topology selected, the design procedures are described in this
section. The proposed VCO schematic diagram is shown in Figure 8. 10. Starting with
the oscillation frequency equation given in (8.1), we take 1.57 GHz as the target
frequency. In Chapter 3, a monolithic model was developed for the on-chip inductor with
substrate removed. The model is valid for the number of turns as large as 4.5. In this
design we will use the complete inductor model for accuracy, where all substrate losses
are taken into account. As described in Section 8.2, the cross-coupled pair must provide
enough negative resistance to cancel the tank losses and allow oscillation to start up. This

negative resistance equals —1/g,, , for half cross-coupled pair.

The required g,, for startup sets a lower limit on the current consumption of
oscillator. To determine the necessary g, for startup, the tank losses (Rp) must be

calculated from the inductor model. In Chapter 3, the calculated Q. was shown to be

97



approximately 10 at 1.5 GHz for an inductor with a substrate. At the resonant frequency,
the LC tank may be modeled as depicted in Figure 8.3, where the tank losses are included
in the resistance R,. The equivalent parallel resistance at resonance may be calculated by
taking the capacitor as lossless and calculating the parallel resistance Ry, for an inductor

with finite Q given by the overall tank quality factor,
R, ~Q’R, (8.8)

The g,, required for startup is

0 > (8.9)

For a given operating frequency, it is desirable to use the inductor in the LC tank which

has largest R value. The Table 8.1 shows the inductance, series resistance and Q of

inductors with different number of turns at 1.5 GHz.

Table 8.1 On-chip inductors specifications at 1.5 GHz.

No. turns L (nH) Rs (Q) Q
1.5 1.34 1.8 7.28
2.5 2.83 3.34 8.39
3.5 6.4 6.15 10.36
4.5 11.52 9.65 11.88

With Table 8.1, the 4.5 turn inductor is taken since it has largest Rp value. In practice, the
size of the inductor is usually limited by the difficulty of implementing large spiral coils

on-chip. On the other hand, the critical transconductance is inversely proportional to tank
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quality factor, so an improvement in inductor Q reduces startup current requirements and
lowers power consumption.

As described in Chapter 3, inductors large than 12 nH are not normally integrated
on chip. Rp is approximately 1000 Ohm at 1.57 GHz for 4.5 turns inductor. Therefore, the

minimal requirement of g, is approximately 1 mS. In order to ensure reliable startup, the

transconductance is set to 2 mS.

) ~ 1=00um

FEE e \
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Inversion Coefficient (IC)

Figure 8.9 Inversion coefficient for L=80 nm FinFET transistor.
To optimize the transcondance for minimal bias current, devices M1 and M2 are
designed to operate with inversion coefficient between 0.1 and 1. This is the moderate

inversion for transistors. Referring to Figure 8.9, g,,/1, of around 20 to 40 is achievable
in this range. Taking the average value 30, we can get I, =g, /30=66uA. The tail
current will be twice the Ip, or 132 uA. The aspect ration of M1 and M2 can be

calculated by choosing bias current:

W__b (8.10)
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where IC is the desired inversion coefficient, which is about 0.15. I; is specific current,
which is about 1.46 uA for 80 nm device. So the W/L ratio is determined around 350.
The total bias current sourced by M3 is approximately 130 uA. In order to maintain stable
tail current a long-channel device is chosen and operation in saturation region is selected
for accuracy. The width of M3 is calculated to be about 20 um. All the devices sizing and
IC is shown in table 8.2.

Table 8.2 Device sizing and IC for oscillator transistor.

Threshold Overdrive
Device Sizing (um/um) IC
voltage voltage
M1, M2 033V 30/0.08 0.12 -25mV
M3 0.5V 20/1 10 02V

Next, the voltage controlled capacitor design is selected. In this work, the FInFET
varactors are used to achieve frequency sweep. All the varactors are n-channel FinFET
transistors that have a step-like C-V characteristic. Referring to Figure C.3 in Appendix C:
“CV characteristic of FinFET”, the FinFET capacitance changes from 2 fF/um’ to 13
fF/um” with gate voltage swept from -0.5 V to 0.5 V. In order to center the oscillation
frequency at 1.57 GHz two varactors are connected in parallel which has width 45 um
and length lum. Its capacitance at zero bias is around 470 fF, and its swept capacitance

ratio is 6.5.

8.4 VCO Performance
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Figure 8.10 Micro-power VCO schematics.

The completed VCO design is shown in Figure 8.10. Its tuning range is 720 MHz
wide around the center frequency of 1.57 GHz (i.e., 45.7%) without considering process,
voltage and temperature (PVT) variation, as shown in Figure 8.11. Figure 8.12 shows
that the differential output oscillation signal amplitude is around 700 mV, that is, around
350 mV peak-to-peaks for single end output. With power supply voltage of 1 V, the
phase noise of the VCO 1is -112 dBc at 1 MHz offset from 1.57 GHz, shown in Figure
8.13.

Compared with the VCO design published before, this VCO consumes only 128

uW with 1 supply voltage.
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Table 8.3 Summary of VCO performance.

Parameters Value
Supply voltage 1V
Power Consumption 128 uW
Frequency tuning range 1.38-2.1 GHz
LO Vpp 350 mV
Phase Noise -111 dBc/Hz @1 MHz offset
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Chapter 9

Ultra-low Power Mixer Design

9.1 Introduction

The rapid growth of portable wireless communication systems, such as wireless
(cordless and cellular) phones, GPS, wireless local area network (LAN), etc., has
increased the demand for low-cost and high performance front-end receivers. Mixers are
used for frequency conversion and are the critical components in modern radio frequency
(RF) systems which are commonly used to down convert frequencies to achieve
frequency translation. The motivation for this translation stems from the fact that filtering
out a particular RF signal channel centered among many densely populated, narrowly
spaced neighboring channels would require extremely high Q filters. A mixer converts an
RF signal at a high frequency into a signal at lower frequency to make signal processing
easier and less power consumptive. One of the best known architectures is the
downconversion heterodyne receiver, schematically depicted in Figure. 9.1. Here the
received RF signal after preamplification in a low-noise amplifier is supplied to a mixer.

It is then mixed with local oscillator (LO) frequency f, . The signal obtained after the

mixer contains the frequencies fq- + f,, as well as the input signals at f,- and f ;.
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With a low-pass filter (LPF) or band-pass filter (BPF), the lower frequency

component fp — f 5, known as the intermediate frequency (IF), is selected for further

processing.

BPF | —

Figure 9.1 The heterodyne receiver system with a mixer.
In this chapter, following the fundamentals of mixing, the mixer topology choice
is made based on our application. Then the design procedure is discussed to achieve low-

power consumption. Finally, the proposed mixer performance is presented.

9.2 Mixer Fundamentals

The ideal mixer is a device which multiplies two input signals. If the inputs are
sinusoids, the ideal mixer output is a signal that contains both the sum and difference

frequencies given by

(Acos wpet)(Beosm ot) = %[cos(a)m: — 0o )t+cos( o + oo )t]

9.1)

Typically, either the sum or the difference frequency is removed with a filter. If
the LO amplitude is constant, any amplitude modulation in the RF signal is also
transferred to the IF signal. Having recognized the fundamental role of multiplication, the

most important characteristics of mixers are discussed next.

9.2.1 Conversion Gain
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The gain of mixers must be carefully defined to avoid confusion. The voltage
conversion gain of a mixer is defined as the ratio of the root mean square (rms) voltage of
the IF signal to the rms voltage of the RF signal. The power conversion gain of a mixer is
defined as the IF power delivered to the load divided by the available RF power from the
source. If the input impedance and the load impedance of the mixer are both equal to the
source impedance, then the voltage conversion gain is equal to power conversion gain in
decibels. In this work the LNA output impedance is not matched to source impedance.
Thus, the voltage conversion gain is adopted instead of power conversion gain.

In terms of conversion gain, mixers can generally be categorized into passive and
active mixers. Passive mixers, such as diode mixers and passive field-effect transistor
(FET) mixers, have no conversion gain but a conversion loss. On the other hand, active
mixers have conversion gain that can reduce the noise contribution from the IF stages but

consume considerable more power.
9.2.2 SSB and DSB Noise Figure

Noise figure is defined as the signal-to-noise ratio (SNR) at the input (RF) port
divided by the SNR at the output (IF) port. In a typical mixer, there are actually two input
frequency that will generate a given intermediate frequency. One is the desired RF signal,
and the other is called the image signal. Those two signals are frequently referred as
sidebands. The existence of an image frequency complicates noise figure calculation,
because noise generation in both the desired and image frequencies contributes IF noise.
In the usual case where the desired signal exists at only one frequency, the noise figure is
called the single-sideband (SSB) noise figure. In the rarer case, where both the RF and

image signal contain useful information, leads to a double sideband (DSB) noise figure.
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In summary, the SSB noise figure of a mixer is 3 dB higher than the DSB noise, since the
SSB noise figure only count the RF power on one side only.

Noise figures for mixer are considerably higher than those for amplifier because
noise from frequencies other than at the desired RF can mix down to the IF. The typical

values for SSB noise figure range from 10 dB to 15 dB or more [50].
9.2.3 Isolation and Linearity

The isolation between two ports of a mixer is critical. The LO-RF feedthrough
results in LO leakage to the LNA and eventually the antenna, whereas the RF-LO
feedthrough allows strong interferers in the RF path to interact with the local oscillator
driving the mixer. The LO-IF feedthrough makes the substantial LO signal exists at the
IF output, which desensitizes the following stage. Finally, the fraction of the signal in the
RF path that appears in the IF is determined by RF-IF isolation. The required isolation
levels depend on the environment in which the mixer is used.

Linearity is an important requirement for mixer, and the IF output is expected to
be proportional to the RF input signal amplitude. It is in this manner in which linearity is
interpreted in the mixer. Like amplifiers, beyond a certain input limit the signal from the
mixer distort or clip or have a nonlinear relationship with the input signal. The
compression point is the value of RF signal at which a calibrated departure from the ideal

curve occurs. Usually, a 1-dB compression point is specified.

9.3 Mixer Topology Comparison

During mixer design, the noise, power consumption, conversion gain, linearity

and port isolation have to be considered. Since mixer is not the only component in
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circuits, we need to make compromises to simplify the design of LNA and VCO. For
multiplier-based mixers, there are two types of them, passive and active mixers. Making a
decision on which topology of mixer to use is dependent on the requirement from the
application.

9.3.1 Passive Mixer

Figure 9.2 shows the passive double-balanced mixer, which consists of four
switches in a bridge configuration. The switches are driven by LO signals in anti-phase,
so that only one diagonal pair is conducting at any given time. The IF output is therefore
the multiplication of the RF and the LO signal. It is readily seen that this mixer consumes
zero DC power because of the passive operation. However, the mixer provides negative
conversion gain, which depends on the LO waveform shape. For example, the mixer has
a voltage conversion gain of 2/mt (-3.9 dB) for square-wave LO signal, and n/4 (-2.1 dB)

for sinusoidal LO signal.

Rs/2 LO—i M1 M2 }—B

) Rr IF

Rs/2
L04| M3 M4 }*LO

Figure 9.2 Simple double-balanced passive mixer.

The passive mixer shows good linearity if the switches are driven by a square-

wave or large-amplitude sinusoidal LO signal. Because with large and sharp LO signals,
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the switch on-resistance only depends on the input signal very weakly, thus minimizing
non-linearity. However, if the LO amplitude is limited due to low-power (or low-voltage)
design requirements, this linearity advantage diminishes. On the other hand, passive
mixer does not have good isolation between LO and RF signals, and the LO to RF
feedthrough may happen easily.

9.3.2 Active Mixer

Based on the above analysis the active mixer is taken to realize the ultra-low
power GPS receiver design. Figure 9.3 shows a typical active double-balanced mixer,
which consists of two single-balanced circuits. The two single-balanced mixers are
connected in antiparallel as far as the LO is concerned but in parallel for the RF signal.
Therefore, the LO terms sums to zero in the output, whereas the converted RF signal is
doubled in the output. Thus it provides a high degree of LO-IF isolation, making the filter
requirements at the output easier. If layout is carefully taken, IC realizations of this
circuits could provide 40 dB LO-IF isolation [50]. Compared with passive mixers active

mixers have much higher conversion gain,
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Figure 9.3 A active double-balanced mixer.
2
A =—0nRL (9.2)
T

which is typically 10 dB in most reported results. It may add variable gain amplifier
(VGA) capability. Despite these advantages, it also has some drawback in this
configuration. Firstly it consumes power; secondly it has worse flick noise than passive
mixers. One noise source is the transconductor itself, and its noise figure sets a lower
bound on the mixer noise figure. The switching pair transistors also degrade noise
performance in a number of ways. One noise contribution arises from imperfect
switching, which results in attenuation of the signal current. Another NF contributor is
the interval of time in which both transistors conduct current and hence generate noise.

The mixer noise can be predicted by the following equation [74],

V7, :8kTRL(1+7/2R;I +yngLj (9.3a)
T
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V2 = + + 9.3b
on g”‘[ngRL y4kT7rA SKTJ ( )

This equation clearly shows how mixer output noise varies with different circuit
parameters, such as LO amplitude (A) and mixer DC bias current in each side of the
mixer (I).

Other mixer topologies include the sub-sampling mixer [50] and those
implemented from complex signal processing [75]. Both kinds of mixers can achieve
good linearity but suffer high noise figures. Such circuits require high-gain preceding

LNAs, thus posing more constraints on the overall receiver implementation.

9.4 Circuit Design

Since active and passive mixers have their own characteristics, it is difficult to tell
which one is more fitting to this work till this point. In the conclusion chapter, system
simulation is done with active and passive mixers, respectively. In this section, only the
active double-balanced mixer design is presented since passive mixer design is pretty
straightforward.

The mixer topology used for this work is shown in Figure 9.4. In order to make
the mixer work under low supply voltage, a parallel LC tank is used to replace the DC
current source to create a zero-headroom AC current source. The resonant frequency of
the tank is chosen to provide rejection of the RF common-mode component.

The input devices work in the moderate inversion such that the lowest current
could be reached for a given transconductance. In Chapter 7, the noise figure of LNA is

approximately 3.4 dB. In order to keep the NF of the system less than 6 dB, the NF of
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mixer has to be less than 20 dB. Here tradeoff between gain and NF is made to satisfy the
NF requirement and the gain requirement together. Considering equations (9.2) and (9.3)
we found the transconductance is approximately 6 mS to pursue 10 dB gain at output
with NF less than 20 dB. Referring to inversion coefficient curves of Figure 8.8 in
Chapter 8 we can determine the drain current and W/L ratio of 150 uA and 1200,

respectively.

1K 1K

ol|F o

M3 9/0.08 M4
100/0.08 M6 }7

o—o—{ M1 9/0.08 M2

LO

O

O—| M5 100/0.08
RF

e,

=

5nH 2pF

Figure 9.4 Minimum supply-headroom double-balanced mixer.
It turns out to be 150 uA for single balanced mixer. The total current consumption
will be 300 uA for double balanced mixer. The shortest channel length is taken for input
device to permit the mixer to have sufficient bandwidth. The input device is calculated to

be 100/0.08 um and the transistor overdrive voltage is at around -10 mV.
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9.5 Mixer Performance

The ultra-low power mixer is simulated in Cadence SpectreRF simulator.

1. Combining PSS analysis with a periodic small-signal transfer function PXF
analysis, the conversion gain of the down converter can be determined. At 1.57 GHz, it is
8.3 dB, as shown in Figure 9.5.

2. Combining a PSS analysis with a small-signal Pnoise analysis, the noise figure
can be determined. It is found to be about 13.25 dB at 1 MHz IF output, as shown in
Figure 9.6.

3. A swept PSS analysis determines the 1dB compression. Figure 9.7 shows the
input 1-dB compression is -19.4 dBm.

4. Sweeping PSS analysis with a Periodic AC (PAC) analysis is adopted to
produce data for an IP3 plot. The IIP3 is found to be -9.37 dBm , as shown in Figure 9.8.

The final results are summarized in Table 9.1.
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Figure 9.5 Conversion gain versus frequency.
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Figure 9.7 1-dB compression point of mixer.
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Table 9.1 Active double-balanced mixer performance summary.

Parameter Value
Supply voltage 1V
Power dissipation (Vdd=0.5 V) 452 uW
Conversion gain 13.77 dB
Noise figure at 2 MHz (SSB, 50 Q) 13 dB
Input referred 1-dB compression point -19 dBm
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Chapter 10

Conclusions

10.1 Research Summary

In this research, design approaches and methodologies were presented to realize
the ultra-low power RF receiver front-end circuits. Moderate inversion operation was
explored as a possible method of reducing power consumption along with the use of low
supply voltage. The research is firstly concentrated on passive and active devices
modeling. One of the most commonly used passive devices is on-chip inductor. On-chip
spiral inductor model was developed firstly. Compared to the model developed by others,
this model can predict the behavior of the inductors with different structural parameters
over a board frequency range (from 0.1 to 10 GHz). Then the SOI varactor model was
developed based on our measurement and extraction.

Besides the passive devices modeling, a new most promising MOSFET candidate,
FinFET, was characterized at GHz frequency range. Based on the measurement results,
we found the FinFET transistors have superior performance over bulk-Si CMOS
technology. And an RF circuit model of FinFET was developed followed that. It provides
the basic idea about how to model this new structure MOSFET.

Based on the passive and active device models developed, Global Positioning
System (GPS) receiver front end circuits were designed. There are two system designs
summarized in this work. We call them called plan A and plan B. The difference is that

different types of mixers are used. Plan A uses a differential LNA designed, an active
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double-balanced mixer and a VCO. Plan B employs a differential LNA, a passive

double-balanced mixer and a VCO. Both system designs are summarized in Figure 10.1.

126

osC

Figure 10.1 The diagram of system simulation of GPS receiver front-end sub-blocking
circuits.

In practice we can not really simulate a VCO, mixer and LNA together. During
simulation PSS needs to find the beat frequency of VCO frequency. But the beat
frequency could change enormously with a tiny change in the VCO frequency. In other
words, the combination is chaotic. A fraction of hertz change in the VCO could cause the
beat frequency to change from 100 MHz to 0.00001 Hz in a moment [76]. In Figure 10.1
the VCO is an oscillator model in rfLib. The VCO performance is characterized using
PSS/PNOISE. The summary of GPS receiver front-end sub-blocking circuits of plan A is

shown in Table 10.1.
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Figure 10.3 The noise figure of plan A.
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Figure 10.4 The 1-dB compression point of plan A.

Table 10.1 Summary of GPS receiver front-end sub-blocking circuits of plan A.

Parameter Value

Supply Voltage 1V

Power Consumption | 1.9 mW

Voltage Gain 243 dB

NF 8.7 dB

1-dB Compression -31.6 dBm

The summary of GPS receiver front-end sub blocking circuits of plan B is shown

in Table 10.2.
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Figure 10.6 The NF of plan B.
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Figure 10.7 The 1-dB compression point of plan B.

Table 10.2 Summary of GPS receiver front-end sub-blocking circuits of plan B.

Parameter Value
Supply Voltage 1V
Power Consumption 1.5 mW
Voltage Gain 7.9 dB
NF 7.8 dB
1-dB Compression -24.3 dBm

Comparing to the previous designs with the same constrains, the ultra-low power

GPS receiver building block circuits in this research are a factor of 5 times better than the

best design published resuts to date [42], as shown in Table 10.3. A new parameter,
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gain/power, is introduced here to evaluate the performance improvement. In this work,

mW power can generate 2 to 6 times more gain.

Table 10.3 Comparison of GPS receiver sub-blocking circuit performance.

Authors Technology \S/l(%%%a;}g}; G;/i?llii%e 5 I()r(r)lv\‘;\?)r C}(Zgﬁ?\;vvi "l Year
[44]  |0.5Sum CMOS| 2.5 12 60 0.2 1998
[77] %ﬁgg 2 30 35 0.85 2002
[42] %ﬁgg 1.8 28 12 2.3 2005

Plan A g'igf:‘g; 1 243 1.9 12 |After 2006

Plan B giﬂf:‘ﬁr? 1 7.9 1.5 53 |After 2006

10.2 Future Work

In the RF transceivers, passive inductors are frequently employed in various

circuit blocks, such as in LNA, VCO and mixer, as well as matching network. The

current trend is to integrate all passive and active devices on one chip, so that the cost of

product can be reduced. However, most commercial RF communication products are still

using external high-Q inductors. For low power design, the selection of integrated on-

chip passive components or discrete off-chip ones plays an important role in receiver

implementation. The following example explains the reason.
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Figure 10.8 A typical common-source amplifier with inductor load.

For a simple inductor loaded common-source amplifiers, as shown in Figure 10.8,
assume the inductor Q determines the output impedance of amplifier. The amplifier’s
voltage gain is expressed as,

A =-0,Z, (10.1)
where Z| is the equivalent output resistance in parallel with the inductor. It can be
described as,

Z, =Qum,L (10.2)

when transistor M1 works in saturation region, which can be estimated as,

/ W
O :ZID/(VGS -Vy)= Zﬂncoleo (10.3)

Combine equation (10.1)-(10.3), we get

W
A, = /2,unCOXTID Qu, L (10.4)

It can be observed that the required biasing current (\/E ) is inversely proportional to Q,

in order to maintain a desired A,. For instance, if the Q is increased from 5 (typical on-

chip CMOS spiral inductor) to 50 (off-chip inductor), the biasing current is reduced by
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100 times. If in both cases the same power supply are used the total power consumption
will be reduced by 100 times too.

Based on the above analyses, both on-chip and off-chip inductors may be
employed for power saving purpose. The monolithic spiral inductors are lossy and have
quality factors less than 10 (for 3 metal layers process). And they also suffer from
substrate eddy current losses, reduced self-resonant frequency, and the possible
requirements for non-standard wafer processing. The performance of on-chip inductors is
described in Chapter 3. For high power application, these low-Q circuits are compatible
for broad band systems. In contrast, for narrowband wireless application, the high-Q
passive devices could be used. The off-chip inductors may increase the total cost, but the
cost can be traded off by some advantages of off-chip component integration. First, by
moving the passive components from the chip onto the low cost substrate, the fabrication
cost associated with large silicon chip area for the monolithic inductors can be saved.
Second, removing the passive components from the lossy silicon substrate dramatically
reduces the power consumption to achieve low power application. Therefore the high
system cost associated with batteries is reduced.

The use of thin film bulk acoustic-wave resonators in transceiver circuits is one
way for future exploration, as these components may help to reduce power consumption

by eliminating the dependence of low Q on-chip passive devices.
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Appendix A

Integrated Differential Inductors and Transformers

Differential inductors offer a greater Q factor and a broader range of operating
frequency. Two different topologies of differential inductors are shown in Figure A.1.

Common node Underpass Underpass

{Port 3) ‘_-—'-"!—FF# | Axis of symmetry

iy

Port 1 \ 812 Port 2 / Port 1 Port 2 R\
Inductor 1 Inductor 2 TRTraE Inductor 2

{a) ib)

Figure A.1 Microstrip inductor physical layouts for differential inputs [78]. (a) Two
asymmetric spiral conductors. (b) Symmetrical microstrip inductor.

The Advantages to employed differential inductor in the layout are: 1) the inductor
quality factor (Q) is enhanced by ~50% compared with an equivalent single-ended
configuration. 2) Increase self-resonance frequency.

The Figure A.2 has been used to illustrate the reason of how Q and self-resonance

has been increase.
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Figure A.2 (a) Lumped equivalent-circuit model of a microstrip inductor, and circuit
equivalents for (b) single-ended (port 2 grounded) and (c) differential excitation.

The Figure A.2 (a) shows the lumped equivalent-circuit model of a microstrip
inductor. For single-ended excitation, the inductor is connected as a one-port network, as
shown in Figure A.2 (b).

Parallel LRC resonance frequency is given
@y =—F— (A.1)

The Q at the resonance is

_ R
Q——L/C (A.2)

The ratio of the differential to the single-ended is

&zzRP"RL CP/2+CO (A3)
Qse RP”RL \ Cp+GC,

Monolithic microstrip transformers are used to perform coupling, biasing and

filtering functions in RF front-end application. The coupling and biasing technique offers
important advantages over the traditional stacked transistor biasing arrangement.

Foremost among these is a reduction in required operating voltage. Additionally, the
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topology allows the designer to easily adjust the bias current present in the input
transistors, while bias currents in the other portions of the circuit are unaffected.
The layouts of differential inductors and transformers have been submitted.

Below is a snap shot of the layout, as shown in Figure A.3.

(a) (b) (c) (d)

Figure A.3 The test structures of differential inductors and transformers [79]. (a) 1:1
transformer. (b) differential inductor. (c¢) Rabjon Balun. (d) 1:2.5 transformer.

Scalable physical models were constructed that predict the behavior of
transformers, baluns, differential Inductors over a broad range of parameters: frequency
from 0.1 to 15 GHz, widths from 15 pm to 35 um, inner and outer radius ratios from 0.3

to 0.6, Q from 15 to 25 and High Self resonance 3 to 12 GHz.
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Appendix B

FINFET BSIMSOI Model Extraction

The measured the data and the simulated data compared as below. The model

parameters are attached behind.

Run by :SILVACO Lot: SOI
Process: SOI Waf: 1
Temp. :27 IDS wva. VDS Die: 1
0'30 + +
T T T T T Moan
W= 10.0
L= 10.0 s
Sim.
0.20 L 4
i 0.10 L _
[m]
=
0.00 | 4
0.000
VGS step = 0.208
VGS start =-0.030
MODEL: BSIM3 L=33
-0.10 1 1 1 1 1
-0.20 0.00 0.20 0.40 0.60 0.80 1.00
12:48:24 vDg v
JUL/14/4 v.20.2.2 ( )
SILVACO Internaticnal

Max error 12.84%, Ave error 5.175%, RMS error 6.109%
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Run by :SILVACO Lot: SOI

Process: 501 Waf: 1
Temp. :27 IDS wve. VDS Die: 1
30.00 | | | | —_
Meas
W= 1.0
L el Sim.
20.00 L[ _
vt 10.00 [ i
[a)
H
0.00 | _
i VBEG = 0.000
VGS step = 0.210
VGE start =-0.040
MODEL: BSIM3 L=33
-10.00 1 1 1
-0.20 0.00 0.20 0.40 0.80 0.80 1.00
12:48:30

JUL/14/4 v.20.2.2 vDs (V)
2ILVACO Internatiocnal

Max error 18.98%, Ave error 6.579%, RMS error 8.111%

Run by :SILVACO Lot: S0OT
Process: S0I Waf: 1
Temp. :27 IDS va. VDS Die: 1
0.50 . .
J J J Meas
W= 10.0
L- 5.0 —
0.40 0 ] = 1.
. 0.30 | -
" 0.20 [ i
[a)
H
0.10 | -
i rrrrereeTTe TR 0, 000
0.00 L £ NG shepo—= 0.210 |
VGS start =-0.040
MODEL: BSIM3 L=33
-0.10 I I | | !
-0.20 0.00 0.20 0.40 0.60 0.80 1.00

12:48:34

JUL/14/4 v.20.2.2 vDs (V)

SILVACO International

Max error 16.47%, Ave error 7.147%, RMS error
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.MODEL FinFETN bsimsoi type=n (

+TNOM =27 VERSION =3 TOX =2.8E-9

+TSI =2E-8 TBOX =4E-7 XJ = 1E-8

+NCH = 4.467859E14 NSUB = 2.589165E14 VTHO = -0.098271
+K1=0.0744173 K2 = -2.098137E-3 K3 = 1E-3

+K3B =22.2319452 K1W1 =0 KIW2 = 1E-3

+KB1 = 1.438668E-3 W0 =3.817179E-5 NLX = 1E-6
+DVTOW =0 AGIDL =0 BGIDL =0

+NGIDL = 1.2 DVTIW =0 DVT2W =-0.032

+DVTO0 = 0.0099948 DVT1 = 0.9493336 DVT2 = -5.29687E-11
+VBM =-10 U0 = 347.1962197 UA = 2.35143E-10
+UB = 1.00001E-18 UC =-1E-10 VSAT = 1E4
+A0=0.1 AGS=0.2739092 BO = -1E-5

+B1 =-1E-7 FBITII = 0 ESATII = 1E7

+SI0=0.5 SII1 =0.1 SII2=0

+SIID =0 KETA =0 KETAS =0
+RTHO=0A1=0A2=0.1

+RDSW =3E3 PRWG = 0.1 PRWB =-5E-3

+WR =1 WINT = -5.64676E-9 LINT = -3.009477E-7
+DWG = 1E-7 DWB = 9.770558E-8 DWBC =0
+VOFF =-0.1794607 NFACTOR = 0.0106298 CIT =0
+CDSCD =0 CDSCB =0 BETA0=0

+BETA1 =0BETA2=0.1 ETAO = 1E-3

+ETAB =0 PDIBLC1 = 1E-3 PDIBLC2 = 1E-5
+PDIBLCB =0 PVAG =0.01 DELTA =0.0113262

+ALPHAO = 0 VDSATIIO= 0.9 MOBMOD =1
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+TII=0PRT=0UTE=-1.5
+KTI=0KTIL=0LII=0
+KT2=0UA1=4.31E-9 UB1 =-7.61E-18
+UC1 =-5.6E-11 AT=33E4 WL =0
+WIN=1WW=0WWN=1
+WWL=0LL=0LLN=1

LW =0LWN=1LWL=0

+CAPMOD =2 XPART = 0 CSDESW =0
+SHMOD =1 RBODY =0 RBSH=0
+NDIODE =1 NTUN =10 VTUNO =0
+ISBJT = 1E-6 NBJT =1 LBJTO0 = 2E-7
+VABJT =10 AELY =0 AHLI=0
+ISDIF =0 ISREC = 1E-5 ISTUN =0
+XBJT =1 XDIF =1 XREC =1

+XTUN =0 NTRECF =0 NTRECR =0
+LN =2E-6 NRECF0 =2 NRECRO =10
+VRECO0=0 ASD=0.3 DLCB=0
+DLBG =0 DELVT =0 FBODY =1
+ACDE =1 MOIN =15 LDIF0 =1
+NDIF = -1 SOIMOD = 0 VBSA = -2.846956E-8
+NOFFFD =1 VOFFFD=0KIB=0
+K2B =0 DK2B=0DVBD0 =0
+DVDBI1 =0 MOINFD = 1E3)

.END
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Appendix C

Gate-Channel Capacitance Characteristics in Nano-

Scale FINFET

C.1C-V MEASUREMENT

A three-dimensional structure of FinFET is shown in Figure C.1, where the
channels are formed in the vertical Si fins controlled by self-aligned dual gates. The
FinFET under test was fabricated in SPAWAR System Center with the following
parameters: Ts= 20 nm, Hfip= 50 nm, Sfip= 750 nm, Tpox= 400 nm, o= 2 nm, and L = 5
pm,. Each fin contributes two channels, which has an equivalent gate width of 100 nm.

There are 200 fins in this FinFET, which give the gate width W= 20 pum.

Thox

Figure C.1 The 3-D FinFET structure.
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Figure C.2 illustrates the scheme of characterization with an n-channel FinFET.
Measurements were performed on a Keithley 590 CV-meter and Keithley 4200
semiconductor characterization system. During the test the chip was put in a dark
chamber, so that the interference from the light-generated carriers can be avoided. For the
measurement at equilibrium the following procedures are followed: 1) after initially
applying voltage to the device, allow an adequate hold time before recording the
capacitance; 2) after each step of voltage change, allow an adequate delay time before
recording the capacitance. In order to determine what are the adequate hold and delay
times, a series of C-V curves have been generated in both sweep directions
(inversion—accumulation and accumulation— inversion). We optimized the hold and
delay times until the pair of curves looks essentially the same, which indicates that it is
independent of the sweep directions [80]. With this approach the hold time and delay
time were determined to be 5 sec and 1.5 sec, respectively; and the sweep rate limit was

set as 30mV/s.

Vg1 ®— Keithley 590
CV Analyzer

p-si Film

Vg2

Figure C.2 Scheme of capacitance measurements for FInFET.
The gate voltage V4 was swept from -0.8V to 0.8V and back to -0.8V, while and
Vg= Vs=0 V. The high-frequency gate-to-channel capacitance (hf-Cy) was measured at f

= 100 KHz. Figure C.3 shows the hf-Cy: curve of an n-channel FinFET in equilibrium.
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The capacitance reaches its maximum value when the channel is in strong inversion and
exhibits a minimum in the accumulation region. Such a feature is different from the C-V
characteristics of the conventional MOS capacitor structure. In an n-channel FinFET, the
inversion minority carrier (electron) in the channel is connected electrically to a reservoir
of carrier at the source and drain. Therefore, the minority carriers can response promptly
to the ac gate signal. On the other hand, there is no such carrier reservoir for the majority
carrier (holes), since the body of FinFET is floating [81].

For the non-equilibrium C-V measurement the gate voltage sweep rate has been
increased from 60 mV/s to 140 mV/s. The C-V curves have basically the same shape as
that in equilibrium, except the hysteresis in different sweep directions. With negative gate
bias the C-V curve of planar single-gate SOl MOSFET changes slightly with different

sweep rate [81], but this phenomenon is not observed in our measurement with FinFET.
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Figure C.3 Equilibrium high frequency C-V curve.

C.2 ANALYSIS AND DISCUSSION

134



In order to better understand the C-V characteristics, the band structure of the
device should be investigated first. The C-V curve shows that at equilibrium (V, =0 V) it
is between the inversion and accumulation regions. If the quantum confinement effect
can be neglected, the band of the silicon of the FInFET can be described by the Poisson’s

equation with the depletion approximation [82]:

d2¢ qNa (Cl)

si

where ¢ stands for the potential and xis the distance from the symmetry plane at the

center of the silicon fin, and the doping concentration, N, is assumed to be constant.

a’
Because the fin is very narrow, it is assumed that the entire fin is depleted and no neutral

region remains. Solving the Poisson’s equation with the symmetric boundary condition

one can find the voltage profile as a parabola:

§00=T2 0 1 g, (C2)
E.

where ¢,, is the potential at the center point. The voltage profile and the band diagram
are shown in Figure C.4 (a) and (b), respectively. The electric field in the silicon fin is

given by:

E(x)= —Me (C.3)

When a positive gate voltage is applied, the band is pulled downwards. Before

reaching the point of medium inversion
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Figure C.4 (a) Potential profile and (b) band diagram of FinFET.
the shielding effect of the inversion charges can largely be neglected. In this case, the
maximum electric field at the Si/SiO; interface (on silicon side) can be found as:

aN, t, (C4)
2¢&

si

E

max x=0.5t =

Due to the limited doping concentration in the polysilicon gate, a very thin
depletion region also exists there. If the trapped charges in the oxide and at the interface
can also be neglected, the maximum electric field in the polysilicon gate is the same as
the one derived in Eq. (4). Therefore, we can figure out the width of the depletion region
in the gate as the following:

Na tsi
dpoly :N_d? (C.5)

where Ny and N, are the doping concentrations of the polysilicon gate and the silicon fin,
respectively. The former is around 10°° cm™, and the latter is less than 10'® cm™.

Therefore, the depletion region is limited to one monolayer of silicon atoms in the sample
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under test. However, this approach is only an approximation, because the charge
concentration at the Si/SiO; interface is very complicated.

In a simplified MOS capacitor model the gate capacitance reaches its maximum
value with large forward gate bias, which should be ideally equal to the oxide
capacitance. In this way, the oxide thickness can be easily extracted from the C-V curve.
In our FinFET sample the extracted equivalent oxide thickness is 2.4 nm, which is
different from the parameter (2 nm) listed in section I. Therefore, the gate depletion effect
must be taken into account, and the depletion layer can be considered as an additional
series capacitance [83].

The C-V measurement is a valuable diagnostic tool in MOSFET characterization.
The analysis above shows that it can be employed to determine the oxide thickness.
However, charges can be trapped in the gate oxide and at the Si/Si0, interface, which can

complicate the extraction process.
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