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Abstract

Multi-functional, highly flexible, and tightly integrated Radio-Frequency Front-Ends (RFFEs)

are at the forefront of the current developments to improve the performance of next-

generation wireless RF systems. In the past decade, filtering antennas, or filtennas, have

emerged as a potential solution to minimize the Radio-frequency system’s cost and com-

plexity while maximizing performance in a highly integrated module. The RF co-design

approach of combining the filtering and radiation functionalities into a single unit is benefi-

cial for improving a system’s Signal-to-Noise (SNR) performance while limiting interference

in a congested frequency spectrum. Furthermore, frequency-agile filtennas can enhance an

RF system’s adaptation to changing radio environments.

The work presented in this thesis utilizes conventional bandpass filter synthesis tech-

niques to enhance the performance of tunable filtennas for next-generation RFFEs. By using

high-Q Evanescent-mode (EVA-mode) cavity resonators and highly efficient slot antennas,

multiple filtenna designs are demonstrated. First, the building blocks of the filtennas are indi-

vidually developed. A novel Evanescent-mode Cavity-Backed Slot Antenna (ECBSA) with

contactless capacitive tuning is designed for radiation functionality. Long-range external

linear actuators are deployed to tune the critical gap size of the cavity. Experimental results

of the antenna demonstrate a high power-handling capacity and wide tuning from 1.7 GHz

to 2.6 GHz (40%). The ECBSA is then integrated with a contactless-tuned EVA-mode res-

onator to form a 2nd-order tunable filtenna. The fabricated filtenna demonstrates frequency

tuning from 2-2.6 GHz (26%), with a peak realized gain ranging from 2.7 dB to 5.2 dB.
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The filtenna showed excellent tuning reliability due to the deployed closed-loop monitor-

ing system and exhibits state-of-the-art performance in the class of tunable cavity-based

filtennas.

The frequency scalability of the tunable filtenna is next investigated in the X-band

(8-12 GHz) frequency regime. A new filtenna structure and tuning scheme is conceptualized

by incorporating varactor diodes on a novel superstrate-loaded cavity-backed slot antenna.

The performance trade-offs and loss analysis is completed by analyzing the resistive losses

associated with tuning varactors. In addition, a new technique is proposed to estimate a

varactor’s quality factor for high-frequency applications. The proposed method does not

require any calibration or de-embedding processes. The varactor-Q estimation technique

can effectively estimate the bias and frequency-dependent varactor quality factor for any

reconfigurable RF application.

xvi



Chapter 1

Introduction

1.1 Overview

With the rapid development of next-generation technologies like Software-defined Radio

(SDR) and cognitive radio (CR), there is an ever-increasing demand for the next-generation

Radio-Frequency Front-End (RFFE) systems to possess multi-functional capabilities [1].

These technologies are being developed as a solution to the issue of a crowded frequency

spectrum by deploying a “sense, adapt, and learn” algorithm, where the surrounding radio

environment can be evaluated, and the system can adapt to it accordingly. Such a radio-

environment monitoring capability can potentially maximize spectral efficiency, connectivity,

and security.

A major constituent of the CR and SDR technology is the RF Front-end, which is at

the forefront of receiving and transmitting information to and from the module, as seen in

Fig. 1.1. To sense the spectrum and alter the operational parameters of the system (like

frequency, bandwidth, etc.), the RF front-end (RFFE) is required to accommodate some

flexibility in its operational parameters over a wide frequency range.

In addition to these stringent requirements, the system must also meet the size, weight,

and power (SWaP) requirements. In most RF systems, SWaP seems to be the key driving fac-

tor, providing difficult trade-offs over system performance enhancement and multi-functional
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Figure 1.1: Concept diagram of a cognitive radio engine operating on a software-defined radio
platform. As a result of CR’s ability to sense, adapt, and learn about its surrounding radio environment,
it requires the communication system it operates on to be highly versatile. [1]

architectures. For instance, Satellite Communication (SAT-COM) systems need to meet the

ongoing demands for global coverage while also maximizing payload efficiency [2]. These

space-borne systems need to feature greater onboard functionality without compromising

the SWaP requirements of the system. Therefore, the RF communication system must

be carefully designed to exhibit higher performance flexibility while maintaining a small

footprint.

Based on the above discussion, the major demands on the next-generation Radio-

Frequency Front-ends (RFFEs) can be broadly categorized as follows:

• Multi-functional systems with frequency agility

• Tightly integrated and miniaturized RF module

• Meet the system’s SWaP requirements

2



1.2 Developments in RFFE Architectures

Traditionally, a high-performance RF front-end consists of a wideband antenna connected

to a larger switchable filter bank through transmission line interfaces. The filters can

switch across a wide frequency range and reject any unwanted interference signals from

the frequency band of operation. The large bandwidth of the antenna facilitates a larger

coverage of operational frequencies over which the signals can be transmitted or received.

Despite such a system’s large frequency band coverage, there are several drawbacks. Firstly,

the filter bank and wideband antenna inevitably result in a bulky system and are not ideal for

applications with strict SWaP requirements. Secondly, the broader bandwidth of the antenna

results in passing a higher amount of noise signals, which results in low system performance

in terms of the Signal-to-Noise Ratio (SNR).

As a solution to the issue of large switchable filter banks, reconfigurable filters have

been extensively developed to replace the filter banks to maintain a small profile while

also ensuring multi-functionality in the system [3]-[5]. A further improvement in this

direction has been made by also incorporating frequency reconfigurability into the antennas

[6]-[8]. A fixed wide-band antenna can degrade system performance by passing more

interference signals spread out across a wide range of frequency bands. Instead, a single

tunable narrowband antenna can provide greater frequency selectivity in a compact size

while reducing co-site interference and jamming. Therefore, incorporating frequency agility

into filters and antennas can significantly enhance the multi-functional capabilities of the RF

front-ends.

In the past decade, a new class of integrated RF modules has been developed by com-

bining the filtering and radiation functionalities into a single device. These integrated units,

known as ‘filtennas’ or filtering antennas, can replace the cascading connection between a

filter and an antenna to realize a tightly-integrated RF module. The filtenna offers several
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Figure 1.2: Developments in high-performance RF Front-end architectures (a) Traditional design
with cascaded filter bank and wideband antenna (b) reconfigurable filter and reconfigurable antenna
architectures (c) Tunable filtering antenna (filtenna) unit

advantages over the individual filter-antenna cascaded unit. The first obvious benefit is the

overall improvement in the system’s SWaP requirements due to a compact and miniatur-
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ized module. The second advantage is the removal of transmission line losses from the

filter-antenna interface. Typically, the 50 Ω transmission line has a considerable electrical

length to ensure minimum field coupling between the filter and antenna. This results in an

increased footprint and significant losses that may cause higher system noise. Note that the

antenna and filter are positioned at the very front of the RFFE chain. Therefore any losses

in the first block of the architecture have the highest impact on the system’s overall noise

performance [9].

Compared to the antenna’s in-band gain response, a typical filter response is flatter in

the passband and sharper along the edges. When the antenna and filter are designed to have

overlapping pass-bands, the response at the band edges can degrade and lead to unwanted

signal distortions [10]. In a properly co-designed filtenna architecture, the antenna and filter

are seamlessly integrated to eliminate any degradation in the filter response. Additionally,

the filtenna has better out-of-band radiation suppression due to the incorporated filtering

functionality than a conventional antenna. This makes the filtenna a good candidate for

applications where interference due to cross-coupling between closely-spaced elements

needs to be eliminated.

1.3 Filtenna Synthesis Techniques

Several methods have been presented in the current literature to design and implement a

filtenna unit. Most of the proposed designs can be categorized into three broad categories -

(i) the direct-integration or cascaded filter-antenna approach, (ii) the fusion method, and (iii)

filtenna synthesis based on coupled-resonator theory using bandpass filter synthesis.

In the direct-integration approach of filtenna design, filtering circuits are directly cas-

caded into the antenna structure either through a matching network [11]-[13], or directly

into the feed circuitry of the antenna [14]-[16]. The concept of directly-integrated filtenna
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is illustrated in Fig. 1.3(a). The main goal of this design methodology is to eliminate the

use of lossy and complex transitional networks between the filter and antenna. However,

this method still requires independent design and implementation of the filter and antenna

section. The discontinuities between the two passive devices also lead to parasitic modes,

affecting overall radiation performance. The imperfect connection between the filter-antenna

interface due to bandwidth mismatches in the two devices may cause signal distortions at

the band edges. The design and implementation of filtennas using the direct-integration

approach does not lead to significant SWaP benefits or system performance improvements.

A recently popular filtenna design approach, more oriented towards the antenna’s per-

formance optimization, involves the elimination of any filtering circuits and is known as

the fusion technique. The basic concept is to shape the gain response of the antenna to

resemble that of a bandpass filter as seen in Fig. 1.3(b). Eliminating additional filtering

circuits removes the effect of insertion loss on the overall system, thereby improving the

noise performance. The gain response of the antenna is shaped by adding resonant structures

in parallel with the antenna to realize radiation nulls across frequencies. These parasitic

structures resonate outside the antenna’s passband and typically do not affect the in-band

radiation performance. One of the drawbacks of the fusion method is the design complexity

involving the generation and placement of transmission zeroes in the gain response. There

is limited control over the bandwidth of the in-band gain response, and the out-of-band

rejection level is not as high as a typical filtering response.

A different method to design and implement filtennas is by applying the coupled-

resonator theory commonly used for synthesizing bandpass filters. In a conventional band-

pass filter, resonators form the building blocks, which are electromagnetically coupled

with each other to attain a specific filtering performance. When applied to the design of

filtennas, the antenna replaces the last resonator of the bandpass filter. As seen in Fig. 1.4,

the resonator is represented by an equivalent LC tank circuit, and the antenna is modeled
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Figure 1.3: Filtenna Design Approaches (a) Tradition Cascaded design with a narrowband band-pass
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Figure 1.4: Coupled-resonator synthesis method representation for a second-order filtenna consisting
of a resonator, represented by an LC tank circuit, and the antenna. The antenna is modeled as a shunt
resistor–inductor–capacitor resonator, with R representing the radiation resistance. The J-inverter,
J12, represents the coupling between them.

as a lossy resonator with the resistance corresponding to the radiation losses. The antenna

performs double duty by contributing an additional pole to the filtering response while also

performing the radiation functionality in the same module. Due to the elimination of an

additional resonator, there are immediate SWaP benefits for the overall system. Additionally,

the coupled-resonator method of filter synthesis enables seamless integration of the filter and

Table 1.1: Summary of different filtenna synthesis techniques

Method Description Advantage Limitation
Direct Integration BPF cascaded into antenna

feed directly, or through a
matching network

Elimination of complex
transitional interfaces

Signal distortions at band-
edges, and large footprint

Fusion Technique Parasitic resonant struc-
tures added to the antenna;
create transmission zeros in
gain response

No insertion loss from
extra-filtering circuits

Low out-of-band radiation
suppression and complex
design

Coupled-Resonator
Method

Antenna functions as the
last resonator of a BPF and
contributes to filtering re-
sponse

Compact module due
to lesser resonators and
higher out-of-band rejec-
tion

Insertion loss of filter ab-
sorbed into antenna effi-
ciency

8



antenna, with greater control over the filtering characteristics of the antenna, including the

out-of-band rejection performance. The in-band performance of the antenna in the filtenna

configuration is almost identical to that of the individual antenna structure. Given these

advantages, the bandpass filter synthesis method of filtenna design has been applied in the

design of filtennas throughout this work.

1.4 Reconfigurable Filtennas

Since a filtenna combines the functionalities of the two crucial passive devices constituting

the RF front end– filters and antennas – it is an ideal candidate for applying the concept of

frequency reconfigurability. The multi-functional capabilities of a frequency tunable filtenna

can further reduce the requirement of implementing different units to achieve functional

diversity, thereby attaining a more compact RF system with improved SWaP benefits.

Frequency reconfigurability is attained by incorporating a tuning element into the passive

structure. In an ideal scenario, a tuning element should exhibit low loss, low dc power

consumption, good linearity, high RF power handling, wide tuning range, high reliability and

precision, low area usage, and is preferably continuously tunable with a high tuning speed.

In practicality, no single tuning scheme can simultaneously satisfy all these requirements.

An appropriate tuning element is chosen based on its feasibility of integration into the

passive structure and the device’s intended applications.

Several tuning methods have been investigated in designing and implementing frequency-

agile filtenna designs. The most commonly used tuning scheme is electronic tuning through

active switching elements like semiconductor varactor diodes and PIN diodes [18]-[29].

Semiconductor tuning elements are of particular interest due to their compact structure, high

tuning speeds, and ease of availability. A PIN diode can be operated in two modes - the

”ON” state, which is forward-biased, and the ”OFF” state, which is unbiased. As a result,
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Radiating Patch

Bandpass Filter

Figure 1.5: Filtenna using DGS Structures proposed in [17]. The tuning concept is demonstrated
by using varying values of lumped capacitors. A direct-integration approach is used to combine the
radiating and filtering sections.

discrete frequency tuning states can be achieved by incorporating PIN diodes into the filtenna

structure [23]-[29]. In [29], a frequency-reconfigurable filtenna was designed by integrating

two PIN diodes into the filtering section. The filtenna is synthesized using coupled-resonator

theory and consists of an interdigital E-shaped resonator (IER), an interdigital coupler (IC),

and a slot antenna. Measured results showed that the device could operate at 5.2/5.5 GHz

with 1.21 dBi/2.32 dBi peak gains within the passband in the ON/OFF states, respectively.

For applications that require continuous frequency reconfiguration, semiconductor var-

actor diodes can be used in place of PIN diodes [18]-[30]. With varying bias voltages, the

variable junction capacitance of the varactor can be used to tune the capacitive reactance

in the passive structure. In [18], Tawk et al. presented a design in which a varactor-diode

tuned bandpass filter is incorporated into the feed-line of a wide-band Vivaldi antenna.

Tuning is achieved from 6.16-6.47 GHz, and the maximum antenna gain is 6.77 dB at the

highest tuning frequency. Alternatively, in [20], a third-order planar filtenna was designed
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by applying filter synthesis techniques to couple a patch antenna with two hairpin resonators.

Tuning varactor diodes were integrated into the filtering and radiating sections, and two

frequency-agile filtennas were presented. The first design demonstrated an increasing band-

width in the tuning range from 1.62-2.08 GHz, with the gain increasing from -7.3 to 3.6

dBi. The second filtenna exhibited a nearly static bandwidth across the tuning range from

1.65-1.9 GHz, with a gain variation from -6.1 dBi to 4.3 dBi.

Despite the popularity of PIN diodes and varactors in reconfigurable filtenna designs,

they exhibit some serious limitations in terms of increased RF losses, complex bias circuitry,

low-power handling as well as degraded linearity performance [31]-[33]. Alternatively,

optical reconfiguration techniques can be used to prevent non-linear behavior due to inter-

modulation distortions and avoid RF losses due to DC biasing networks. An optically-tuned

filtenna using photo-conductive switches is presented in [34], where a defected microstrip

structure (DMS) is used as the bandpass filter and is integrated with a printed patch antenna.

The photo-conductive switch operates from ”OFF” to ”ON” mode when the electrons move

from the valence band to the conduction band. This is achieved by illuminating the switch

with an appropriate light wavelength through a laser diode. A disadvantage of optical

switches is their lossy behavior and complex activation mechanism needed for using laser

diodes.

Generally, mechanical reconfiguration schemes using tuning elements like metal screws

or movable posts demonstrate a higher performance in terms of low losses, good linearity,

and a relatively high power-handling capacity. In [35], a millimeter-wave horn filtenna

is presented with mechanical tuning screws to vary the center frequency from 17.4 GHz

to 24 GHz. The filtenna is a metal-based implementation and is realized by combining

dual-post resonators with a pyramidal horn antenna. Another mechanically tunable filtenna

using tuning screws was presented in [36], where a coaxial cavity-based filter is formed

within a standard rectangular waveguide. The open port of the waveguide is used as the
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Figure 1.6: Mechanically-tuned mm-wave filtenna presented in [35]. Tuning screws are used to
reconfigure the center frequency of the dual-post cavity resonators in the filtering section.

radiating port, and tuning screws are accommodated in the preceding resonators to change

the frequency and bandwidth of the filtenna. The tunable range of center frequency is from

9.25 GHz to 10.75 GHz, while the fractional bandwidth is tuned from 2% to 8%.

The mechanically-tunable filtennas in [35] and [36] are expected to handle high powers

and demonstrate a linear performance due to the metal-based passive structures. However,

one of the drawbacks of such metal-based structures is that they are inevitably bulky and

cannot be easily integrated with other planar Printed-circuit Boards (PCB) RF designs. The

problem regarding the integrability of metal-based structures into other planar RF devices

can be solved by transitioning to a Substrate-Integrated Waveguide (SIW) implementation.

Mechanical reconfiguration in a SIW-based filtenna is presented in [37], where electronically-

controlled piezoelectric disks and linear actuators tune the filtenna’s center frequency across

S-band from 2-4 GHz. The piezoelectric disks are controlled through external bias voltage to

tune the resonator’s frequency. At the same time, linear actuators are deployed to physically
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Figure 1.7: Mechanically-tuned multi-order filtenna using metal-based coaxial resonators topology
presented in [36]

move a metal post that sits at the aperture of a slot antenna. The device was predicted to

handle a power greater than 23 dBm across the entire tuning range and up to a maximum of

42 dBm at 4 GHz.

Despite the performance benefits of mechanical tuning, one of the drawbacks is that the

achievable tuning speed is very low, especially when compared to semiconductor switches

that exhibit tuning speeds in the range of microseconds. Additionally, there are potential

problems with tuning reliability of mechanical actuation elements due to the necessary

physical displacements, which result in repetitive stress, mechanical fatigue, or wear of one

or more components over time.

A summary of the widely-used tuning schemes in current filtenna literature is given in

Table 1.2. As a result of the different performance trade-offs in the present state-of-the-art
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Figure 1.8: Octave-tunable filtenna presented in [37] for S-Band (2-4 GHz) applications.

Table 1.2: Performance comparison of popular tuning schemes used in tunable filtennas

Technique Components Attributes

Semiconductor
diodes

- PIN diodes
- Varactors

- Discrete tuning with PIN diode
- Continuous tuning with varactor diode
- Easy integration and high response time
- Low to medium bias voltages
- Low power handling and linearity
- Low quality factor and higher losses

Optical - Photoconductive switch

- No bias circuitry required
- High linearity performance
- Laser diode activation required
- Switches may add losses

Mechanical
- Tuning screws, posts
- Piezoelectric actuators
- Motor Actuators

- Continuous tuning states
- High power-handling and linearity
- Low reliability and tuning speeds

tuning technologies, the current literature on tunable filtennas has not been extensively

explored, especially for high-frequency applications above 6 GHz. Due to the space limi-

tations at higher microwave frequencies, there are several challenges in accommodating a

tuning mechanism into the passive RF module. Furthermore, the loss mechanisms at higher
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frequencies are more pronounced, and the chosen tuning scheme should not further add

losses and degrade the overall system performance. Due to these difficulties, few tunable

filtenna designs have been demonstrated at higher frequencies. Simple electrical-size scaling

of the designed tunable filtenna from a lower to a higher frequency does not work, and a

complete redesign of the filtenna structure and tuning scheme is necessary.

1.5 Thesis Outline

This thesis aims to investigate various performance trade-offs in state-of-the-art tuning

technologies and, based on that knowledge, implement frequency-agile filtennas. Since the

accommodation of tuning elements into the filtenna structure is particularly challenging for

high-frequency applications, the frequency scalability of a tunable filtenna element is also

investigated in this work. An essential aspect of the present work is ensuring the proposed

designs’ manufacturing feasibility while optimizing the filtenna’s performance across the

tuning range.

In Chapter 2, the fundamental theory behind the design of microwave filters using

coupled-resonator theory is discussed. The conventional filter synthesis techniques are

applied in filtenna design to integrate the radiating element into a bandpass filter seamlessly.

Furthermore, the process of time-domain tuning, which is applied to quickly tune filtennas

throughout this work, is briefly explained.

The design and implementation of the first building block of a filtenna, which is a tunable

microwave resonator, is detailed in Chapter 3. The evanescent-mode cavity topology is

used to realize the filtenna’s first resonator. The resonator’s theoretical modeling and SIW

implementation with a contactless-capacitive tuning scheme are detailed. The resonators are

designed, fabricated and tested for S-band and X-band applications.

Chapter 4 details the design of a second-order contactless-tuned filtenna for S-band
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applications. First, a tunable cavity-backed slot antenna, which functions as the last building

block of the filtenna, is simulated and fabricated. The antenna is then seamlessly integrated

into a tunable filtenna using filter synthesis techniques described in Chapter 2. As a proof-

of-concept, the filtenna is fabricated, and experimental results indicate that the filtenna can

operate across a frequency range of 2 GHz to 2.6 GHz.

In Chapter 5, the frequency scalability of the filtenna element for X-band (8-12 GHz)

applications is investigated. Electronic reconfiguration with varactor diodes is applied

in the design of a novel superstrate-loaded cavity-backed slot antenna. Two different

prototypes of the antenna are presented to highlight the trade-offs between tuning and

radiation performance. In the last section of the chapter, the varactor-tuned superstrate

loaded slot antenna is integrated into a tunable filtenna structure for X-band applications.

Chapter 6 details the practical limitations of tuning varactors for applications at mi-

crowave frequencies. Given that varactor diodes are used to implement a frequency-agile

antenna and filtenna for X-Band, the practical non-idealities of tuning varactors needed to

be evaluated. Specifically, the effects of a varactor’s quality factor on an antenna’s radiation

efficiency are addressed. Finally, a theoretical method of determining the quality factor of a

varactor diode is presented and validated through simulations.

In Chapter 7, a summary of the thesis work is presented, and the scientific impact is

highlighted. Additional future work is proposed to extend the performance scope of the

proposed frequency-agile filtennas.
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Chapter 2

Filtenna Design and Theory

In this chapter, the fundamental procedure of designing microwave filters is described and

applied to design filtennas. The basic concept of filter theory using coupled resonators

can be almost directly applied in filtenna design. However, since a filtenna incorporates a

radiating element as the last resonator, the procedure for synthesizing the desired filtering

response from a filtenna topology needs to be reconsidered. In order to efficiently and

quickly tune filtennas, a method of tuning filters in the time domain is applied throughout

this work. A basic summary of the time-domain tuning method, as applied in the design of

filtennas, is outlined at the end of the chapter.

2.1 Coupled Resonator Filter Theory

The general design of a filter starts with a low-pass prototype ladder network which uses

ideal capacitors and inductors as the building blocks [38]-[40]. The values of the elements

are defined by a set of filter coefficients called g-coefficients that generate a certain filter

type. For instance, the g-coefficients of an Nth-order Butterworth or maximally flat filter are

17



Qex k12ZS

f2

k23

fN

kN-1,N
Qex ZL

f1

N resonators

Figure 2.1: Circuit diagram of an Nth-order coupled-resonator filter (assuming only mainline
coupling). The resonant frequency of each resonator (fN ) and the respective field coupling between
the resonators as well as the external ports, are shown.

given by the closed-form expressions [39],

g0 = gN+1 = 1 (2.1a)

gk = 2sin

(
(2k − 1)π

2N

)
for k = 1,2,3, .....,N (2.1b)

where g0 and gN+1 correspond to the normalized source and load resistances or conductances,

and gk represents the value of either a series inductor or a shunt capacitor.

The abstract low-pass prototype filter can be easily transformed to generate a high-pass,

band-pass, or band-stop filter response at the desired frequency and terminal port impedances

for the system. This method of filter design based on the transformation of low-pass ladder

prototype networks is well-established and can be directly implemented for realizing lumped

element and planar filters [38]-[40].

Another design approach that Dishal proposed in [41] is more useful for synthesizing

direct-coupled resonator filters. The filter network is modeled by the different resonators

and coupling elements, as shown by the circuit diagram in Fig. 2.1. Considering a mainline

coupling topology and synchronous frequency tuning, the main parameters for filter synthesis

are: the external quality factor at the input port into the first resonator Qex1, the external

quality factor at the output port Qex2, the inter-resonator coupling coefficient ki,i+1, and the
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synchronous resonant frequency of each resonator f0. The values of the coupling coefficients

and the input/output quality factors are related to the g-coefficients of the low-pass prototype

and the fractional bandwidth, ∆, given as [39] [41],

Qex1 =
g0g1
∆

, Qex2 =
gNg(N+1)

∆
, ki,i+1 =

∆
√
gigi+1

for i = 1 to (N − 1) (2.2)

By mapping the coupling coefficients and external quality factors to the physical di-

mensions of the filter, the desired filtering response can be synthesized. The design curves

relating the coupling value and the physical design dimensions of the filter are generally

extracted using full-wave electromagnetic (EM) solvers.

2.1.1 Input External Coupling

The external quality factor, Qex1, at the input port of the first resonator, is generally extracted

by simulating a singly-terminated resonator [42]. The phase response of the reflection

function at the input port of the resonator can be used to determine Qex1. In order to isolate

the effect of the port on the first resonator, the loading effects of the excitation port on

the remaining resonators must be eliminated. Therefore, either all the other resonators are

short-circuited, or a singly-loaded resonator is used to extract the design curve for the input

external coupling, Qex1.

Based on the phase response of the reflection function S11, as illustrated in Fig. 2.2,

Qex1 is calculated by determining the points about the center frequency, ω0, where the phase

response changes by ±90◦, given as

Qex1 =
ω0

∆ω±90◦
(2.3)

where ∆ω±90◦ is the absolute bandwidth between the ±90◦ points, as depicted in Fig. 2.2.
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Figure 2.2: Method for extracting input external Q of a singly-terminated microwave resonator from
(a) the phase response of reflection coefficient, and (b) the group-delay of the reflection response

Alternatively, the input external coupling can also be determined from the peak group delay

of the reflection coefficient τS11(f0) given by the relation,

Qex1 =
2πf0 τS11(f0)

4
(2.4)

It should be noted that the reference plane of S11 in the EM simulation may include

an extra phase shift such that the phase of S11 is not centered around zero at resonance.

Corresponding to the phase shift, an extra group delay may be added, which can be accounted

for by properly de-embedding the reference plane for S11 in the simulation.

The external quality factor at the input port, for both a conventional filter and a filtenna,

typically corresponds to a 50-Ω feed line termination into the first resonator. Therefore, the

technique of extracting the input external coupling from a singly-loaded resonator can be

directly applied in the design of filtennas.
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2.1.2 Inter-Resonator Coupling

Based on the general theory of electromagnetic coupling, the coupling coefficient k of

coupled microwave resonators, irrespective of the specific physical structure, is defined on

the basis of a ratio of coupled to stored energy given as [42],

k =

∫∫∫
ϵE1 · E2 dv√∫∫∫

ϵ|E1|2 dv ×
∫∫∫

ϵ|E2|2 dv
+

∫∫∫
µH1 ·H2 dv√∫∫∫

µ|H1|2 dv ×
∫∫∫

µ|H2|2 dv
(2.5)

where E1 and E2 represent the electric field vector of the first and the second resonator,

respectively, and H1 and H2 represent the magnetic field vectors in the two resonators, as

seen in the concept diagram Fig. 2.3. The volume integrals of the fields encompass entire

affecting regions with permittivity of ϵ and permeability of µ. All the fields are determined

at the resonant frequency of the two resonators. In Eq. (2.5), the first term represents the

electric-field coupling between the two resonators, while the second term represents the

magnetic coupling.

A direct evaluation of the coupling coefficient using Eq. (2.5) requires full knowledge

of the field distributions and the space integrals, which are complicated to determine for a

given physical structure. Instead, full-wave EM simulations are generally used to determine

the coupling coefficient. A general method to extract the value of inter-resonator coupling is

by using the split-pole technique [39][42]. In Fig. 2.4, the concept of splitting the resonant

poles of two resonators is depicted. The two-coupled resonators, synchronously tuned at a

frequency of f0, are weakly coupled at the input and output ports to minimize the effects of

reactive loading from the ports. With an increased overlap of fields between the coupled

resonators, the magnitude response of the transmission coefficient shows a double peak

response. Due to the interaction between the two resonators, the resonant modes degenerate,

and the frequencies split into multiple modes.
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Figure 2.3: General concept of inter-resonator field coupling, as presented in [42].

The main effect of the coupling coefficient is on the bandwidth of the synthesized filter.

An increase of field interaction between coupled resonators results in a larger separation

between the split-peaks observed in Fig. 2.4, corresponding to a larger value of k. The

mathematical expression for determining the coupling coefficient is related to the locations

of the split peaks fa and fb given as [42],

k =
f 2
b − f 2

a

f 2
b + f 2

a

(2.6)

A universal formulation for the coupling coefficient that can be applied for both syn-

chronously and asynchronously tuned coupled resonators with electric, magnetic, or mixed-

coupling mechanisms is given by the following equation [42],

k = ±1

2

(
f02
f01

+
f02
f01

)√(
f 2
b − f 2

a

f 2
b + f 2

a

)2

−
(
f 2
02 − f 2

01

f 2
02 + f 2

01

)2

(2.7)

If the resonant frequencies of the first resonator f01 and the second resonator f02 are the

same, then Eq. (2.7) reduces to Eq. (2.6). The sign of the coupling is dependent on the

physical coupling structure, and the meaning of positive or negative coupling is rather

relative. If a particular coupling is referred to as a positive coupling, then the coupling that
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(a) (b)
Figure 2.4: (a) Split-pole Technique for extracting the coupling coefficient between coupled res-
onators in a filter topology (b) Split-pole method applied to extract coupling coefficient between a
filtenna and an antenna. Due to a very low unloaded quality factor of the radiating element, Qu2, the
peaks in the transmission response are washed down and difficult to distinguish.

has the opposite phase response is referred to as a negative coupling.

The traditional split-pole extraction method presents some challenges when applied in

the design and synthesis of filtennas. Observing the natural frequencies of coupled resonators

through steep peaks in the transmission coefficient only occurs when the resonators are

lossless or when their unloaded Q factors are relatively high. However, in a filtering antenna,

the last resonator is a radiating element, and therefore it functions as a lossy resonator

with a very low unloaded quality factor due to radiation losses. The steep peaks observed

under weak-external coupling will be severely degraded, resulting in one flat response, as

illustrated in Fig. 2.4(b). This may result in a large error in k12 calculation, or sometimes,

calculating it may not even be possible due to the disappearance of peaks.

In [43], a theoretical method is presented to accurately extract the coupling coefficient

in filtennas by removing the parasitic effect of the antenna’s radiation losses. The unique

relationship between the ABCD matrices of lossy and lossless networks is leveraged to

essentially remove the degradation of Q due to the lossy radiator. As a result, the two steep
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peaks observed in the transmission response can be re-extracted, and the split-pole technique

can be directly applied to extract the design curve corresponding to the inter-stage coupling

coefficient.

The equivalent circuit diagram of a filtenna, weakly coupled to the external ports, is

depicted in Fig. 2.5. The antenna, when modeled near resonance, can be considered as

an equivalent GLC resonator, where the conductance resulting from radiation losses is

represented as G2. The whole circuit network can be divided into three parts, corresponding

to the LC tanks of the two resonators and the lossy part, G2, represented by a single

matrix. The overall circuit response of the filtenna with lossy radiation conductance can be

represented by a cascaded ABCD matrix and is given by,

Am Bm

Cm Dm

 =

A1 B1

C1 D1

 ·

 1 0

G2 1

 ·

A2 B2

C2 D2

 = (2.8)

A1A2 +B1C2 +B1A2G2 A1B2 +B1D2 +B1B2G2

A2C1 +D1C2 +D1A2G2 C1B2 +D1D2 +D1B2G2

 (2.9)

Considering the lossless counterpart of the circuit in Fig. 2.5, with G2 = 0 signifying no

radiation losses, the resultant ABCD matrix cascade can be written as [43],

A′
m B

′
m

C
′
m D

′
m

 =

A1 B1

C1 D1

 ·

A2 B2

C2 D2

 =

A1A2 +B1C2 A1B2 +B1D2

A2C1 +D1C2 C1B2 +D1D2


(2.10)

Based on the intrinsic properties of ABCD matrices, A and D in the ABCD matrix

only contain the real part, while B and C only contain the imaginary part. Therefore the
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Figure 2.5: Circuit representation of weakly-coupled resonator-antenna topology for extracting the
inter-resonator coupling coefficient. The lossy radiator is represented by an additional conductance
G2. The respective ABCD matrices for each section are labeled.

lossless ABCD parameters can be determined from the lossy counterpart using the following

relations,

A
′
m = Re(Am) (2.11a)

B
′
m = jIm(Bm) (2.11b)

c
′
m = jIm(cm) (2.11c)

d
′
m = Re(dm) (2.11d)

In Eq. (2.11), A1, A2, D1 and D2 are real, while B1, B2, C1 and D1 are equal. The

transmission coefficient of the weakly-coupled resonators, excluding the radiation losses,

can be re-extracted from the following equation,

S
′
21 =

2

A′
m +B′

m/Z0 + C ′
mZ0 +D′

m

(2.12)

This numerical extraction method for determining the coupling coefficient in filtennas

relies on only one condition, which is to have weak coupling at the input and output ports.

As noted in [43], the method can be successfully applied in most filtenna topologies.
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2.1.3 Output External Coupling

In a typical filter topology, the input and output coupling structures correspond to 50-Ω

feed lines that couple into the first and last resonator of the filter. Furthermore, most filter

topologies are symmetric because the input/output (I/O) structures are identical. Therefore,

a single design curve for the external quality factor, extracted using the procedure described

in Section 2.1.1, is sufficient to determine the external coupling at both the input and output

ports.

A distinction between the conventional filter structure and a filtenna topology is the

existence of a radiating element at the output port of a filtenna. The antenna is the last

resonator and is coupled with the free space. The filtenna is asymmetrically loaded with

a 50-Ω feed-line at the input and a 377-Ω port resistance at the output, corresponding to

the intrinsic impedance of free space. In order to meet a given set of filter specifications,

the output external quality factor must be accurately matched with the theoretically derived

values.

In most filtenna designs, the output external quality factor is adjusted by optimizing one

or more physical dimensions of the radiating element. The reasoning applied is based on

intuition, where it makes sense to adjust the free-space coupling by controlling the radiation

properties through the antenna element. However, the theoretical foundations and extraction

methods of a filtenna’s second external coupling using the radiating element have been

somewhat inconsistently discussed in filtenna literature.

The subject of filtenna’s external quality factor was thoroughly investigated in [44],

specifically by analyzing the field coupling between the antenna and free space. The study

established that the output external quality factor of a filtenna, Qex2, is equal to the lossless

radiation quality factor, Qrad, of the antenna element. Therefore, the external quality factor

of the radiating element is simply the quality factor from the power radiated by the antenna.
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The theoretical basis for Qrad is very well established in the field of antennas. However,

applying the antenna’s radiation quality factor in filtenna design was not well-communicated

within the filtenna community before the research work presented in [44].

With the added knowledge of the output external quality factor of a filtenna, a design

curve corresponding to Qex2 can be extracted by determining Qrad as a function of one

or more physical parameters of the radiating element. It should be noted that there are

several methods of extracting the lossless radiation quality factor of an antenna, which can

be directly applied in filtenna synthesis. A rather straight-forward method to obtain Qrad is

from the lossless antenna’s input impedance, as given by the equation [44],

Qrad(ω) =
ω

2R0(ω)

√
[R′

0(ω)]
2 +

[
X ′

0(ω) +
|X0|
ω

]2
(2.13)

, where R0(ω) is the antenna’s resistance, R′
0(ω) is the derivative of the antenna resistance

with respect to frequency, and X ′
0(ω) is the derivative of the reactance of the antenna with

respect to the frequency.

The discussion of the external output coupling of the filtenna completes the basic

overview of filtenna synthesis using traditional band-pass filter synthesis techniques. For a

general second-order filtenna topology, three main design curves are required to synthesize

a filtering response, corresponding to the input external quality factor Qex1, output external

quality factor Qex2, and the coupling coefficient k.

2.2 Time Domain Tuning

The parametric extraction method described in Section 2.1 to synthesize coupled-resonator

filters is a good initial step to achieve the desired filtering characteristics. However, separate

simulations of individual resonators are needed to distinguish and extract the individual

coupling mechanisms. When the final filter structure is simulated with the extract values
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of external and inter-resonator couplings, the filter response often needs further fine-tuning

to precisely match a given set of specifications. However, directly tuning each resonator

and coupling value from the filter’s frequency domain response can be difficult and time-

consuming. A more efficient method of tuning coupled-resonator filters with improved

accuracy was presented by Joel Philip Dunsmore using the time-domain response of the

filter [45]. The automated filter tuning method utilizes time-domain gating of the filter’s

reflection response to determine individual resonances and distinguish the different field

interactions between the resonators and at the input and output ports.

As an example, consider a three-pole coupled-resonator filter designed for a 20 dB

equi-ripple Chebyshev response seen in Fig. 2.6(a). By taking a windowed inverse Fourier

transform of the reflection response, the time-domain (TD) response of the filter’s S11

magnitude can be obtained as shown in Fig. 2.6(b). It is important to note that the center

frequency of the frequency span over which the Inverse Discrete Fourier Transform (IDFT)

is performed should be equal to the filter’s center frequency. Each characteristic null in the

TD plot corresponds to the individual resonances of the constituent resonators. The humps

represent the electromagnetic field interactions between the resonators and the input/output

ports. The first hump corresponds to the external coupling at the input port. The following

humps are sequenced as per the respective inter-resonator coupling between each resonator.

The last hump in the time-domain response is the external coupling at the output port.

These individual field interactions cannot be accurately singled out in the frequency-domain

response, Fig. 2.6(a). Therefore, introducing the automated time-domain tuning of filters

facilitates a quicker and more efficient means of synthesizing coupled-resonator filters.

Another advantage of the time-domain tuning technique is that it relies on only a single

filter port. Since the filtenna is a one-port device, the time-domain tuning can be easily

applied to fine-tune all filtennas designed using coupled-resonator theory. The mathematical

derivation and modeling of the time-domain tuning method are detailed in references [45]
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Figure 2.6: Example template of a three-pole Chebyshev band-pass filter response centered at
2.44 GHz with a 5% fractional bandwidth (a) Frequency-domain magnitude response of S21 and S11

and, (b) time-domain magnitude response of S11 with the distinct features labeled.

and [37]. A brief overview of the time-domain tuning procedure is provided in the following

sections.

2.2.1 Tuning Resonators

The nulls in the S11 time domain response indicate how precisely the individual resonators

are tuned to the center frequencies. A higher depth of the null corresponds to a precisely

29



            

          

    

    

   

 
 
  
 
  
 
 
  
  
 
 

         
      

            

          

   

   

 

  

  

 
  
 
 
  
  
  
  
  
 
 
 
  

         
      

(a)

            

          

    

    

   

 

 
  
 
  
 
 
  
  
 
 

         
      

            

          

   

   

 

  

  
 
  
 
 
  
  
  
  
  
 
 
 
  

         
      

(b)

Figure 2.7: Effect of mistuned resonators on the time-domain reflection magnitude response, The
first resonator is accurately tuned to the center frequency, whereas the second resonator is mistuned
as seen by the rise of the null from its minimum peak value. The direction of frequency shift is
evaluated from the group delay response (a) Over-tuned Resonator (b) Under-tuned resonator

tuned resonator. Further insight into the direction of error in the resonant frequency of each

resonator is attained by looking at the group delay response as a function of time, as seen

in Fig. 2.7. The sharp peaks of the ideal filter response in the positive vertical axes of the

30



group-delay response correspond to well-tuned resonances. If the peak of the resonator

being tuned is lower in magnitude than ideal and lies in the positive half of the group delay

TD plot, then the resonator is tuned higher in frequency as seen in Fig. 2.7(a). The opposite

effect is observed for a resonator tuned to a lower frequency than ideal, where the peak

value is negative, and the magnitude is lower than ideal, Fig. 2.7(b). Note that the reflection

time-domain response, Fig. 2.7(a), only shows the disappearance of the null irrespective of

over-tuning or under-tuning and does not provide a clear indication of the direction in which

the resonator’s center frequency is shifted. Therefore, the TD group-delay response should

be used in conjunction with the TD reflection response for tuning each resonator’s center

frequency accurately.

2.2.2 Tuning Field Couplings

Each hump seen in the time-domain S11 magnitude response is sequenced as per the

electromagnetic field interactions in the coupled-resonator filter topology, as pointed out

in the circuit diagram of Fig. 2.1. The first and the last humps correspond to the external

coupling at the input and output ports, respectively. To accurately tune the external coupling,

the direction of the null shift and the magnitude of the hump are used as references. If the

first null is shifted forward in time and the hump overshoots that of the ideal response, as

seen in Fig. 2.8(a), then the external coupling at the input feed is lower and needs to be

increased. Conversely, if the external coupling at the feed is too strong, then the time-domain

response shows the first null to be shifted backward in time, and the magnitude of the hump

is lower than ideal.

The inter-resonator coupling between each resonator, corresponding to the consecutive

humps after the external input coupling, follows a similar trend where an over-coupled

resonator indicates a forward shift in time with a higher magnitude, and an under-coupled
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(a) (b)

Figure 2.8: Tuning of external input coupling using the time-domain reflection response (a) Lower
than ideal Qext1 (b) Higher than ideal Qext2.

resonator depicts a backward shift in time with a lower magnitude, as seen in Fig. 2.9(a) and

(b) respectively.

                    

          

    

    

    

    

   

   

   

   

 

 
  
 
  
 
 
  
  
 
 

         
      

                    

          

    

    

    

    

   

   

   

   

 

 
  
 
  
 
 
  
  
 
 

         
      

(a) (b)

Figure 2.9: Tuning of inter-resonator coupling in time-domain (a) Under-coupled resonators (b)
Over-coupled resonators

An important aspect of the TD tuning method is to ensure that the filter is tuned in a

sequence, starting from the first external coupling at the input and then moving through

each field coupling until the output port. As illustrated in Fig. 2.8 and Fig. 2.9, if the first

input external coupling is mistuned, all the secondary resonances and coupling factors
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start to disappear in the time domain response. However, the effect of mistuned couplings

positioned later in time does not heavily impact the previous couplings. Some back and forth

is required throughout the tuning process. The recommended first step is maximizing the

depth of each null by tuning the individual resonators and then adjusting different coupling

factors, starting at the input port.

Although the time-domain tuning method dramatically simplifies and automates the

process of filter tuning, it can result in higher error accumulation through different iterations

of tuning each resonance and the coupling factors. Specific rules of thumb can be followed

to minimize these errors and ensure that the individual characteristic responses of the filter

can be discerned in the TD response. First, it is essential to set the center frequency of the

span under observation equal to the filter’s center frequency, which it will eventually be

tuned to. Second, the overall frequency span should be large enough to provide sufficient

resolution to differentiate between each filter section. However, the span should not be

too large, or the tuning sensitivity will be reduced due to a higher energy reflection. A

good design rule is to set the total frequency span at approximately 2 to 5 times the filter’s

bandwidth (BW ). Third, the start time can be set to t = −(2/πBW ), corresponding to the

delay of approximately one resonator on the minus side. Finally, the stop time should be

about 2 to 3 times the total filter delay, approximated at t = (2N + 1)/(πBW ), where N

is the number of resonators. The tuning method should begin with increasing the depth of

each null corresponding to the resonances in the filter, starting from the input port. Once

each resonator is tuned to the center frequency, the coupling factors can be adjusted, starting

from the input to the output port.
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2.3 Conclusion

An overview of the fundamental filter design using coupled-resonator theory for band-pass

filter synthesis was presented in this chapter. A filtenna, synthesized using coupled-resonator

theory, consists of two main building blocks: a resonator and an antenna that acts as a

resonator as well as a radiator. Due to the presence of the lossy radiator as the last resonator

of the filtenna structure, there are significant differences in the filtenna design process as

compared to the conventional filter synthesis method, which was addressed in detail. Finally,

the basics of time-domain tuning for efficiently tuning filters and filtennas using just one

port of the device. Based on the coupled resonator theory-based filtenna topology, the first

building block of a tunable filtenna is a tunable resonator topology. The specific resonator

technology, which is an evanescent-mode cavity, is discussed in detail in Chapter 3.
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Chapter 3

Tunable Evanescent-mode Cavity Resonator

In a frequency-agile filtenna topology, the first critical building block is the selection of

a tunable microwave resonator to achieve a specified filtering performance. Some of the

major requirements for such a tunable resonator include wide tunability, a high unloaded

quality factor to ensure low insertion loss, high power-handling capacity, and a small form

factor. A promising resonator technology developed to meet most of these requirements

is the evanescent-mode cavity resonator. Several high-performance miniaturized filters

with wide tunability, high power-handling capacity, and low losses have been presented

based on the evanescent-mode cavity topology[46]-[49]. This chapter details the theory and

implementation of evanescent-mode cavity resonator technology to realize the frequency-

agile filtenna’s first resonator.

An evanescent-mode (EVA-mode) cavity resonator is realized by inserting a metal post

at the center of a cavity, such that the post-top nearly touches the cavity ceiling. As seen in

Fig. 3.1, heavily loading the cavity by placing the metal obstacle results in the formation

of a highly sensitive capacitive region above the post due to the formation of an air gap

between the post-top and cavity ceiling.

The main advantage of a post-loaded cavity is the miniaturization and reduction in

the volume occupied by the resonator. As seen in Fig. 3.2, an EVA-mode cavity provides

approximately 96% volume reduction, as compared to a regular circular cavity, while
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Figure 3.1: Evanescent-mode cavity resonator model consisting of a centrally loaded metal post. (a)
3-D view (b) Top View (c) Side-view. The cavity radius a, post radius b, substrate height h, and gap
size g are the primary variables for the resonator
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Figure 3.2: Comparison of the volume and field distributions in a regular circular cavity and an
evanescent-mode cavity. Both cavities resonate at the same frequency of 9.5 GHz, but the EVA-mode
cavity shows a 97% reduction in the total volume as compared to the circular resonator, with a
forgiving 72% quality factor reduction from 5353 to 1516.
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maintaining the same resonant frequency of 9.5 GHz. This miniaturization benefit comes

at a graceful trade-off in the resonator’s quality factor, which shows approximately 72%

reduction from 5353 to 1516 compared to the unloaded cavity. Additionally, EVA-mode

resonators provide a wide spurious free range, greater than 35:1, as compared to an unloaded

cavity resonator which is less than 2:1 [46].

3.1 Piezoelectric Tuning Method

The presence of a metal post at the center of the cavity concentrates the electric field in

a small region above the post, making it amenable to capacitive tuning. By tuning the

gap between the post-cavity ceiling, the overall capacitive loading of the structure can be

varied, thus tuning the resonator’s center frequency. A popular technique to implement the

capacitive tuning of EVA-mode cavities is by attaching electromechanical actuators like

piezoelectric discs or RF-MEMS actuators on top of the flexible conductive cavity ceiling.

A piezoelectric disc-tuned EVA-mode cavity schematic is shown in Fig. 3.3. An externally

applied DC-bias voltage is used to actuate the flexible cavity ceiling mechanically. A thin

copper foil is typically used to form the conductive membrane. The resulting deflection of

the actuator changes the gap between the post-top and cavity ceiling on a µm scale, thereby

tuning the cavity’s resonant frequency.

Piezoelectric tuning technologies have been used to realize widely tunable and high-

Q evanescent-mode cavities [47]-[39]. In [47], an octave tunable filter from 2.3 GHz to

4.6 GHz is reported using piezo-disk tuned EVA-mode technology, with an unloaded quality

factor of 360 to 700. Substrate-integrated widely tunable EVA-mode cavity filters are

presented in [48] and [49] with piezoelectric disks for tuning the cavity’s critical gap size.

Despite the popularity of piezoelectric disks to tune EVA-mode resonators, the tuning

technology has several challenges that limit its use for high-frequency applications above
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Figure 3.3: Piezoelectric tuning of EVA-mode cavity resonator. The piezo disk needs external bias
voltage, typically in the range of ±180-200 V, to deflect the conductive diaphragm on a µm scale and
change the tuning capacitance above the post.

10 GHz [46]. The main disadvantage is the piezoelectric disc’s limited deflection range,

which is typically between 15-50 µm. The piezo disk actuation range is even more con-

stricted at higher frequencies due to the smaller sizes of the available piezo discs. As a

result, the achievable frequency tuning range of the resonator is severely restricted.

In order to achieve wide tunability with piezoelectric disk tuners, the initial critical gap

size between the post and cavity ceiling needs to be less than 5 µm, which complicates

the assembly of the tuner into the passive structure. An additional detrimental effect of

having a small starting gap is that it reduces the Power Handling Capability (PHC) of the

resonator [39]-[52] As seen in Fig. 3.2, about 90% of the total electric field is confined in

the small region between the post-top and the cavity ceiling. With large input powers, the

electric field density increases until a gas breakdown of the air-dielectric occurs in the gap,
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and the resonator is shorted. The initial gap needs to be as large as possible to increase the

power-handling capability.

An additional practical challenge encountered with the piezo-disk tuning scheme is the

issue of mechanical reliability. The membrane performance is affected by mechanical creep

and fatigue due to the repeated bending of the tuner across fixed attachment points. In addi-

tion, piezo hysteresis effects are observed as the actuation does not have a constant mode of

bending when the applied bias voltage changes in ascending versus descending manner. To

solve the mechanical reliability drawback, some closed-loop monitoring and control systems

have been proposed in [53], [54], and [55], to externally observe the tuner displacement.

Alternatively, piezoelectric actuation has been replaced with electrostatic actuation using

micromechanical systems or RF-MEMS switches with silicon micro-machining implemen-

tations [56]. However, these systems do not alleviate the requirement for a small initial

gap size and cause more manufacturing constraints or complexities due to the additional

sensitive assembly of the monitoring devices within the cavity. To overcome the aforemen-

tioned drawbacks, a different tuning concept is needed to implement high-performance

tunable EVA-mode resonators with simplified manufacturing and easier design scalability

for higher-frequency applications.

3.2 Contactless Capacitive Tuning Concept

A novel tuning technique was presented in [57] where long-range external linear actuators

were used to vertically displace a contactless conductive plate and tune evanescent-mode

cavity resonators. By avoiding the bonding of the tuner to the cavity, the contactless tuning

scheme showed substantial improvement in the PHC and mechanical reliability of the tuner.

The contactless tuning scheme is compatible with any actuator that can provide sufficiently

large vertical displacement. This tuning method has been applied to design high-power
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Figure 3.4: Concept of contactless tuning technique proposed in [57] for tuning EVA-mode cavity
filters. The cavity’s resonant frequency is tuned by increasing the gap size, g0, through the vertical
displacement of the tuner disc.

tunable filters up to Ka-Band [58] and in high-power impedance tuners [59].

A conceptual depiction of the contactless tuning scheme is shown in Fig. 3.4, where a

ring-gap capacitance is formed by shorting the central metal post of an EVA-mode cavity

resonator to the top metal wall. A floating tuner above the cavity forms capacitances with

the isolated post patch and the cavity walls. The gap size, g0, between the post-patch and the

tuner disc directly affects the capacitive loading on the resonator. As g0 increases, the overall

capacitive loading on the cavity is reduced - increasing the resonant frequency. Therefore,

the resonant frequency f0 of the cavity can be tuned by vertically displacing the tuner.
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3.2.1 Theoretical Model

The lumped element model of the tunable cavity resonator is shown in Fig. 3.4. Without the

floating tuner disc, the cavity has a fundamental TEM resonant mode due to the shorted coax-

ial transmission line, which contributes an inductance Lc, and the annular gap capacitance

Cring. The cavity inductance, Lc, is given as [60],

Lc =
60

ω
√
ϵr
tan

(
ωh

√
ϵr

c

)
ln

(
b

a

)
(3.1)

where b is the cavity radius, h is the cavity height, a is the post radius, c is the speed of light,

and ϵr is the dielectric constant of the cavity substrate.

When neglecting the copper thickness, the annular capacitance Cring is given as a

function of the patch radius r, and ring-width wr as [57],

Cring =
2πrϵ0(1 + ϵr)

ln
(
1 + wr

r

) ∫ ∞

0

[J0(ζr)− J0(ζ(r + wr))]
J1(ζr)

ζ
dζ (3.2)

where Jn is the nth-order Bessel function of the first kind.

The added conductive tuner on top of the cavity introduces additional capacitances

between the isolated center patch and the top wall. The floating tuner forms parallel

capacitances between the center patch, Ct1, and the cavity top wall, Ct2, as seen in Fig. 3.4.

An equivalent series capacitance, Ct12, is formed by the two capacitance Ct1 and Ct2 as

Ct12 =
Ct1Ct2
Ct1 + Ct2

=
ϵ0πr

2

g0b2
(
b2 − (r + wr)

2
)

(3.3)

The equivalent capacitance network is a parallel combination of Cring and Ct12, and is a
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function of the gap-size g0 expressed as

Ceq(g0) = Cring + Ct12(g0) (3.4)

In the presence of the tuner disc, the resonant frequency of the cavity ω0 is tuned by

varying the gap g0 through the vertical displacement of the tuner disc, as shown by the

relation

ω0(g0) =
1√

Ceq(g0)Lc
(3.5)

As shown in Eq. (3.4), the cavity consists of a fixed capacitance Cring and a variable

capacitance Ct12 as a function of g0. For a fixed value of the ring-gap wr, the variation of

Ceq is dominated by the value of r/b. In [57], the optimum value of the ring radius for

maximum tuning was found as r = 0.57b. Therefore, the general guideline for maximizing

the tuning range of the resonator is to adjust the ratio of r/b while maintaining constant f0

or constant Ceq for the same value of the critical gap size. Alternatively, the initial gap size

can be reduced to enable a larger tuning range.

3.2.2 Resonator Quality Factor

The total quality factor, Qtot, of the contactless tuned EVA-mode resonator consists of more

loss mechanisms than the traditional sealed EVA-mode resonator tuned with a piezo disk.

In addition to the conduction and dielectric losses, the ring-loaded cavity resonator also

consists of radiation losses due to the open ring circumference around the post-patch. The

total Q factor consists of the individual quality factor for each loss mechanism: conduction

loss Qcond, dielectric loss Qdie, and radiation loss Qrad, is given as [57],

Qtot =

(
1

Qcond

+
1

Qdie

+
1

Qrad

)
(3.6)
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The finite conductivity of the cavity walls causes the conduction losses and lowers the

conduction quality factor, Qcond. The effect of the conduction loss mechanism is maximum

for lower values of g0 due to larger capacitive loading of the cavity. Increasing the cavity

size will increase Qcond as the inductance Lc increases and more energy is stored within the

cavity. Furthermore, the optimum ratio between cavity and post radius for highest Qcond is

reported to be b/a = 3.6 [60].

The dielectric losses result from the finite loss-tangent, tan δ, of the dielectric substrate

inside the cavity, which has a dielectric constant ϵr. There exists a parasitic fringing

capacitance, Csub, emerging from the ring-gap and passing through the cavity substrate, as

seen in Fig. 3.5. Ideally, all the fields should pass through the air dielectric between the tuner

top and the cavity ceiling. However, for smaller values of ring radius r, the fringing fields

Csub can become quite significant, thereby reducing the value of Qdie. A larger value of the

copper thickness will increase Qdie by reducing the parasitic capacitance Csub as a larger

fraction of the fields will pass through the air. Additionally, a larger ring radius will increase

Ceq and therefore maximize Qdie. The losses due to the dielectric can also be minimized by

𝑪𝒕𝟐𝑪𝒕𝟏

Dielectric Substrate

(ε𝑟 , tan δ)
Post

𝒉 𝑪𝒔𝒖𝒃

𝑪𝒓𝒊𝒏𝒈

Parasitic fringing 

capacitance

𝒈𝟎
𝒕

Figure 3.5: Parasitic capacitance, Csub exists within dielectric between top wall and post. A large
value of copper thickness t ensures minimal fringing fields within the dielectric.
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choosing a substrate with a low value of the substrate loss tangent.

Lastly, the radiation losses which lower Qrad occur from the open ring aperture around

the post-patch. The value of Qrad can be maximized by reducing the ring length (2πr) and

the ring width wr. The effect of Qrad on the total Q of the cavity is negligible for smaller

values of g0 since the ring aperture is electrically smaller at a lower resonant frequency.

3.3 Realization of Contactless-tuned Resonators with SIW Technology

The most commonly used fabrication method for implementing EVA-mode cavity resonators

and filters is through the substrate-integrated waveguide (SIW) technology. Using the SIW

technology, almost any non-planar structure can be implemented in a planar form. This

significantly simplifies the integration of RF passive devices with other PCB-based designs.

For the EVA-mode cavity technology, the cavities loaded with central posts are realized by

creating boundaries of plated vias. Several design guidelines for SIW technology exist to

minimize performance degradation due to the replacement of solid metal walls with plated

vias.

The practical implementation of the contactless-tuned EVA-mode cavity resonators

using SIW technology is depicted in Fig. 3.6. The top conductive layer contains the ring-

gap circumference and the post-patch. In the bottom cavity ground plane, a Grounded

Co-planar Waveguide (GCPW) feed is implemented to couple RF energy into the cavity.

Weak external coupling, which is used to extract the unloaded quality factor, Qu, from the

S21 measurements, is realized by increasing the distance between the short-circuited end of

the GCPW slots and the cavity center. The substrate in between comprises the plated vias,

which form the cavity walls, feed lines, and the central post.

The iterative design procedure in [57] can be used to optimize the cavity’s dimensions

and achieve certain specifications for the frequency tuning range, power handling, and
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Figure 3.6: SIW implementation of the contactless-tuned evanescent-mode cavity resonator. The
exploded view of resonator layers is labeled in the figure.

quality factor. For starting the cavity design process, the largest possible values for the

cavity radius and cavity height are chosen, while the values of the ring radius and ring width

wr are minimized as per manufacturing constraints. The post radius a and minimum gap

size g0 is tuned to satisfy the TR and quality factor specifications. This procedure was used

to realize octave-tunable resonators for S-band and X-band applications, as detailed in the

sections below.

3.3.1 S-Band Tunable Resonator

Based on the trade-offs between tunability and quality factor, a contactless-tuned cavity

resonator is designed for S-Band applications. The design dimensions of the designed
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EVA-mode contactless-tuned resonator are shown in Fig. 3.7. The resonator is implemented

on Rogers TMM3 (ϵr = 3.27, tan δ = 0.002), with a substrate thickness of 125 mils and

copper cladding of 17.5 µm. The cavity radius is 14 mm (b), while the post-patch radius (r)

is 1.5 mm. As per fabrication feasibility, the ring width was minimized to a value of 250 µm.

The center post is formed using four smaller vias with a diameter of 0.4 mm. Using multiple

vias to form the post is essential to reduce the fringing electric fields associated with Cring

that pass through the substrate. Based on the design guidelines for SIW structures in [61],

the diameter of the cavity via is 0.8 mm, and the spacing between vias is 1.57 mm.

2.9

0.3

6

14

12.25

0.8 

1.47

9.8

0.25

0.4 1
1.550

44.5

Figure 3.7: Design dimensions of the contactless-tuned resonator (in mm)

The full cavity is designed and simulated using ANSYS High-Frequency Structure

Simulator (HFSS) in a Modal Solution set-up. The cavity and post vias are assigned as
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Gap Size

Figure 3.8: Simulated transmission response, S21 of the contactless-tuned resonator exhibiting
continuous tuning from 1.75 GHz to 3.9 GHz.

finite conductivity boundaries, with an assigned conductivity of copper (5.8 ×108 S/m).

Due to the sensitivity of the gap size above the post, additional mesh operations should

be added to the post-top to ensure the accuracy of the simulated design. The ring gap and

the gap g0 above the post are assigned the material properties of air. The boundary on the

ring circumference is assigned as the Perfect magnetic conductor (Perfect-H) boundary to

emulate the radiation fields on the open aperture. Simulation results of the resonator’s S21

transmission response are shown in Fig. 3.8. As the gap size varies from 18 µm to 900 µm,

the resonator shows continuous tuning from 1.75 GHz to 3.9 GHz.

A prototype of the designed resonator was fabricated, as seen in Fig. 3.9. The surface

ring and the GCPW feed were patterned using the LPKF Proto-Laser U4 machine. The

floating tuner disc shown in Fig. 3.6 is realized by routing a circular plate from a 60-mil-thick

Rogers 4350B substrate. Linear actuators provided by M3-L technologies were used for

vertically displacing the tuner [62]. The M3-L module is packaged in a compact module

with an integrated driver and close-loop control system to direct motion commands from a

standard serial interface. These actuators provide a total travel range of 6 mm, with a step
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Figure 3.9: Fabricated Prototype for contactless-tuned resonator (a) Top-View and Bottom-view (b)
Full assembly with long-range M3-L Linear actuators.

size of 0.5 µm. The provided actuation range is enough for the resonator to tune across the

simulated frequency range from 1.75 GHz to 3.9 GHz. A 3D-printed mounting structure

was constructed to hold the linear actuator. The mount is assembled on top of the substrate
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Figure 3.10: Measured transmission response of the contactless-tuned resonator, exhibiting tuning
from 1.79 GHz to 3.9 GHz. The initial gap is about 20 µm, and the total actuation range is 550 µm,
as extracted from measurements.

using nylon screws. The circular PCB plate is attached to one end of the actuator using

quick-setting epoxy. A picture of the complete assembly with the mounting structure is

shown in Fig. 3.9(c).

The measured transmission response of the fabricated resonator, as seen in Fig. 3.10,

shows continuous frequency tuning from 1.79 GHz to 3.9 GHz, with 74% tuning. The

required actuation range is approximately 980 µm. The simulated and measured unloaded

resonator quality factor, Qu, is plotted in Fig. 3.11. A best-fit polynomial curve is applied to

characterize the variation of Qu across the tuning range. As the gap size is decreased, the

simulated Qu increases from 382 to 578. The measured quality factor ranges from 311 to

571 when the resonator is tuned from 3.9 GHz to 1.8 GHz.

The primary loss mechanism for smaller values of g0 is due to conduction losses. For

the curve corresponding to simulated Qu, it is observed that the quality factor shows a slight

improvement and reaches a peak value with increasing frequency. This is mainly due to

the dominance of Qcond, which increases with frequency, as noted in Section 3.2.2. After a
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Figure 3.11: Comparison of the unloaded quality factor for the simulated and measured S-Band
contactless-tuned resonator

resonant frequency of about 2 GHz, there is a downward trend of Qu due to the dominance

of Qdie and Qrad, which decrease with increasing frequency. The Qdie reduction is primarily

due to the Csub effect that forces some fringing electric fields to pass through the cavity

substrate.

The degradation of measured and simulated Qu at the higher end of the frequency tuning

range is also due to the radiation leakage from the ring-gap circumference, which reduced

Qrad. The ring is electrically larger at higher frequencies, so the radiation leakage increases

with the ring’s circumference. However, the measured quality factor is still higher than

300 across the whole tuning range from 1.79 GHz to 3.9 GHz. The overall deviations in

measured and simulated resonator quality factors across the tuning range can be attributed

to fabrication tolerances. Specifically, the resonator is simulated with an ideal copper
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Figure 3.12: Design Dimensions of the X-Band EVA-mode resonator implemented with contactless
tuning scheme

conductivity of 5.8 ×107 S/m. In practical implementation, attaining the ideal copper

conductivity through in-house electroplating processes is challenging. The imperfect copper

deposition may result in non-zero surface roughness in the plated via holes of the cavity

and post. Therefore, some deviations in the measured quality factor are expected for the

in-house fabricated resonators. Despite this, the overall quality factor of the octave-tunable

resonator remains greater than 300 across the entire tuning range.

3.3.2 X-Band Tunable Resonator

To demonstrate the frequency scalability of the contactless tuning scheme, the design of an

X-band tunable EVA-mode cavity resonator is presented in this section. The same procedure

outlined in Section 3.3.1 is followed to achieve a tuning range of at least 8-12 GHz.

The final design dimensions of the simulated X-band resonator are shown in Fig. 3.12.

The resonator is implemented on a 60 mil thick Rogers 3003 substrate with a dielectric

constant of ϵr = 3. As seen from the simulated transmission response in Fig. 3.13, the

resonator demonstrates frequency tuning from 7.8 GHz to 12.1 GHz. The initial gap size
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Figure 3.13: Simulated transmission response, S21 of the contactless-tuned resonator exhibiting
continuous tuning from 7.8 to 12.1 GHz.

needed is 36 µm, and the total actuation range is approximately 648 µm.

The unloaded quality factor, Qu of the resonator, was extracted from the transmission

response, and the variation of Qu across the tuning range is plotted in Fig. 3.14(a). At the

lower resonant frequency of 7.8 GHz, the quality factor is 750. With increasing gap size,

Qu shows a slightly increasing trend until 8.5 GHz. As noted previously in Section 3.2.2,

this is due to the dominant conduction loss mechanism, which improves with increasing gap

size. Beyond this point, the resonator Qu curve shows a downward decreasing slope until

reaching a minimum Qu of 458 at the highest tuning frequency of 12.1 GHz. The decrease

in Qu is again attributed to the radiation losses at higher frequencies.

Overall, the quality factor of the resonator remains greater than 450 across the entire

tuning range, which is higher than the octave-tunable S-band resonator in Section 3.3.1. This
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is because of the inherent trade-off between the tunability and quality factor of EVA-mode

resonators [57]. The X-Band resonator is designed for a tuning ratio of 1:1.55, whereas the

resonator in Section 3.3.1 demonstrated a tuning ratio of 1:2.2, from 1.71 GHz to 3.9 GHz.

3.4 Conclusion

In this chapter, the realization of high-Q tunable resonators with evanescent-mode cavity

technology was established. Instead of the widely used electronically controlled piezo-

electric disks, a contactless-tuning scheme using external long-range linear actuators was

implemented to realize high-Q octave tunable resonators with simplified manufacturing

processes. To demonstrate the frequency scalability of the contactless-tuning scheme, res-

onators were designed at both S-band and X-band. The resonators, realized using SIW,

showed a quality factor greater than 300 across the tuning range.

(a) (b)

Figure 3.14: (a) Extracted Quality factor with a curve-fit for the extract Qu data points. (b) Tuning
curve for the X-band resonator - Gap size as a function of the resonant frequency.
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The contactless-tuned evanescent-mode resonator technology has been used throughout

this work to realize the filtenna’s first building block, which is a high-performance microwave

resonator. The contactless tuning scheme using external long-range linear actuators is also

applied in the design and development of a tunable slot antenna and a tunable filtenna, as

detailed in the next chapter, Chapter 4.

54



Chapter 4

Tunable Antenna and Filtenna for S-band Applications using

Contactless Tuning

The tunable evanescent-mode cavity resonator technology, presented in Chapter 3, is used

to design the filtenna’s first building block. The second building block of the filtenna is

the antenna which contributes a second pole to the filtering response while also providing

radiation functionality. In this work, a slot antenna structure is chosen due to its easy

integration into a planar structure. Slot antennas can also be accommodated with a cavity-

backing to enable uni-directional radiation, which is beneficial for array integration.

The first section of the chapter presents the design and implementation of a tunable slot

antenna integrated with an evanescent-mode cavity resonator. By leveraging the contactless

capacitive tuning of the resonator, the antenna’s operating frequency is made reconfigurable

across a wide range. Next, the tunable cavity-backed antenna is integrated into a filtenna

architecture using traditional filter synthesis techniques. The concept, design, implementa-

tion, and measurement results of both the antenna and filtenna are discussed in detail. A

power-handling capability analysis is also documented to investigate the performance of the

tunable devices under high-power operating conditions.
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4.1 Contactless-tuned Cavity Backed Slot Antenna

4.1.1 Antenna Design and Tuning Concept
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Figure 4.1: 3-D view and top view of the proposed ECBSA integrated with contactless tuners.
Primary design variables of the annular slot aperture and the GCPW feed structure are labeled, and
the values are listed in Table 4.1.

The passive antenna structure is realized by isolating an annular slot aperture in the

ground plane of a ring-gap loaded EVA-mode cavity resonator, as seen in Fig. 4.1(a). The

overall design is implemented using SIW technology with metal vias that form the post and

cavity walls. A flared-wing grounded co-planar waveguide (GCPW) feed is used to couple

RF energy into the antenna. Primary design dimensions of the antenna and feed are labeled

in Fig. 4.1(b).

To accommodate frequency reconfigurability, the contactless tuning method proposed

in [57] for tuning EVA-mode cavity filters is used. The addition of the radiating slot in the

cavity’s ground plane significantly changes the tuning behavior of the cavity structure. The

resonant frequency of the dominant mode as a function of the tuning gap g0 for an unloaded
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and a slot-loaded cavity is plotted in Fig. 5.9(a). An additional loading effect of the slot

aperture is observed due to the magnetic field perturbation in the cavity, which increases

the current path along the slot’s perimeter. As a result, the tuning curve is shifted down to

lower frequencies. Furthermore, there is a decrease in the frequency tuning sensitivity as a

function of g0 due to the slot’s loading effect. The antenna’s tuning range can be optimized

by adjusting the physical dimensions of the cavity and slot aperture.

An antenna prototype was designed based on the evaluation of the trade-offs between

tuning range and radiation efficiency. The substrate used for the antenna is Rogers TMM3

(ϵr = 3.27, tan δ = 0.002), with a thickness of 125 mils. Based on the design guidelines for

SIW structures in [61], the diameter of the cavity via, ϕvia, and post vias, ϕa, is 0.8 mm and

0.4 mm respectively. The spacing between vias, pvia, is 1.57 mm.

Based on the iterative design procedure in [57], dimensions of the cavity radius b, post

radius a, and ring radius r are optimized for a given substrate thickness h to ensure a wide

tuning range of the unloaded cavity. The cavity’s ring-gap width, wr, is minimized for

low radiation leakage through the ring aperture. All the design dimensions of the ECBSA

prototype are listed in Table 4.1.

A parametric study was completed to investigate the effect of the slot’s physical dimen-

sions on the resonant frequency f0 and the frequency tuning range. The cavity dimensions

were held constant while varying the physical dimensions of the slot. First, the radial

distance between the slot edge and post center, Rslot, is varied to determine the location of

the radiating aperture in the cavity. As seen in Fig. 5.9(b), maximum tunability and largest

aperture are achieved when the slot is located towards the edge of the cavity. The slot angle

θslot has the most significant impact on the tuning range of the antenna, Fig. 5.9(c). In-

creasing θslot results in a larger slot length, which is imperative for high radiation efficiency.

However, the tuning sensitivity of the slot-loaded cavity also decreases with a larger θslot.

Therefore, there is an inherent trade-off between the tunability and radiation performance
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(a) (b)

(c) (d)

Figure 4.2: Parametric analysis of resonant frequency tuning behavior of ECBSA as a function of
gap size g0. Default values for the variables are listed in 4.1 (a) Comparison with an unloaded cavity
(b) Effect of the slot radius - Rslot (c) slot angle - θ0, and (d) slot width - wslot.
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Table 4.1: Dimensions of the ECBSA using contactless tuning scheme

Slot width wslot 3.6 mm

Slot radius Rslot 12.5 mm

Slot angle θslot 176◦

Cavity radius b 14 mm

Post radius a 1 mm

Cavity height h 3.175 mm

Ring width wr 250 µm

Ring radius r 1.5 mm

Feed radius fr 11 mm

Feed Angle fθ 54.1◦

GCPW length lf 9.4 mm

GCPW gap gf 0.3 mm

GCPW width wf 3 mm

in this class of slot-loaded EVA-mode cavities. The width of the slot does not significantly

affect the resonant frequency nor the tuning sensitivity of the antenna, Fig. 5.9(d). Therefore,

in the proposed ECBSA structure, the slot angle and radius are the two major parameters

that can be used to optimize the tuning range.

The magnitude of field distributions in the slot-loaded cavity, operating in its funda-

mental TM010 mode, is shown in Fig. 4.3. The strongest regions of the electric (E) field

are concentrated around the surface ring gap and above the post (Fig. 4.3(a)), where the

capacitive loading is maximum to accommodate tunability. The E-field is transversal across

the slot width, with its maximum around the center of the slot’s arc length. Correspondingly,

the magnetic (H) field, as seen in Fig. 4.3(b), is maximum at the terminated ends of the slot

aperture and minimum at the center. Note that there is a significant H-field presence around
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Figure 4.3: Magnitude (in dB) of (a) Electric-field (b) Magnetic-field and (c) Surface current
distributions on the slot-loaded EVA-mode cavity operating in its first mode. The 3-D radiation
pattern of the linearly-polarized ECBSA is shown (d).
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the ends of the GCPW feed due to the strong input coupling into the cavity. As seen in

Fig. 4.3(c), the magnitude of surface current decreases from the slot edge to the center. The

field distributions resemble a half-wavelength slot resonating in its first resonant mode. The

3-D radiation pattern of the ECBSA in Fig. 4.3(d) shows that the maximum gain is directed

perpendicular to the slot aperture due to the presence of the cavity-backing.

4.1.2 Simulated Antenna Design

Simulation results of the antenna’s S11 magnitude response are shown in Fig. 4.4(a). The

antenna can be tuned from 1.6 GHz to 2.6 GHz, with an initial gap of 20 µm and a total

actuation range, ∆g, of 430 µm. A return loss of greater than 10 dB is maintained across

the tuning range.

As seen in Fig. 4.4(b), the peak realized gain ranges from 1.75 dB at 1.7 GHz to 5.6 dB

at 2.6 GHz. The total antenna efficiency varies from 30% to 80% from 1.7 to 2.6 GHz.

Reduction in radiation efficiency at the lower end of frequency is mainly due to the reduced

electrical length of the slot aperture at 1.71 GHz, which is 0.31λg as compared to 0.49λg at

2.6 GHz, where λg is the guided wavelength which is determined using

λg =
λ0√

0.5 (ϵr + 1)
, (4.1)

where λ0 is the free-space wavelength, and ϵr is the relative permittivity of the cavity

substrate. The relation in (4.1) is given as a first-order approximation for the effective

dielectric constant inside the cavity.
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(a)

(b)

Figure 4.4: (a) Simulated Response of the S11 frequency tuning with a gap size variation of 20µm-
450µm. (b)Simulated Peak Realized Gain and Antenna Efficiency across the antenna tuning range
from 2 GHz to 2.6 GHz.
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4.1.3 Fabrication and Measurement

A prototype of the simulated antenna design was manufactured to validate the concept.

The floating tuner disc shown in Fig. 3.4 is realized by routing a circular plate from a

60-mil-thick Rogers 4350B substrate. Linear actuators provided by M3-L technologies

were used for vertically displacing the tuner. The M3-L module consists of an integrated

driver and close-loop control system which directs motion commands from a standard serial

interface. These actuators provide a total travel range of 6 mm, with a step-size of 0.5 µm

[62].

A 3D-printed mounting structure was constructed to hold the linear actuator. The mount

is assembled on top of the substrate using nylon screws. The circular PCB plate was

attached to one end of the actuator using quick-setting epoxy. The surface ring, GCPW feed,

and slot aperture were patterned using the LPKF Proto-Laser U4 machine. Images of the

manufactured antenna and the complete assembly with tuner mount structure are shown in

Fig. 4.5.

The manufactured antenna was measured with Agilent Technologies N5225A PNA

Network Analyzer. Measurement results of the S11 magnitude response in Fig. 4.6 show

that the antenna can be tuned from 1.71 GHz to 2.58 GHz while maintaining a return loss

of greater than 10 dB. The approximate actuation range ∆g is 508 µm for the fabricated

prototype, which is an approximately 18% increase from the simulated design. This slight

deviation is caused due to fabrication and mount assembly errors. A direct comparison of

the simulated and measured S11 curves is shown in Fig. 4.7. Across the tuning range of

the fabricated ECBSA, from 1.71 GHz to 2.58 GHz, the shape of the measured S11 curve

closely follows that of the simulated response.

In Fig. 4.7, g0 for the measured response is estimated as the effective gap size between

the capacitive tuning disk and the post-top. In practicality, the actual gap size cannot be
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Figure 4.5: Fabricated Prototype (a) Bottom-view with the feed and radiating slot aperture (b)
Top-View (c) Full assembly with the M3-L linear actuator and the 3-D printed mount. Dimensions of
the ground plane are 90 mm x 60 mm.

determined to a micrometer precision due to several non-idealities, including the uneven

surface and deburring effects along the edges of the post top and tuning disk. Additionally,
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Figure 4.6: Measured S11 magnitude response across frequency. The manufactured antenna shows
40% continuous tuning from 1.71 GHz to 2.58 GHz within an actuation range of approximately
508 µm.

the epoxy attachment of the disk to the end of the actuator can cause uneven contraction of

the tuning disk in the drying process. The major effect of these non-idealities is an imprecise

parallel-plate alignment of the capacitive disk as the linear actuator vertically displaces

it. The slightest misalignment of the tuner disc can alter the antenna’s tuning sensitivity.

Therefore, the effective gap size is an approximation to characterize the antenna’s tuning

behavior when subject to practical limitations.

The set-up for the radiation pattern measurements of the contactless-tuned ECBSA is

shown in Fig. 4.8. An additional support structure was constructed to hold the antenna

when measuring the radiation patterns across different cut planes. Measured radiation

patterns of the ECBSA are shown in Fig. 4.9. The antenna’s peak realized gain varies from

1.45 dB to 5.48 dB as the operating frequency is tuned from 1.71 GHz to 2.58 GHz. At

the operating frequency of 2.3 GHz, the measured gain is 4.85 dB. The degradation of

realized gain at the lowest frequency of 1.71 GHz is due to a smaller electrical length of
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Figure 4.7: Comparison of simulated (dotted line) and measured (solid line) S11 magnitude response
for the contactless-tuned ECBSA across the measured tuning range from 1.71 GHz to 2.58 GHz. The
effective gap sizes are labeled below the corresponding operating frequencies.

Standard Horn 

Antenna - Tx

Tunable 

ECBSA - Rx

Antenna Mount

(b)(a)

Figure 4.8: Measurement set-up in the anechoic chamber (a) Vertically-polarized (horizontal
orientation) (b) Horizontally-polarized (vertically oriented)
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Figure 4.9: Measured radiation patterns across the tuning range of ECBSA at 2.58 GHz, 2.3 GHz,
and 1.71 GHz. Both co-polarization and cross-polarization patterns are shown in two cut planes -
ϕ = 0◦ and ϕ = 90◦, as per the coordinate system defined in Fig. 4.3.

the slot at maximum loading. Additionally, a small gap size is required to tune the antenna

at 1.71 GHz. Due to the complications of accommodating the closed-loop control system

during chamber measurements, the gap size cannot be constantly monitored during radiation

pattern scanning. Therefore, even a small gap variation during measurements can shift down

the operating frequency of the antenna. Due to the narrow-band nature of the antenna, the

shift may correspond to a lower measured gain. In a practical application, the close loop

monitoring system will constantly be active during the antenna’s operation, and therefore

fluctuations in gap size can be accounted for by the actuator control system. Furthermore,

the above-mentioned non-ideal effects of the imprecise parallel plate alignment and gap size

sensitivities may cause detrimental effects only for very small gap sizes and is not an issue

for gap sizes larger than 30 µm.
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Note that the 3D mount structure assembly is on the opposite side of the main lobe

and does not significantly impact the co-polarized radiation pattern. However, the mount

does contribute to cross-polarization pollution. Other factors affecting the higher cross-

polarization level are feeding coaxial cables and the metal encasing of the linear actuator.

4.1.4 Power Handling Tests

For the proposed contactless-tuned ECBSA, the dominant power breakdown mechanism is

the ionization breakdown of the air dielectric in the capacitive gap between the post-patch

and the tuner. For critical gap-sizes of more than 10 µm, microwave discharge in gases is

found to be the major limiting factor for PHC in EVA-mode resonators and filters [51]-[50].

The majority of the electric field is concentrated in the sensitive capacitive region between

the post-patch and tuner plate. With increasing input power, the electric-field strength within

the capacitive gap rapidly increases until the microwave gas breakdown mechanism takes

place, as detailed in [51], [50], and [52].

To predict the peak PHC of EVA-mode-based resonators and filters, a method is presented

in [52] using full-wave electromagnetic (EM) solvers to extract the electric field in the

sensitive capacitive region of EVA-mode cavities. A simplified version of the procedure in

[52] is applied to predict the peak PHC, Pmax, of the ECBSA from ANSYS HFSS Modal

simulation,

Pmax =

(
Ebreakdown
Emax−sim

)2

× Psim (4.2)

where Ebreakdown is the air breakdown electric field 7.9 V/µm as reported in [50], Emax−sim

is the normalized maximum electric field extracted from the capacitive-gap between post-

patch and the tuner, and Psim is the input power of the modal simulation set-up which is set

at 1 Watt. As seen in Fig. 4.10, the fields are heavily concentrated in the critical capacitive

gap, so they can be directly extracted from the post-patch.
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Post Vias

𝑃𝑠𝑖𝑚 = 1𝑊
𝐸𝑚𝑎𝑥−𝑠𝑖𝑚 = 0.746 𝑉/µ𝑚

𝑓𝑜 = 2.3 𝐺𝐻𝑧

(a) (b)
Figure 4.10: Electric field distributions in the ECBSA when tuned to 2.3 GHz (a) Log magnitude of
E-field distribution throughout the structure, showing maximum E-field in the post-patch (b) Peak
electric field extracted from the capacitive gap.
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Figure 4.11: Block diagram of the high-power measurement set-up to test ECBSA’s power handling
capability.

To experimentally evaluate the power-handling capability of the proposed antenna, a

high-power measurement set-up, capable of providing up to 100 W of power, was assembled,

as illustrated in Fig. 4.11. The front end consists of a circulator, bi-directional coupler,

and pi-network attenuator to protect the power amplifier and signal analyzer (SA). The

bi-directional coupler’s coupled lines were used in conjunction with a spectrum analyzer and

SCPI scripts to record the magnitude of the incoming and reflected waves. The reflection
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coefficient was calculated by taking the ratio of the incoming and reflected waves.

Results of the high-power tests for the proposed ECBSA are shown in Fig. 4.10. To

evaluate the power breakdown mechanism, the S11 response of the antenna is tracked across

the tuning range for different input powers. Based on the operational frequency range of

the components in the measurement set-up, power-handling tests were carried out with

the antenna tuned to operating frequencies of 2.3 GHz, 2.4 GHz, and 2.6 GHz. The input

power was swept gradually up to a maximum of 100 W. At the operating frequencies of

2.58 GHz and 2.4 GHz, the ECBSA can handle more than +50 dBm, or 100 W, of input

power. The effective gap size corresponding to the operating frequency of 2.58 GHz and

2.4 GHz is 500 µm and 95 µm, respectively. Due to the deployed contactless tuning scheme,

the available range of gap sizes is much higher than the typically used piezoelectric discs. As

a result, the maximum power handling capability is much higher for the contactless-tuned

ECBSA at larger gap sizes.

When the antenna is tuned to a frequency of about 2.3 GHz, the antenna’s S11 response

shows performance degradation at 100 W. With a finer sweep of input powers, it was found

that the breakdown effects started to occur at about +49.4 dBm, or about 87 W. The slight

discrepancy between the simulated and measured breakdown power is attributed to non-

uniformity in the air gap and sharp edges formed on the post-patch during the fabrication

and assembly process [52]. The relatively lower PHC at the lower frequency is expected due

to the smaller gap size. The PHC of the proposed ECBSA design can be further increased

by redesigning the antenna to have a smaller tuning range and larger gap sizes across the

entire tuning range.
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Sim. Pmax  = 201 W
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(c) (d)

Sim. Pmax = 112 W

𝑓0 = 2.298 GHz

Figure 4.10: Measured S11 magnitude Response is tracked for different input powers and antenna
operating frequencies at (a) 2.58 GHz (b) 2.405 GHz (c) 2.3 GHz. The proposed ECBSA can
withstand over 100 W of input power at 2.58 GHz and 2.4 GHz. At 2.3 GHz, corresponding to a gap
size of 70 µm, the antenna exhibited breakdown at about 87 W (+49.4 dBm). A visual imprint of the
air-dielectric breakdown due to the concentration of E-field above the post is seen in (d).
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4.1.5 Performance Evaluation

Table 4.2 provides a performance comparison of the proposed ECBSA with other state-of-

the-art tunable cavity-backed slot antennas. The tuning range, TR, is calculated based on

the maximum frequency (fH) and minimum frequency (fL) of the tuning range, given as

TR =
(fH − fL)

(fH + fL)/2
× 100%. (4.3)

As seen in Table 4.2, the antennas tuned with semiconductor devices in [63] and [64]

exhibit a large tuning range with a small footprint. However, they have low power-handling

capacity, lower radiation efficiencies, and degraded linearity performance. The contactless-

tuned ECBSA presented in this work exhibits the largest tuning among the high-power

mechanically tunable antennas while also maintaining high linearity, good tuning reliability

(in terms of long-term operation), and a low profile.

Table 4.2: Comparison with state-of-the-art frequency reconfigurable cavity-backed slot antennas

Ref. Structure Tuning mechanism Tuning Range (TR) Speed PHC Reliability Electrical footprint (in λg*)

[63] SIW 4 PIN diodes 67% Very fast Low Low 0.6 × 0.4× 0.02 †

[64] Metal 1 Varactor 62% Very fast Low Low 0.4× 0.4× 0.02 †

[65] SIW 48 PIN diodes LP: 3.8% CP: 1.7% Very fast Low Low 0.7× 0.6× 0.01

[66] Metal 2 Tuning screws Single band - 13.6% Slow High High 0.7×0.7× 0.5

Wide band - 5.6% 0.9× 0.7× 0.6

Dual band - 11.5% / 18.3%

[67] Metal 1 Piezoelectric disk 25% Fast High Low 0.4× 0.4 × 0.08

This work SIW 1 Linear Actuator 40% Fast High ∥ High 0.6× 0.6× 0.03

PHC: Power Handling Capacity, LP: Linear Polarization, CP: Circular Polarization.

* Guide wavelength, λg, is approximately calculated at the center operating frequency fc of the tuning range.

† λg is calculated with respect to the dielectric inside the cavity for the two-dielectric layer structures.

∥ Power handling evaluation based on experimental results presented in this work.
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4.2 Contactless-Tuned Filtenna

4.2.1 Filtenna Design and Concept

The fundamental building block of the filtenna structure is an EVA-mode cavity resonator.

The central metal post of the resonator is short-circuited to the top conductive layer, and an

annular ring-gap aperture is isolated. The ring-loaded EVA-mode resonator forms the first

resonator of the second-order filtenna topology seen in Fig. 4.11. The second resonator of

the filtenna is an evanescent-mode cavity-backed slot antenna (ECBSA), which is realized by

patterning a radiating slot aperture in the cavity’s ground plane. The filtenna is implemented

with SIW technology in a single PCB substrate. Metal vias form the cavity walls and central

posts of the two resonators.

A conceptual depiction of the frequency tuning mechanism for the filtenna is illustrated in

Fig. 4.13 (a). By placing two contactless conductive plates above the ring-loaded EVA-mode

cavities, the structure can be capacitively loaded. The floating conductive plate introduces

Cavity-Backed Slot 

Antenna

EVA-mode 

resonator

GCPW Feed

Substrate

Contactless 

tuners

y

z

x

Figure 4.11: 3D view of the S-Band Filtenna
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Figure 4.12: Final dimensions of the designed filtenna: feed angle θf = 76.5◦, iris width dX =
10.3 mm, slot width wS = 1.4 mm. The ground-plane size is 70 mm×75 mm.

additional series capacitance above the ring gap, labeled as Ct1 for the EVA-mode cavity

and Ct2 for the ECBSA in Fig. 4.13 (a). By changing the vertical gap size g1 and g2 of the

cavity and ECBSA, respectively, the loading capacitances Ct1 and Ct2 can be varied, and

the center-frequency of both resonators can be tuned.
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(a)

EVA-mode cavity   

Slot-loaded cavity

(b)

Figure 4.13: (a) Contactless tuning scheme applied in the design of a filtenna (b) Comparison of the
tuning sensitivity for the individually tuned EVA-mode cavity and slot-loaded cavity, or ECBSA.
Default dimensions are shown in Fig. 4.12.
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As noted in Section 4.1, the frequency tuning behavior as a function of gap size is differ-

ent for the slot-loaded EVA-mode cavity as compared to the unloaded cavity. Considering

the cavity’s dominant TM010 mode, the addition of a radiating slot aperture perturbs the

toroidal magnetic field distribution in the cavity and increases the current path along the

slot’s perimeter. As a result of the field perturbation due to the slot structure, the tuning

sensitivity of the cavity’s resonant frequency as a function of the gap size reduces. A

comparison of the tuning curves for a slot-loaded and unloaded EVA-mode cavity, seen

in Fig. 4.13 (b), depicts the de-sensitization of the electric field in the capacitive-gap for

the ECBSA structure. As a result, the required vertical displacement to tune the antenna

increases by almost six times, as compared to the unloaded EVA-mode resonator.

4.2.2 Filtenna Synthesis Procedure

The individual building blocks of the filtenna and the contactless tuning scheme used for

frequency reconfiguration were detailed in Section 4.2.1. The next step is to integrate the

EVA-mode resonator and cavity-backed slot antenna into a second-order filtenna unit by

applying traditional bandpass filter synthesis techniques. The EVA-mode based filtenna

is implemented in a 125 mil thick Rogers TMM3 substrate (ϵr = 3.27, tan δ = 0.002).

The filtenna’s coupling routing diagram and the equivalent circuit model are illustrated

in Fig. 4.14. In order to synthesize a specific filtering response, the filtenna’s physical

dimensions must be designed to match the inter-resonator coupling coefficient k12, and the

external quality factors at the input, Qext1, and the output port, Qext1. For proof-of-concept,

a second-order Butterworth filtering response with 1.5% fractional bandwidth is synthesized

at a center frequency of 2.3 GHz. The required values of k12, Qext1, and Qext2 can be

calculated using Eq. (2.2) as,
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Figure 4.14: Concept of second-order filtenna realization depicted through coupling routing diagram
and the equivalent circuit representation. The radiating resonator, which is represented by an LC
circuit along with a radiation loss resistance, contributes an additional pole to the filtering response.

Qext1 = Qext2 = 94.28 and k12 = 0.0106 (4.4)

The external input coupling into the resonator, Qext1, is realized using a Grounded

Co-planar Waveguide (GCPW) feed. Additional semi-circular slots, forming a flared-wing

structure, are added to the end of the GCPW feed to increase the magnetic field coupling

between the feed and the cavity. The GCPW feed’s sector angle, θf , is primarily used for

adjusting Qext1, as seen in Fig. 4.15. Increasing the feed angle increases the coupling at
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𝜽𝒇

𝒇𝒘

Singly-terminated

resonator

(a)Figure 4.15: Qext1 as a function of GCPW Feed Angle with singly-terminated resonator

the input port. A stronger input coupling reduces the quality factor Qext1. The feed width,

fw, does not significantly impact Qext1, but it can be used for fine-tuning. It should be

noted that increasing the feed angle leads to additional loading of the structure due to an

increase in the total current path across the perimeter of the short-circuited GCPW wings. To

accurately extract Qext1, the cavity’s center frequency needs to be re-tuned by increasing the

cavity’s critical gap size. As described in Section 2.1.1, the simulation of a single-terminated

EVA-mode cavity resonator enabled the extraction of the design curve corresponding to

Qext1 as a function of the feed’s sector angle.

Next, the inter-resonator coupling between the EVA-mode cavity resonator and the

cavity-backed slot antenna is realized through an iris opening to facilitate an overlap of the

magnetic fields in the two cavities. The value of the inter-resonator coupling coefficient, k12,

is extracted as a function of the iris-width dx, as seen in Fig. 4.16. The method proposed in

[43] for extracting a filtenna’s coupling coefficient from the transmission response can be

78



      

               
 
     

 

     

     

     

     

    

     

     

     

  
 
 
 
  
 
 
  
 
  
  
  
  
  
  
 
 
 

 
  
         

 
 
  
  
 
  
 
  

 

𝒅𝒙

Weakly-coupled 

ports

(b)Figure 4.16: Extracted k12 function of the iris width using the split-pole technique.

used to extract the design curve corresponding to k12.

The external coupling between the radiating slot-loaded resonator and the free space

is adjusted to accurately match the value of Qext2. The free-space coupling mechanism

takes place through the radiating slot aperture. By matching the lossless radiation quality

factor of the antenna, Qrad, to the required value of Qext2, the specified filter response can

be generated. For the ECBSA, the Qrad value was primarily adjusted using the slot aperture

width, ws, since it has minimal impact on the antenna’s resonant frequency. The design

curve corresponding to Qext2 as a function of the slot width is plotted in Fig. 4.17.

The coarse tuning method using the coupled-resonator synthesis technique is an initial

step for designing the filtenna. Then, the time-domain tuning technique, described in

Section 2.2, is applied to fine-tune the filtering response. As seen in Fig. 4.18, the time-

domain response of the coarse-tuned filtenna mainly indicated a mistuned resonance of the
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Figure 4.17: Output External Coupling of the filtenna, Qext2 as a function of the ECBSA slot-width.
The design curve is extracted by analyzing the antenna’s impedance response.

antenna and a low external coupling at the input and output. After adjusting the respective

couplings, the final fine-tuned response closely matches the ideal time-domain response

based on the filter specifications.

The simulated frequency-domain response of the synthesized filtenna at a center fre-

quency of 2.3 GHz is shown in Fig. 4.19. The simulated filtenna displays a peak realized

gain of 4.7 dB at 2.3 GHz. By changing the critical gap sizes g1 and g2 of the resonator

and slot-loaded antenna, the designed filtenna is tuned across a frequency range of 2 GHz

to 2.6 GHz. The simulated peak realized gain is 3.2 dB at 2 GHz, increasing to 5.4 dB

at 2.6 GHz. The fractional bandwidth of the filtenna varies from approximately 1.32% to

1.6 from 2 GHz to 2.6 GHz, respectively. The variation in fractional bandwidth across the

tuning range is expected due to the different electrical lengths of the iris, which changes the

value of k12. At 2 GHz, the iris is electrically smaller, leading to an under-coupled response.
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At 2.6 GHz, the iris is electrically larger, which leads to an over-coupled response and a

wider bandwidth. Also, note that the S11 match is different across the tuning range from

2 GHz to 2.6 GHz due to varying electrical lengths of the input GCPW feed and the slot

length and aperture of the antenna at the output.

The maximum operating frequency of the filtenna is mainly limited by the maximum

operating frequency of the contactless-tuned ECBSA. As noted in Section 4.1, loading

the evanescent-mode cavity with an annular slot in the ground results in a perturbation

in the cavity’s magnetic field. As a result, the tuning sensitivity of the slot-loaded cavity

is reduced compared to that of an unloaded cavity. Therefore, the filtenna’s maximum

operating frequency corresponds to the maximum operating frequency of the contactless-

tuned ECBSA, which is 2.6 GHz.

Compared to a single antenna, the gain response of the filtenna shows a much higher out-
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(a)Figure 4.18: Time-domain magnitude response of S11 for the synthesized filtenna at a center
frequency of 2.3 GHz.
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𝑓𝑜 (GHz) 𝑔1 (µm) 𝑔2 (µm)

2 59 36.3

2.3 87.8 72

2.6 130 498

Figure 4.19: Simulated S11 magnitude response and realized gain of the synthesized filtenna across
the frequency tuning range from 2 GHz to 2.6 GHz. The corresponding tuning gap sizes for the
cavity (g1) and the antenna (g2) are listed in the inset table.

of-band radiation suppression across frequency, as seen in Fig. 4.20. This enhanced radiation

filtering characteristic can limit cross-coupling between closely spaced components, for

instance, in an array configuration.

The final dimensions of the filtenna are labeled in Fig. 4.12. Note that the ring radius

r and the post radius a of the EVA-mode resonator, labeled in Fig. 3.4, are designed to be

larger than those of the slot-loaded EVA-mode resonator. A larger ring radius increases

the minimum gap needed to tune the EVA-mode resonator at the filtenna’s lower operating

frequency of 2 GHz. The first advantage of increasing the cavity’s minimum gap size is an

increase in the power-handling capability of the filtenna. Additionally, to achieve very small

gap sizes, the fabrication and assembly of the tuning structure need to be extremely precise.

The second advantage of having a larger tuning gap size is that the filtenna is more resilient

toward manufacturing and assembly tolerances. Due to the possible difficulties of tuning the

small gap sizes due to manufacturing constraints, the minimum gap size to tune the filtenna
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Figure 4.20: Comparison of a single antenna and filtenna gain response across frequency. The
ECBSA and EVA-mode filtenna were tuned to a center frequency of 2.3 GHz for comparison.

is increased by slightly reducing the tuning sensitivity of the resonator.

Given that external linear actuators are used to tune the filtenna, a mounting structure

for holding the actuators is also required. To analyze the effect of the added mount, the

filtenna structure and the entire mount assembly, including the actuator metal box and

mounting screws, were added to the simulated model seen in Fig. 4.22. The actuator box

is made of aluminum, whereas the screws have a material assignment of PVC plastic with

a dielectric constant of 2.7. The mount body is constructed through stereo-lithography

(SLA) 3D printing. The specific material used for the mount is Grey Pro Resin from

Formlabs. The material’s dielectric constant is not published due to the resin mixture being

a proprietary technology of Formlabs. However, based on the reported characterization of

additive manufacturing materials, the Grey resin’s dielectric constant is approximately 2.8

for operation at S-Band [37][68]. The simulated radiation patterns, seen in Fig. 4.23, show
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𝑔′01 =58.9 µm

𝑔01 = 24.5 µm

𝑔′02 =130 µm

𝑔′02 = 52 µm

Figure 4.21: Effect of the resonator post and ring radius on the tuning sensitivity as a function of
the frequency tuning sensitivity. The variable a is for the post radius, and r is for the ring radius, as
labeled in Fig. 3.4.
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(a)Figure 4.22: Simulated filtenna model with complete mount assembly structure. The material
assignment for each assembly component is labeled in the figure. The added amount has no
significant impact on the radiation of the filtenna. As seen in the 3D radiation plot of the filtenna
tuned to 2.3 GHz, the main beam is directed away from the cavity backing.
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(b)
Figure 4.23: Simulated Radiation patterns of the filtenna with and without actuator mount structure
at different operating frequencies - 2 GHz, 2.3 GHz and 2.6 GHz.

that the tuning assembly has no significant impact on the co-polarized or cross-polarized

radiation patterns.

4.2.3 Experimental Results

A prototype of the contactless-tuned evanescent-mode filtenna was manufactured to validate

the design concept. The final fabricated filtenna with the entire tuner assembly is shown

in Fig. 4.24. The two circular tuner plates are routed out of Rogers 4350B copper-clad

substrate and attached to the actuator push-tip’s end using a flat-head screw. Extreme care

must be taken to minimize the deburring effects and surface roughness on the PCB plates.

The top copper should be polished as much as possible, especially above the post-patch and

ring gaps, forming the sensitive capacitive tuning gap. A quick-setting epoxy adhesive was

used to bond the circular plates onto the end of the actuator. The surface ring, GCPW feed

lines, and the annular slot aperture were patterned using the LPKF Proto-Laser U4 machine.
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The fabricated filtenna was measured with an Agilent Technologies N5225A PNA

Network Analyzer. The two linear actuator motors were controlled using the New Scale

Pathway software, allowing for step size and speed control. In addition, the closed-loop

monitoring was deployed throughout the measurement duration to ensure minimum errors

in the tuning gap sizes. The measurement setup to the filtenna’s S11 response is shown in

Fig. 4.25.

Filtenna Tuning Range

The measured S11 response shows continuous frequency tuning from 2 GHz to 2.6 GHz, as

seen in Fig. 4.26. A comparison of the simulated and measured S11 curves of the contactless-

tuned filtenna are plotted in Fig. 4.27. The S11 curve of the manufactured filtenna prototype

shows a very close agreement with the simulated S11 across the entire tuning range.

The measured tuning gap sizes for the resonator, g1, and the antenna, g2, to tune the

filtenna from 2 GHz to 2.6 GHz are plotted in Fig. 4.28. The actuator motor displacement

determines the vertical distance between the post-patch and tuner top, as displayed on the

New Scale Pathway software interface. The starting gap size is measured by completely

shorting the tuner plates to the post-top and using that as a reference level for the gap

size measurements. The data is extracted from the New Scale Pathway software with the

closed-loop monitoring mechanism actively deployed to ensure minimal displacement errors

of the actuator in the duration of measurements.

The initial gap size for tuning the resonator to 2 GHz is 53.5 µm, with the total actuation

range, ∆g1, is 70.5 µm. The antenna’s initial tuning gap is 33.5 µm, and the minimum total

actuation range, ∆g2, is 483.5 µm. It should be noted that the resonator can be tuned to

a higher frequency than 2.6 GHz. However, the antenna’s maximum operating frequency

saturates at 2.6 GHz.
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Figure 4.24: Manufactured Prototype of the contactless-tuned filtenna (a) Bottom View (b) Top
View (c) Full Assembly with linear actuators (d) Side-view

Radiation Pattern and Gain Measurements

The radiation pattern and gain measurements of the manufactured filtenna were conducted

in the anechoic chamber. The measurement set-up is shown in Fig. 4.29. The simulated and

measured peak realized gain across frequency are compared in Fig. 4.30. The measured
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Figure 4.25: Measurement setup for the contactless-tuned filtenna’s S11 response using a Vector
Network Analyzer and a laptop to control the M3-L linear actuators.

broadside realized gain of the antenna is 4.2 dB at the center frequency of 2.3 GHz. Across

the tuning range from 2 GHz to 2.6 GHz, the filtenna’s maximum realized gain increases

from 2.7 dB to 5.173 dB, respectively. The scattered peaks in the out-of-band gain response

are primarily due to the non-idealities of chamber measurements, including multi-path

fading effects and chamber noise. Overall, there is a close agreement in the measured and

simulated peak realized gain curves seen in Fig. 4.30. Note that the filtenna shows high

out-of-band rejection due to the integrated filtering functionality.

The radiation pattern measurements of the filtenna at 2 GHz, 2.3 GHz, and 2.6 GHz are

plotted in Fig. 4.31, Fig. 4.32, and Fig. 4.33, respectively. The patterns show a maximum gain

in the broadside direction due to the evanescent-mode cavity-backing of the antenna. The

higher levels of cross-polarization are due to the non-idealities of the chamber measurement

set-up, which include feeding coaxial cables connected to the antenna. It should be noted

that the closed-loop monitoring system for the actuators was deployed throughout the gain

measurements and radiation scanning process. The active monitoring mechanism minimizes
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the risk of de-tuning the filtenna due to any gap size discrepancies. Long USB cables

connected the actuators inside the chamber to a laptop with the New scale Pathway software

outside the chamber. Therefore, any deviations in the gap size measurements could be

monitored and corrected in real time.

Figure 4.26: Measured |S11| of the manufactured filtenna with continuous frequency tuning from
2 GHz to 2.6 GHz
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Figure 4.27: Comparison of the simulated and measured S11 response at minimum (2 GHz),
maximum (2.6 GHz), and the center frequency (2.3 GHz).
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Figure 4.28: Measured tuning gap sizes for the resonator and antenna across the filtenna’s tuning
range from 2 GHz to 2.6 GHz. The extracted gap sizes have a mean error of ±0.5 µm, as reported by
the M3-L Linear actuator data sheet [62].

(a) (b)

Slot Aperture
Antenna 

Mount

Actuator 

Control

Figure 4.29: Anechoic Chamber Measurement Set-up for the S-band filtenna (a) Horizontally
polarized (b) Vertically Polarized configuration.
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Figure 4.30: Comparison of the simulated and measured peak realized gain across frequency, at
broadside. The filtenna is tuned to 2 GHz, 2.3 GHz, and 2.6 GHz, and the measured gain ranges
from 2.7 dB to 5.173 dB. The in-band gain response and out-of-band radiation suppression of the
manufacture filtenna follow the simulated curve closely.
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Figure 4.31: Measured filtenna radiation pattern at the lowest operating frequency of 2 GHz.

Figure 4.32: Measured filtenna radiation pattern at the center operating frequency of 2.3 GHz.
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Figure 4.33: Measured filtenna radiation pattern at the highest operating frequency of 2.6 GHz.
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4.2.4 Power Handling Prediction

The filtenna’s power handling capability is predicted from simulations by extracting the

electric fields above the post-patch of the resonator and ECBSA, as seen in Fig. 4.34. The

method explained in Section 4.1.4 is applied to scale the electric field to break down and

extract the peak PHC. The breakdown power of the filtenna is predicted to range from

13 W at 2 GHz, 32 W AT 2.3 GHz, and 58 W at 2.6 GHz. The EVA-mode cavity resonator

mainly limits the overall power handling due to the smaller range of gap sizes needed for

tuning compared to the antenna. The electric field is desensitized in the antenna’s capacitive

tuning gap due to the cavity field perturbation and additional loading from the radiating slot

aperture. In the case of the unloaded EVA-mode resonator, the field strength is more heavily

concentrated in the post-patch. Due to the existence of higher field strength in a smaller

capacitive gap, the resonator has a lower power-handling capacity. The filtenna’s PHC can

be improved by redesigning the resonator and the cavity-backed antenna to exhibit a much

smaller tuning range but a higher power-handling capacity.

EVA-mode 

resonator

ECBSA

Figure 4.34: E-field distribution in the filtenna structure shows a higher concentration above the
EVA-mode resonator’s post-patch, as compared to that of the ECBSA.
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4.2.5 Performance Evaluation

Most frequency-tunable filtennas in the existing literature are based on microstrip-based

topologies. Semiconductor switches like PIN diodes and varactor diodes are the commonly

used tuning elements for the microstrip-based filtenna implementations [18]-[29]. The main

limitation of microstrip-based resonant structures is their low unloaded quality factors, which

directly impact the insertion loss of the filter response. In a filtenna topology, the insertion

loss in the filtering section is absorbed into the antenna’s radiation efficiency. As a result, the

low-quality factor of microstrip-based resonators lowers the filtenna’s radiation efficiency

and realized gain. Furthermore, incorporating low-Q semiconductor tuning elements into

the passive filtenna structure introduces resistive losses that harm the filtenna’s radiation

performance.

Metallic waveguide and cavity-based filtenna structures exhibit significantly lower losses

than microstrip implementations due to the higher unloaded-Q of the constituent resonant

structures [35],[36],[69]-[71]. However, metal-based structures are inevitably bulky, ex-

pensive, complex to manufacture, and occupy a large volume. Alternatively, cavity-based

filtennas implemented using SIW technology offer a relatively high-Q performance com-

pared to microstrip filtering elements, exhibit easier integration, and can be manufactured

using simple PCB manufacturing techniques. Owing to these benefits, several non-tunable

SIW cavity filtennas have been presented in the literature [72]-[74]. However, the research

on tunable SIW-based cavity filtennas is limited. In [75], varactor diodes were integrated into

SIW-based cavity filtennas to reconfigure the center frequency of the filtenna structure. Due

to the losses of the varactor, the filtenna exhibited lower gain and efficiency across its tuning

range. The design concept is presented in detail but not experimentally validated. In [37] and

[44], an evanescent-mode cavity filtenna is presented using SIW technology. Experimental

results for the S11 response are included in [44]; however, the gain and radiation pattern
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measurements have not been presented due to the instability of the piezo-disk tuning element.

Integrating a slot antenna within evanescent-mode cavities was also explored in [76] using a

metal-based implementation, with tuning screws as the reconfiguration technique. However,

experimental results were not presented.

To the best of the author’s knowledge, the contactless-tuned filtenna presented in Sec-

tion 4.2 is the only SIW-integrated tunable filtenna with complete experimental validation

of the tuning and radiation performance. The tunable filtenna presented in this work is

compared with other state-of-the-art tunable cavity-based filtennas in Table 4.3. Although

the metal filtennas exhibit higher gains across the tuning range, they occupy a very large

volume. On the other hand, it is evident that the SIW implementation and evanescent-mode

cavity integration of the proposed filtenna significantly reduce the electrical footprint of the

structure. Furthermore, the contactless-tuning scheme using long-range linear actuators en-

ables a moderately high-frequency tuning range while improving the tuning speed compared

to the metal-based filtennas tuned with metal screws.

Table 4.3: Comparison with State-of-the-art Tunable Cavity-based 3D Filtennas

Ref. Structure Tuning Element fc (GHz) TR Speed Gain (dB) Size (in λg*)

[35] Metal Tuning screws 3.03 31% slow 8-10 1.3×1×2.1

[36] Metal Tuning screws 10 15% slow ≥ 6.5 1.3×0.7×1

This Work SIW Linear actuators 2.3 26% fast 2.7-5.2 0.5×0.6×0.4 †

TR: Tuning Range fc : center-frequency of TR * Guide wavelength, λg ,is calculated at fc

† Calculated electrical size also includes the height of the mount-structure used for the linear actuators.
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4.3 Conclusion

The concept of contactless capacitive tuning is applied in the design of cavity-backed

slot antennas for the first time in this work. A novel tunable SIW-based Evanescent-

mode Cavity-Backed Slot Antenna (ECBSA) was designed and experimentally tested.

The antenna demonstrates the largest tuning range among the existing EVA-mode cavity-

based reconfigurable antennas while also providing high power-handling capability and

better tuning reliability than conventionally used piezoelectric disk actuators. Furthermore,

changing the critical gap between the post and tuner allows the antenna’s operating frequency

to be tuned from 1.71 GHz to 2.58 GHz (40%).

The contactless-tuned ECBSA was combined with a tunable EVA-mode cavity resonator

into a filtenna topology. The contactless-tuned filtenna demonstrated tuning from 2 GHz

to 2.6 GHz while maintaining a measured realized gain greater than 2.7 dB across the

tuning range. Due to the integrated filtering functionality, the filtenna unit demonstrates

superior out-of-band radiation suppression compared to the conventional antenna. The

reconfigurable antenna and filtenna demonstrate state-of-the-art performance and can be

used in the next-generation multi-functional RF Front-ends.

The tunable antenna and filtenna proposed in this chapter were designed for S-band

applications in the range of 2-4 GHz. In the next chapter, Chapter 5, the frequency scalability

of the filtenna is thoroughly investigated for X-band applications (8-12 GHz). It will be

shown that simply scaling the electrical size of the device for high-frequency applications

does not work. A novel tuning scheme and passive structure of the antenna are proposed.

The antenna is next integrated into a tunable filtenna topology for X-band applications.
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Chapter 5

Varactor-tuned Antenna and Filtenna for X-band Applications

In this chapter, the frequency scalability of a frequency-agile filtenna element for X-band

applications is investigated. The design of the filtenna’s first resonator was demonstrated in

Chapter 3, where an evanescent-mode cavity with a contactless tuning scheme was scaled

for implementation at the X-band frequency range. The primary focus of this chapter is the

design and implementation of the filtenna’s second resonator, which is the antenna element,

and the final implementation of a tunable X-band filtenna.

5.1 Frequency Scalability of Contactless-tuned Slot Antenna

In Chapter 3, the contactless-tuning scheme was successfully applied to design an X-band

tunable EVA-mode cavity resonator. The same tuning scheme using external linear actuators

is re-evaluated here to realize an X-band frequency-agile antenna using the contactless

capacitive tuning scheme. Consider the contactless-tuned EVA-mode Cavity-backed Slot

Antenna (ECBSA) presented in Chapter 4 for S-band operation. Scaling the S-Band ECBSA

for X-band applications presents several issues, particularly due to the deployed tuning

method consisting of external linear actuators. The dimensions of the actuator metal box are

labeled in Fig. 5.1, in terms of its electrical length at 10 GHz, which is at the center of the

X-band frequency operation range. The first issue to be noted is that the longest dimension of
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y = 0.25 λ

0.9 λ

x = 0.4 λ

Figure 5.1: Dimensions of the M3-L Linear Actuator from New Scale Technologies [62]. The
encasing of the actuator is made of aluminum metal. At a center frequency of 10 GHz, the electrical
length of the housing is 0.9λ× 0.4λ× 0.25λ.

the actuator is about a wavelength long, which may interfere with the radiation performance

of the antenna at the X-band frequency range. Furthermore, the box’s width and length are

almost a quarter and half-wavelength, respectively, and accommodating two or more of these

in a filtenna configuration is not practically feasible. At present, the M3-L linear actuators

are the most miniaturized high-resolution positioning system available commercially. Due

to the limitations in the available state-of-art linear actuators, the contactless-tuning method

cannot be directly scaled for applications at X-band frequencies.

An alternate method for tuning the slot-loaded EVA-mode cavity is by accommodating

surface-mount varactors on top of the ring-loaded cavity, as illustrated in Fig. 5.2. The

variable junction capacitor of a varactor diode can be used to vary the ring-gap capacitance,

Cring. This concept of tuning has been applied before to tune post-loaded resonators and

octave-tunable filters [60]. However, due to the low tuning sensitivity in the ring gap,

several varactors have to be placed along the ring circumference to achieve high tunability.
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Figure 5.2: Tuning configuration for coaxial cavity resonators using surface mount varactor diodes,
as proposed in [60] to tune bandpass filters. The surface-mount components can be easily integrated
into the structure. However, the losses can degrade the overall performance.

This may lead to unwanted interference with the radiating structure. Additionally, varactor

diodes typically have low-quality factors and can lead to a degradation in the antenna’s

radiation performance, as will be discussed in Chapter 6. Due to the tuning limitations of

the EVA-mode-based antenna structure, a new concept of the cavity-backed slot antenna

and a new tuning scheme had to be investigated.

5.2 Half-Mode SIW-based Tunable Slot Antenna

A method was presented in [37], where the open aperture of a bisected EVA-mode cavity

was integrated with a slot antenna. The cavity operates as a Half-Mode Substrate-Integrated

Waveguide (HMSIW). The TM110 field pattern is mostly undisturbed by removing half

of the conventional SIW cavity through its symmetrical plane, as seen in Fig. 5.3. Many

resonant antenna structures have been realized by utilizing the open aperture of HMSIW, as
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Figure 5.3: Field distributions between a half-mode SIW and a slot antenna, operating in their
respective fundamental modes. Note the resemblance between sinusoidal distribution across the slot
aperture and HMSIW open aperture.

summarized in [77].

If we look at the electric and magnetic field distributions of a bisected circular cavity

and a slot aperture on a ground plane, it is observed that the field distributions show a close

resemblance (Fig. 5.3). In order to operate in the fundamental mode, the cavity diameter and

slot length need to be λg/2 long, where λg is the guided wavelength. Therefore, the HMSIW

can function as a cavity-backing for the slot aperture on a finite ground plane.

Based on the HMSIW concept, a bisected evanescent-mode cavity-backing was inte-

grated with the slot antenna in [37] and [44], and the operating frequency was tuned using

a movable metal post at the cavity’s center. The antenna demonstrated octave tunability

across the entire S-band. However, such a mechanical actuation method cannot be directly

applied to X-band. There are several complications of placing a moving metal post in
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Figure 5.4: (a) 3-D view of the initial design for a varactor-loaded cavity-backed slot antenna (b)
Top-view showing the cavity-backing insert implemented using SIW technology.

a module with a smaller form factor. In addition, limitations on the tuning speed, preci-

sion, and reliability of the mechanical actuation method make the design impractical for

higher-frequency applications. Therefore, electronic reconfiguration using varactors was

chosen in this work for accommodating tunability into the antenna structure. Varactors are

semiconductor PN-junction devices that function as voltage-controlled variable capacitors.

Varactor diodes can be easily integrated into miniaturized modules due to their compact size.

Their tuning speed and precision are significantly better than other actuation methods, as

analyzed in Table 1.2.

A design concept of the varactor-loaded Cavity-Backed Slot Antenna (CBSA) for X-

band is presented in Fig. 5.4. The HMSIW cavity is realized through metal vias using SIW

technology, and a GCPW feed is used to couple energy into the antenna structure. The

substrate used for the slot substrate and the cavity-backing insert is Rogers 3003 (ϵr = 3,

tan δ = 0.001), with a thickness of 60 mils. For the first mode, it is observed that the electric

field is highest at the center of the aperture, Fig. 5.3. The varactor was mounted at the center
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Figure 5.5: Initial Tuning Curve for the varactor-tuned HMSIW-based slot antenna. The inset shows
the simplified Eigenmode model for investigating tuning.

to achieve a high capacitive tuning sensitivity, which ensures wider tunability of the antenna

across frequencies.

A simplified Eigenmode model was set up to investigate the required capacitance range

to tune across the X-band, as seen in the inset of Fig. 5.5. It is observed that the magnetic

field in the cavity is nearly perpendicular to the aperture plane, and therefore the slot aperture

can be approximated as a perfect magnetic conductor (PMC). To emulate the slot fields

in an eigenmode simulation, the slot aperture is assigned a perfect-H boundary condition.

The varactor is modeled by a lumped RLC boundary. For initial investigations, only the

capacitive loading of the varactor is considered.

Results from eigenmode simulations indicated a capacitance range of 0.01-0.03 pF to

tune across the entirety of the X-band. However, no commercially available varactors can

provide such small values of capacitance. Typically, 0.15-0.28 pF of minimum capacitive

loading is provided by most manufacturers. In order to make the antenna practically
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Figure 5.6: Eigenmode parametric analysis of the varactor-loaded slot (a) variation of cavity radius
(b) Effect of varactor position (along the slot length) on capacitance tuning range vs frequency. (c)
Substrate thickness variation. Cmin and Cmax refer to the capacitances required to tune the antenna
at the highest (12 GHz) and lowest (8 GHz) operating frequencies, respectively.

realizable, the minimum value of capacitance for tuning at 12 GHz had to be increased.

Several methods were tried to shift the minimum load capacitance value to higher values,

as provided by commercially available varactors. Firstly, a highly loaded slot antenna

was designed by decreasing the slot length. The reduced electrical size at the operating

frequency increases the capacitive loading required to tune the antenna to 12 GHz. As seen

in Fig. 5.6(a), after shifting the unloaded operating frequency of the first mode up to as high

as 17.8 GHz, the minimum capacitance required to tune at 12 GHz is 0.07 pF, which is still
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not practically feasible. The substrate thickness was also parameterized, with the tuning

sensitivity decreasing with decreasing thickness. However, the minimum tuning capacitance

was less than 0.07 pF in all cases.

Another solution was investigated to reduce the minimum load capacitance. At the

slot aperture’s mid-point, where the varactor is placed, the electric field strength is highest

(Fig. 5.3), which causes that region to be sensitive to small capacitance changes. By posi-

tioning the varactor away from the center, the E-field strength is reduced, which desensitizes

the capacitive tuning. As a result, the minimum capacitance for operating the antenna at 12

GHz can be increased, as seen in Fig. 5.6(b). When the varactor is moved from the center

towards the slot edge, the minimum capacitance increases at the cost of tuning sensitivity.

However, the resulting shift in the minimum capacitive loading is still below the practical

bounds of 0.15-0.3 pF.

A direct and simple solution to the issue of small tuning capacitance is to place multiple

varactors in series. However, a series varactor configuration will cause a degradation of the

antenna’s radiation performance due to the added losses introduced by multiple varactors.

The equivalent circuit of a packaged varactor die is the series combination of a resistor,

variable tuning capacitance provided by the PN junction, and additional parasitic reactance

due to the packaging effects. When multiple varactors are placed in series, the resistances

will add, therefore leading to more losses and reduced radiation efficiency of the antenna.

These effects are due op the practical limitations of tuning varactors, which will be further

explained in Chapter 6. Therefore, a method of realizing this series capacitance without

adding significant losses and maintaining the tuning performance needed to be investigated.
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5.3 Superstrate-loaded Tunable Cavity-backed Slot Antenna

The physical realization of equivalent series capacitances with the varactor was implemented

by loading the cavity-backed slot antenna with a superstrate, as shown in Fig. 5.7. The

superstrate is placed above the ground plane of the slot’s ground plane. Copper mounting

pads are placed above the superstrate, which forms additional series capacitances, Css, with

the varactor’s tuning capacitance, Ctune, as seen in Fig. 5.8. The additional capacitance

introduced by the superstrate layer is a function of the area of copper pads, A, superstrate’s

thickness t1, and dielectric constant, ϵr1. An adhesive bonding film of dielectric constant ϵr2

and thickness t2 is used to bond the superstrate with the copper cladding of the slot substrate.

Superstrate

adhesive

Top Copper

Bottom Copper

Slot substrate

Varactor

Copper pads

SIW cavity-backing insert

Varactor

Superstrate layer

x

z

y

Figure 5.7: Exploded view of the superstrate-loaded antenna structure, as developed from the initial
varactor-tuned slot antenna.
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As a result, the total capacitance contributed by the superstrate layer, Css, is

Css =
Aϵ0ϵr1
t1

+
Aϵ0ϵr2
t2

(5.1)

Superstrate

Slot substrate

Copper Pads

𝐶𝑠𝑠 𝐶𝑠𝑠

𝐶𝑡𝑢𝑛𝑒

𝜺𝒓𝟏

𝜺𝒓𝟐

𝒕𝟏
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z

Figure 5.8: (a) Superstrate loading concept and the series capacitance network formed in the structure
(b) Primary design Variables for the antenna cavity-backing insert.
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The total series capacitance realized above the slot, Ctotal is given as,

Ctotal =

(
2

Css
+

1

Ctune

)−1

(5.2)

With the added superstrate layer, the strict requirement on the varactor’s minimum tuning

capacitance is alleviated. By adjusting the superstrate material properties and area of the

copper mounting pads, the same Ctotal can be realized with a larger value of Ctune.

5.3.1 Parametric Analysis of Superstrate Layer

Parametric studies were carried out to evaluate the effect of the superstrate layer on the

antenna’s frequency tuning. The main parameters evaluated were the superstrate thickness,

t1, dielectric constant ϵr1, and the length of the square copper pads, px, patterned on the

superstrate. The cavity radius, Rslot, was left unchanged to maintain the same unloaded

frequency of about 14 GHz without the superstrate layer. The slot was allowed to resonate

above the highest frequency of 12 GHz because further loading from the superstrate and

varactor will only decrease the resonant frequency.

Simulation results of the frequency tuning curves as a function of varactor’s loading

capacitance and superstrate parameters, t1, ϵr, and px, are plotted in Fig. 5.9. The default

values of the parameters are listed in Table 5.4. The trends observed are summarized as

follows:

1. As the superstrate’s thickness is increased from 5 mils to 30 mils, the slope of the

tuning curve decreases substantially. Furthermore, there is a shift in the unloaded

frequency from 13.6 GHz to 12.6 GHz when increasing the value of t1. As shown

by Eq. (5.1), the superstrate’s capacitance CSS is inversely proportional to the layer’s

thickness t1. Consequently. the overall capacitive loading is reduced for a thicker

superstrate, which in turn decreases the antenna’s tuning sensitivity.
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Figure 5.9: Parametric analysis of the superstrate layer parameters and its effect on the varactor-tuned
CBSA’s frequency tuning behavior. (a) Thickness, (b) the dielectric constant of the superstrate, and
(c) the effect of the square copper pad size. Default values for the other dimensions of the antenna
are listed in Table 5.4.
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2. The main impact of superstrate’s dielectric constant, ϵr1, is on the unloaded frequency

of the structure. Parametric analysis was conducted with values ϵr1 of 3, 6, and

10 based on the range of material availability. As ϵr1 is increased from 3 to 10,

the loading capacitance increases, thereby resulting in a decrease of the unloaded

frequency from 13.6-12.6 GHz. A smaller value of ϵr1 reduces the capacitive loading

on the structure and increases the unloaded frequency. Due to higher loading, the

antenna’s tuning sensitivity increases. As a result, the tuning ratio for a given change

of load capacitance is maximum for superstrate materials with a lower dielectric

constant.

3. The length of the copper pads patterned on top of the superstrate also has an impact on

the tuning sensitivity of the structure. To simplify the investigation, a square pad with

an edge length px was chosen. As observed in Fig. 5.9, for a given capacitance ratio,

the frequency tuning ratio is maximized for a larger pad length due to the increase of

surface area A. As dictated by Eq. (5.1). a larger area increases the capacitive loading,

therefore increasing the tuning sensitivity of the antenna. Note that the unloaded

frequency remains comparatively constant as the pad length is varied.

Based on the parametric studies, it is evident that the material properties and physical

design of the superstrate layer can be selected and fine-tuned to attain a given frequency

tuning ratio based on the varactor’s capacitance. Ideally, a very thin superstrate material

with a low dielectric constant ranging from 2 to 4 will ensure higher frequency tunability.

The patterned copper pad area can be adjusted to fine-tune the antenna’s frequency over a

range of available varactor capacitances.
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5.4 Antenna Implementation and Trade-off Analysis

With the knowledge of the tuning concept of the varactor-tuned superstrate-loaded CBSA,

the design parameters can be optimized to realize a specific frequency change ratio for a

given range of varactor capacitances. The main limitation of designing the antenna for a

wide tuning range is a reduction in the antenna’s efficiency and realized gain. In this section,

this trade-off between tuning and radiation performance is demonstrated with the design

of two antenna prototypes. Note that for the purposes of this discussion, the term radiation

performance only encompasses the realized gain and efficiency parameters. Prototype-1 is

designed to demonstrate a larger frequency tuning ratio, covering the entire X-band range.

On the other hand, Prototype-2 is designed to maintain a higher radiation efficiency and

gain across a smaller frequency tuning range within the X-band.

5.4.1 Prototype-1

The design parameters of Prototype-1 were optimized to demonstrate tuning across the

entirety of the X-band from 8 to 12 GHz. A capacitance tuning range of 0.15-2 pF was

to be accommodated, which is provided by a commercially available varactor (MACOM

Table 5.1: Design dimensions of superstrate-loaded Antenna (all dimensions are in mm)

Dimension Prot. 1 Prot. 2 Dimension Prot. 1&2
t1 0.0508 0.127 fw 0.55
ϵr1 3.25 3 gf 0.13
px 1.2 1.15 pv 0.5
fθ 56◦ 52◦ ϕv 0.4
fr 3.2 4 wf 1.11
Rslot 4 5 ϵr2 2.8
Lx 8 9 t2 0.0127
Ly 9 11 Gx 25
py 1.2 1.15 tsub 1.524
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46580-1209 [78]). As inferred from the parametric studies of the antenna, a superstrate

material with very low thickness and dielectric constant would yield a maximum frequency

tuning range.

A 2-mil thick Liquid Crystalline Polymer (LCP) circuit material was used for the

superstrate in the Prototype=1 design, which has a dielectric constant of 3.05. The DuPont

Pyralux LF1500 adhesive, with a dielectric constant of 2.8 and thickness of 12.7 µm

(0.5 mils), is used to bond the superstrate onto the top copper cladding of the slot substrate.

It is important to note that there are several complications with conductor effects on the

apparent dielectric constant of thinner substrates, as detailed in [79]. With a rougher

copper foil on thin materials, a higher value of the dielectric constant is measured. On

an experimental basis, the loss tangent associated with this material was reported to be

0.002. To account for these anomalies associated with thinner substrates, the LCP material is

modeled with a dielectric constant of 3.25 at 10 GHz. This estimate is based on the curve-fit

data presented in [79].

The S11 response of the antenna prototype-1 with a 2 mil thick superstrate is plotted

              

               

   

   

   

   

   

   

 

 
  

 
  
 
 
  
 
 
 

       
      
         
    

Figure 5.10: Prototype-1 |S11| Response of the superstrate-loaded varactor-tuned CBSA. The
fractional bandwidth varies from 0.5% to 1.26% across the tuning range.
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in Fig. 5.10. Within the available range of varactor capacitances, the antenna can be tuned

across most of the X-band. At a minimum loading of 0.15 pF, the antenna operates at 11.94

GHz. With a maximum load capacitance of 2 pF, the antenna operates at 7.98 GHz, as seen

in Fig. 5.10. A return loss of greater than 10 dB is maintained across the X-band tuning

range.

Radiation patterns at the highest and lowest capacitive loading are shown in Fig. 5.11.

The peak realized gain ranges from 2.14-6.36 dB, while the radiation efficiency varies from

37.6% to 88.7% when tuning from 7.98 GHz to 11.94 GHz. The degradation of radiation

performance is due to the higher loading of the slot antenna structure. At a load capacitance

of 2 pF, the frequency shift is almost half of the unloaded frequency of the first resonant

mode, which is at 16.1 GHz. The smaller electrical size of the antenna enables greater

tunability due to the higher capacitive loading of the superstrate structure. However, it comes

at the cost of radiation performance with a smaller realized gain and antenna efficiency.
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(a) (b)
Figure 5.11: Radiation Patterns of Prototype-1 at (a) 7.98 GHz and (b) 11.94 GHz. The blue line is
the co-polarization component, and the red line represents the cross-polarization (X-Pol). The X-Pol
is below -24 dBi in all cut planes. The cut-planes are defined as per the coordinate system in Fig. 5.7.
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5.4.2 Prototype-2

In order to demonstrate the trade-offs between the antenna’s tuning range and radiation

efficiency, a second prototype was designed with a smaller tuning range but higher radiation

efficiency and realized gain across frequency. The design of the antenna was changed to

decrease the overall loading of the passive structure, specifically by lower the superstrate

layer’s additional capacitance. Dimensions of the second prototype are listed in Table 5.4.

As dictated by Eq. (5.1), a thicker superstrate with a lower dielectric constant will reduce

the total load capacitance at the slot aperture. Therefore, the thickness of the superstrate

was increased from 2 mils to 5 mils. Based on the substrate material availability for 5 mil

thicknesses, Rogers 3003 material was selected for the superstrate. Furthermore, the cavity

radius was increased from 4 mm to 5 mm to increase the slot aperture’s electrical size. and

ensure a higher gain of the antenna. With these design changes, the unloaded frequency

of the antenna was decreased from 16.1 GHz to 12.8 GHz, as compared to the antenna

                          

               

   

   

   

   

   

   

 

 
 
 
  

  
 
  
 
 
  
  
 
 

       

      
      
    

Figure 5.12: Prototype 2 - S11 Magnitude response of the SS-Loaded antenna across frequency. The
exhibited tuning range is approximately between 9.5 GHz to 11 GHz.
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prototype-1 design.

As seen in Fig. 5.12, the antenna demonstrates 15% tunability, from 9.48 GHz to

11.05 GHz as the varactor’s capacitance is decreased from 2 pF to 0.15 pF. Simulated

realized gain of prototype-2 is 5 dB at 9.48 GHz, and 8 dB at 11.05 GHz, with a greater

than 77 % efficiency across the tuning range (Fig. 5.14). As compared to prototype-1, the

tunability of the second design is much smaller (64 % reduction) due to decreased loading

of the antenna structure. However, as seen in Fig. 5.14, the second prototype’s radiation

performance is significantly improved across the tuning range, especially at the lower range

of frequency where the antenna is maximally loaded and is electrically smaller.

The tuning and radiation performance of the antenna prototype-1 and prototype-2 are

compared and evaluated in Fig. 5.13 and Fig. 5.14, respectively. The trade-off between

the tunability and antenna efficiency is clearly observed in the plots. Note that without

the superstrate structure, the minimum loading capacitance required to tune to 12 GHz is

0.08 pF for prototype-1 and 0.05 pF for prototype-2. Commercially available varactors

cannot provide such small capacitance values. With the addition of the superstrate structure,

the minimum loading capacitance is increased, thereby making the antenna physically

realizable. However, the tuning sensitivity of the antenna is reduced due to the added loading

of the superstrate, as seen in Fig. 5.13. This is expected since the superstrate is directly

placed above the radiating slot aperture. However, by accurately designing the superstrate

layer, a very wide frequency tuning range can still be achieved.
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Cmin = 0.08 → 0.15 pF

Cmin = 0.05 → 0.15 pF

𝛥𝑓1 = 1.5 ∶ 1
𝛥𝐶1 = 13 ∶ 1

𝛥𝑓2 = 1.2 ∶ 1
𝛥𝐶2 = 13 ∶ 1

(a) (b)

Figure 5.13: Loading effect of the superstrate on the varactor-tuned antenna. The capacitance tuning
and frequency tuning ratios are represented as ∆f and ∆C, respectively. The added substrate shifts
the minimum capacitance required to tune at 12 GHz from 0.08 pF to 0.15 pF.

                             

                  

 

 

 

 

 

 

 

 

  

 
  
 
  
  
  
  
 
  

  
 
  
 
 
 

 

   

   

   

   

   

   

   

   

   

 

 
 
  
  
 
  
  
  
 
  

                              

                      

                  

 

 

 

 

 

 

 

 

  

 
  
 
  
  
  
  
 
  

  
 
  
 
 
 

 

   

   

   

   

   

   

   

   

   

 

 
 
  
  
 
  
  
  
 
  

                              

(a) (b)

Figure 5.14: Comparison of radiation efficiency and peak realized gain across frequency for
Prototype-1 and Prototype-2.
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5.5 Varactor Diode Biasing Network

Varactors require an external DC bias voltage to provide the variable junction capacitance

required to tune the superstrate-loaded antenna. When active devices like varactors are

integrated into the RF circuitry, it is crucial to ensure proper isolation between the RF

currents and DC bias circuitry. Since the reverse-bias current through the varactor diode is

comparatively small, a DC blocking capacitor is not generally required to prevent the DC

current from reaching the RF port. However, an RF choke network is necessary to minimize

RF coupling with the DC bias circuit. In this chapter, several approaches are investigated

for the superstrate-loaded antenna’s bias circuitry. The efficacy of the designed bias network

is determined by evaluating the antenna’s operating frequency, and radiation quantities,

including realized gain and efficiency, as well as the radiation patterns.

5.5.1 DC Bias Lines

For the design of the X-band tunable slot antenna, the varactor is mounted directly on the

superstrate, which is stacked on the radiating aperture itself (Fig. 5.7. The applied voltage

should therefore be across the patterned copper pads across which the varactor is terminated.

To provide a bias voltage across the varactor’s terminals, two narrow high-impedance

DC bias lines were extended from the ends of the copper pads, which are on top of the

superstrate. The width of the DC bias line must be as small as possible to ensure that it

presents a high-impedance path for the RF currents. Based on fabrication feasibility, the

DC line width was set to 100 µm. The lines were extended towards the extreme ends of the

superstrate to ensure minimal interference in the slot aperture and superstrate loading region.

Additional DC connection pads were added at the end of the bias line to facilitate soldering

to DC wires.

First, the lines were placed transverse to the slot aperture, as seen in the inset of Fig. 5.15.
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In Fig. 5.15, the simulated S11 response of the antenna structure with and without the DC

Bias lines is compared. The responses are compared at the lowest and highest varactor load

capacitance values, at 0.15 pF and 2 pF, respectively. As observed by the detuning of S11

response, the DC bias lines were severely coupling with the antenna structure across the

entire tuning range. Increased capacitive loading of the DC lines with the slot ground plane

resulted in the downward shift of the antenna’s operating frequency.

Next, the DC lines were placed parallel to the slot aperture’s length, as seen in Fig. 5.16.

However, the S11 response showed similar de-tuning effects as that of the transverse bias

lines. Higher-order line resonances were observed in both configurations at minimum and

maximum varactor load capacitance. As seen in Fig. 5.15(b), the additional resonances were

formed along the length of the DC bias lines at 12.8 GHz and 13.2 GHz for the maximum

and minimum varactor loading, respectively. To eliminate the high-order resonances, the

DC lines were shortened. However, this caused a worse loading effect due to the placement

Figure 5.15: Effect of transverse high-impedance DC Bias lines on the S11 response at minimum
(0.15 pF) and maximum (2 pF) capacitive loading
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Figure 5.16: Effect of longitudinal high-impedance DC Bias lines on the S11 response at minimum
and maximum capacitive loading

of DC bias pads placed close to the slot aperture. The superstrate thickness is very small,

about 2 mil thick, which required an even thinner bias line for achieving a high enough

impedance to choke the RF currents. However, further reduction in the line width was not

feasible due to fabrication constraints. Therefore, other means of stopping the RF currents

along the DC bias path had to be investigated.

5.5.2 Lumped Element Bias Circuit

There were several difficulties in suppressing RF coupling along the DC bias lines across

the entire tuning range of 8-12 GHz for prototype 1 of the superstrate-loaded slot antenna.

Therefore, to simplify the design process for the biasing structure, further designing of the

bias network was conducted on the second prototype, which exhibited a smaller tuning

range from 9.5 GHz to 11 GHz.

As an initial investigation, 100 kΩ resistors were connected to the biasing lines to
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RChoke = 100 kΩ

RChoke = 100 kΩ

offset

2mm offset from 
pad

Figure 5.17: Comparison of the S11 response with and without the DC bias network with additional
100-kΩ resistors. As the resistor is placed slightly away from copper pads, the S11 response of the
antenna with the bias network is severely de-tuned.

function as RF Chokes to minimize RF currents that might couple into the bias wires and

leak into the antenna. The simulated S11 response with and without the resistor bias network

is shown in Fig. 5.17. The results indicate that the RF and DC path isolation is very closely

maintained at the lowest capacitance loading of 0.15 pF at 12 GHz. However, the response

de-tunes at the lower end of the tuning range, at 9.5 GHz, for a bias capacitance of 2 pF. In

addition, the slightest offset of the resistor from the end of the copper pad results in severe

interference between the RF and DC path, as seen in Fig. 5.17.

Bias lines constructed using lumped elements like series inductors and bypass capacitors

are some other common methods of providing isolation between the DC and RF paths

[80]. The purpose of a bypass capacitor is to provide a lower impedance path for the RF to

prevent it from entering the DC bias circuitry. The bypass capacitor can therefore provide

an efficient path to ground the RF energy and suppress any RF ”noise” along the DC bias
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LChoke = 9 nH

LChoke = 9 nH

Figure 5.18: Effect of loading the DC bias with 9 nH inductors to choke the RF coupling from the
DC-bias lines

lines. However, with the design structure of the superstrate, the bias voltage is referenced

between the copper pads, and there is no direct path to ground the RF energy. To implement

the bypass capacitor in the bias network, the DC lines would have to be moved to the bottom

of the slot ground plane through a via. However, a via through the superstrate layer would

interfere with the superstrate’s capacitive network with the slot ground plane and affect

the antenna’s radiation properties. Therefore, a bypass capacitor was not a viable biasing

technique for the bias circuit of this antenna structure.

Another common method of achieving RF-DC isolation is to place RF chokes, or series

inductors, on the DC supply line. An ideal RF Choke is essentially an inductor that only

passes DC while rejecting all the other frequencies. The choke inductance must be selected

to provide a high enough impedance to suppress the RF currents across the frequency tuning
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range. For initial investigations, 9 nH inductor chokes were placed on either end of the DC

bias lines. A large inductance value was chosen to ensure higher RF-DC isolation. Based on

the simulation results of the resistor bias circuit (Fig. 5.17), the inductors were placed close

to the bias pads to enable higher suppression of RF signal on the DC path. The simulated

S11 response in Fig. 5.18 shows that the RF-choke provides a high enough impedance at 11

GHz. However, at the lower operating frequency, the impedance provided by the inductor is

not large enough to suppress the RF currents along the DC line. As a result, the antenna

de-tunes and shifts from 9.5 GHz to 9.7 GHz for a varactor load capacitance of 2 pF.

A higher value of choke inductance could potentially isolate RF currents from the DC

path across the entire tuning range. However, practical surface-mount inductors are not ideal,

and they generally have a self-resonant frequency (SRF) due to the presence of parasitic

capacitance in the packaging. Above the SRF, the inductive behavior changes to that of a

capacitive, failing the RF choking mechanism. Increasing the inductance to provide better

RF suppression would simultaneously decrease the SRF. Based on commercially available

data for RF choke inductors, any inductance greater than 5 nH had an SRF at and below the

X-band frequency range. The choke network was required to work in the X-band tuning

range with minimal effects on the DC bias network. Due to these constraints, a lumped

inductor choke was not considered for the varactor bias network of the antenna.

5.5.3 Radial-Stub Bias Network

Another way of mitigating RF interference on the DC bias path is to accommodate lowpass

filters, resonators with stopband characteristics, or band-stop filters to suppress RF coupling

in the desired frequency range. These filtering structures should function efficiently in a

bias network to choke off RF transmission over its stopband while passing direct current to

the active element. Based on the model and requirements of the superstrate-loaded tunable
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antenna, a varactor bias network with a band-stop response in the X-band was deemed

appropriate.

Defected ground structures (DGS) have been used to design band-stop filters, wherein

intentional defects are employed on the ground plane, providing band rejection property

due to their resonance characteristics [81]. The main advantage of DGS topology, when

used for biasing, is to move the DC circuitry away from the radiating structure. However,

these ground-plane defects may cause unwanted back-radiation for the superstrate-loaded

cavity-backed slot antenna.

𝑑𝑠𝑡𝑢𝑏
𝑅𝑠𝑡𝑢𝑏

𝑤𝑖
𝜃𝑠𝑡𝑢𝑏

DC Bias 

Pad

B
A

B’
A’

y

x

Figure 5.19: Superstrate-loaded Slot Antenna with added radial stub bias network. Design dimen-
sions of stub bias for prototype-2: dstub = 5.45 mm, wi = 0.338 mm, θstub = 100◦, Rstub = 3 mm.
The DC bias pad dimensions are 1.3 mm × 1.3 mm.
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Figure 5.20: Electric field distribution across the bias pads without the bias network. The highlighted
region corresponds to the E-field minima.

A more straightforward method is to place quarter-wavelength open-circuited transmis-

sion line stubs along the bias line to achieve a stopband response at a specified frequency.

However, this would result in a narrow-band solution. To increase the bandwidth of the

stopband, the conventional quarter-wavelength rectangular stubs can be replaced with radial

stubs for having low impedance levels in a wide frequency band. Several RF applications

utilize radial stubs as a part of their bias-circuitry [82]-[84].

For the superstrate-loaded slot antenna, the radial stubs are placed on top of the super-

strate along the length of the DC bias lines. To implement the biasing network with minimum

RF energy loss in the bias line and dc source, the input impedance of the bias line should

be an RF open-circuit or an RF short-circuit. As seen in Fig. 5.19, the stub is positioned at

point A, which is at a distance dstub = λ/4 from the end of the copper pad (point B), where λ

is the guided wavelength at the center frequency. Therefore, the broadband RF short-circuit

at point A can be transformed into an RF open-circuit at point B. Geometric parameters of

the radial element can be tuned to shape the stopband response - the stub radius (Rstub) will

determine the center frequency of the stopband. In contrast, the vertex angle(θstub) can be

used to control the bandwidth of the stopband. The termination width of the stub at the bias

line, wi, is kept as small as possible to ensure a well-defined RF short-circuit at point A.

126



Detailed theoretical and mathematical analysis of the stub parameters and their effects can

be found in [83].

Note that the DC lines are placed parallel to the slot length and elongated through the

terminal points of the varactor at point B (Fig. 5.19). The electric-field distribution on the

pads without the bias network (Fig. 5.20) indicates a point of the minimum electric field at

point B. Since the same mode is being tuned, the point of the minimum E-field does not shift

across the tuning range. Therefore, running DC lines from point B minimizes the capacitive

loading of the bias line on the superstrate layer across the X-band.

5.5.4 Antenna performance with bias network

                     

               

   

   

   

   

   

   

   

   

  

 

  
 

 
  

 
 

 

              
                       

Figure 5.21: S11 response of the superstrate-loaded antenna with and without the radial stub bias
network. The simulated results indicate no significant RF-DC coupling across the tuning range.

The design dimensions of the radial-stub bias circuit for the superstrate-loaded antenna

are listed under Fig. 5.19. To ensure the accuracy of simulation results, it is recommended

to add finer mesh on the entire bias network, including the copper pads patterned on the
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Figure 5.22: Isolation between DC and RF ports S21 across frequency tuning range

superstrate. The S11 response with and without the radial stub DC-bias is shown in Fig. 5.21.

Simulation results indicate that adding a bias network to the antenna does not affect the

antenna’s operating frequency. At a maximum load capacitance of 2 pF, there is a minor

deviation of the operating frequency at minimum S11, from 9.49 GHz to 9.47 GHz.The

frequency shift can be attributed to the lower attenuation level of the radial stub at lower

loading. There is a good agreement between the S11 curves with and without the added

radial-stub bias network.

An additional wave port was placed at the DC connect pads to show the isolation between

the RF (port 1) and the DC port (port 2). As seen by the S21 curves in Fig. 5.22, the isolation

is better than 33 dB across the tuning range. Electric field distributions across the copper

pad and the DC bias network are plotted at the superstrate-loaded slot antenna structure’s

minimum and maximum load capacitance, Fig. 5.20. The minimum E-field is concentrated

through the bias network across the radial stubs and the DC bias lines.
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Figure 5.23: Electric-field distributions across the DC bias network (a) at minimum (0.15 pF) and (b)
maximum (2 pF) varactor capacitive loading. Note that the maximum E-field region is concentrated
at the copper pads.

Since the bias network is placed directly on top of the radiating structure, it is important

to ensure that the antenna’s radiation patterns are not significantly affected by the added

bias network. Any radiation from the radial stubs would cause unwanted interference in the

radiation patterns, especially in the direction of the main beam. Polar plots of the realized

gain patterns in the azimuth plane with and without the bias network are shown in Fig. 5.24.

The co-polarized radiation is unaffected with and without the bias network, which again

proves that an excellent is maintained between the RF energy from the antenna and the

DC Bias circuit. However, the level of cross-polarization pollution is increased due to the

addition of the radial stub DC bias. This interference is mainly due to the electrical lengths
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of the radial stubs, which are about a quarter wavelength long at the center frequency of the

tuning range.

Table 5.2: Peak Realized Gain of the varactor-tuned superstrate-loaded antenna (prototype-2)

Frequency Without Bias With Bias

ϕ = 90◦ ϕ = 0◦ ϕ = 90◦ ϕ = 0◦

Co-Pol X-Pol Co-Pol X-Pol Co-Pol X-Pol Co-Pol X-Pol

9.5 GHz 5.15 dB -23 dB 6.15 dB -32.4 dB 5.54 dB -17.1 dB 6.9 dB -30.3 dB

11.1 GHz 6.9 dB -28.5 dB 6.9 dB -30.3 dB 6.9 dB -20.5 dB 6.9 dB -21.3 dB

Figure 5.24: Radiation patterns with and without the bias network. Patterns are shown in different
cut planes at maximum (2 pF) and minimum capacitive loading (0.15 pF) (a) ϕ = 0deg and (b)
ϕ = 90deg. The reference coordinate system is labeled in Fig. 5.19.
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5.6 Varactor-tuned Filtenna Design

The procedure of bandpass filter design using coupled resonators is applied to synthesize

the X-band tunable filtenna. For proof-of-concept, a second-order filtenna is designed in

this work, but the design can be easily scaled to synthesize higher-order filtenna. The

building blocks consist of the contactless-tuned evanescent-mode cavity (Section 3.3.2) and

superstrate-loaded CBSA (Section 5.3) as the first and second resonators of the filtenna,

respectively. For the first external coupling at the input port, a short-circuited flared wing

GCPW feed is used. The inter-resonator coupling is realized through an iris opening between

the cavity resonator and cavity-backing of the CBSA, as seen in Fig. 5.25. The second

GCPW Feed External 

Coupling

Iris Coupling

EVA-mode 

cavity

Cavity-backed Slot 

Antenna

Figure 5.25: Filtenna implementation with the external input coupling provided by a flared-wing
GCPW feed and the inter-resonator coupling realized through a magnetic iris opening between the
EVA-mode cavity and the cavity-backing of the slot antenna.
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external coupling occurs through the antenna’s radiating aperture with the free space.

The filtenna’s tunability is constrained by the tuning range of the superstrate-loaded

varactor-tuned antenna since the cavity resonator can be tuned all across X-band as demon-

strated in Section 3.3.2. Based on the trade-off analysis between tuning and radiation

performance, the antenna prototype-2, with a tuning range from 9.5 GHz to 11 GHz, is

used as the filtenna’s second resonator. A second-order filtenna is synthesized at the center

point of the tuning range, at 10.25 GHz, to generate a Butterworth filter response with 3%

fractional bandwidth. The values of Qext1, Qext2 and k12 is calculated using Eq. (2.2) as,

Qext1 = 47.17 = Qext2 , k12 = 0.021 (5.3)

To meet the filter specifications, the external and inter-resonator couplings need to be

adjusted so as to match the values of Qext1, Qext2, and k12 with the calculated values in

Eq. (5.3). Following the same procedure used in Section 4.2, a systematic process is adopted

to design the X-band filtenna. The parameter extraction method, as explained in Chapter 2,

is used as a preliminary step to initiate the filtenna synthesis process. Next, the filtenna is

coarse-tuned in the time domain to match the ideal time-domain reflection response. In the

last step, the filtenna is fine-tuned with the added varactor bias network.

5.6.1 Parameter Extraction

The addition of semi-circular slots, or wings, to the end of the GCPW lines ensured stronger

external coupling at the feed. This is due to the magnetic field coupling between the short-

circuited ends of the slots and the magnetic field in the cavity resonator. The physical

dimensions of the GCPW feed are labeled in Fig. 5.26(b), which consists of the feed radius

Rf , sector angle between the short-circuited slot edges θf , and the width of the slot wf .

The effect of each parameter on Qext1 was investigated through a parametric study.
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A singly-terminated evanescent-mode cavity with the GCPW feed was set up in HFSS

Modal Network simulation, as seen in Fig. 5.26(a). The reflection delay response technique

described in Section 2.1.1 is used to extractQext1 values as a function of the feed dimensions.

The S-parameters were de-embedded to the point of feed termination inside the cavity for a

precise value of Qext1.

As seen in Fig. 5.27, variation of the feed sector angle θf has the largest effect on the

external coupling. The width wf also has a significant effect on the external coupling. The

effect of feed radius on Qext1 is negligible for a fixed value of θf and wf . Therefore, the

feed angle θf was primarily used to tune Qext1, and the feed width was used for fine-tuning.

Based on the simulation results in Fig. 5.27(c), the required value of Qext1 = 47.17 is

achieved with θf = 110◦, wf = 0.4 mm and Rf = 2.1 mm.

In order to determine the appropriate iris width, dx, to match the coupling coefficient

k12, the split-pole technique for filtenna synthesis, as described in Section 2.1.2 and in

𝑹𝒇

𝒘𝒇

θ𝒇

Tunable

Resonator 

GCPW Feed

(a) (b)

Figure 5.26: Extraction of input coupling Qext1 with the singly-terminated EVA-mode resonator, as
shown in (a). Primary GCPW feed dimensions for controlling Qext1 are labelled in (b).
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Figure 5.27: External Coupling parametric analysis of GCPW feed (a) Feed width (b) Feed radius,
and (c) feed angle.

reference [43], can be applied. One limitation of the method in [43] is its requirement of

weak-external coupling structures at both the input and output ports, which may not be

compatible with all filtenna geometries. Consider the superstrate-loaded filtenna structure

design. Weak coupling at the input can be controlled by reducing coupling from the GCPW

feed. However, there is no way to control the external coupling of RF energy at the output

port of the radiating slot aperture. Due to these complications, the method proposed in [43]

cannot be applied to the current X-band filtenna design.

Instead, HFSS Eigenmode simulations can be used to observe the splitting of poles with
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Figure 5.28: Extraction of the coupling coefficient k12 as a function of the iris width dx. An
eigenmode simulation was used to observe the splitting of poles between the first and second modes.

no requirement of an input and output feed geometry. The eigenmode solver calculates all

the natural resonances in the structure based on the physical dimensions, materials, and

assigned boundary conditions. Another benefit of using eigenmode simulation is that the

radiation losses from the antenna are not considered. The slot aperture is assigned as a

Perfect-H boundary, which forces the field distribution on the aperture to resemble the

fields on a slot antenna. However, the antenna does not function as a lossy radiator, and the

low unloaded quality factor of the antenna due to radiation losses is not accounted for by

the Eigenmode solver. Therefore, the splitting of poles with an increasing inter-resonator

coupling can be observed clearly.

With these advantages of using an eigenmode solver, a simplified structure of the iris-

coupled resonator and antenna is created, as seen in the inset of Fig. 5.28(a). Note that

using the superstrate dielectric in eigenmode simulations can render inaccurate results due

to the superstrate being considered a dielectric resonator by the Eigenmode solver. Since the
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superstrate layer was designed as an additional series capacitive loading structure for the

antenna, an equivalent lumped capacitor is used to represent the superstrate’s loading effect.

A separate eigenmode simulation of the single antenna structure with a lumped capacitor

boundary showed that a capacitance value of 0.06 pF was equivalent to the total capacitance

seen at the slot aperture with the superstrate layer.

The eigenmode simulation results for extracting the coupling coefficient are plotted in

Fig. 5.28(a). Observe that as the iris width is increased, the two resonant modes degenerate,

and the frequencies split. The splitting occurs in the same direction due to the iris-coupling

mechanism between the two cavities being almost purely magnetic. Note that there is an

overall decrease in the resonant frequency of the system from 10.25 GHz to 10.235 GHz,

due to the slight volume enlargement of the resonators as the iris width is increased. This

effect can be compensated by re-tuning the resonators back to 10.25 GHz, by varying the

gap size of the EVA-mode resonator and the varactor load capacitance at the slot aperture.

The coupling coefficient k12, as calculated from Eq. (2.6), is plotted as a function of the

iris width in Fig. 5.28. The required value of k12 = 0.0212 corresponds to an equivalent

iris-width dx of 3.5 mm.

5.6.2 Filtenna Time-domain Tuning

Coarse tuning with the parameter extraction method serves as an initial step for the filtenna

synthesis. Fine-tuning of different couplings in the structure is accomplished by using

the time-domain tuning method discussed in Section 2.2. With the extracted values of the

GCPW feed dimensions and iris width, the filtenna model was set up within HFSS modal

network. The corresponding time-domain reflection response of the coarse-tuned filtenna

is shown in Fig. 5.29. Note that the ideal time-domain response is synthesized from the

coupling matrix specified by the given filter specifications. Due to over-coupling from the
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Figure 5.29: Initial Time-Domain Response at 10.25 GHz using parameter extraction method and
no time-domain tuning.

external GCPW feed, the first peak is shifted lower in time than the ideal. The opposite effect

is observed for the inter-resonator coupling, which is under-coupled and spaced further in

time. Also, note that both the resonator and antenna are not tuned accurately to the center

frequency of 10.25 GHz. The antenna is tuned to a higher frequency, whereas the resonator

is tuned to a lower frequency, as observed from the group delay TD response in Fig. 5.29.

The fine-tuning process using the time-domain method is first started by maximizing

the depth of each null by accurately tuning the resonator and antenna to a center frequency

of 10.25 GHz. The gap size for the contactless-tuned resonator was increased from 90 µm

to 103.5 µm to decrease the capacitive loading and shift the resonant frequency to a higher

value. The varactor capacitance was decreased from 0.36 pF to 0.34 pF to tune the antenna

at 10.25 GHz. Next, the filtenna’s Qext1 value was adjusted by reducing the feed angle

from 110◦ to 97.4◦ to lower the GCPW feed coupling at the input port. The inter-resonator

coupling was matched by increasing the iris width from 3.5 mm to 4.1 mm. The final
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Figure 5.30: Final Time-Domain response at 10.25 GHz after fine-tuning with the TD tuning method

time-domain reflection magnitude response and group delay plots are shown in Fig. 5.30.

There is a very good agreement between the ideal and simulated filtenna response in the

time domain.

5.6.3 Filtenna Simulation Results

The corresponding S11 magnitude response in frequency-domain is plotted in Fig. 5.31. The

return loss is about -26 dB at the center frequency of 10.25 GHz. The peak realized gain

across frequency shows good in-band radiation performance with a maximum gain of 2.3 dB

at 10.25 GHz. The out-of-band rejection of the filtenna is also high due to the integrated

filtering functionality.

The main limitation on filtenna’s tuning range is imposed by the varactor’s available

range of capacitances, which ranges from 0.15 pF to 2 pF. The EVA-mode contactless tuned

resonator can be tuned across the entire X-band due to the large actuation range of the tuner.

The filtenna’s tuning range is investigated by varying the load capacitances of the varactor
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to maximum and minimum values. First, the filtenna was tuned at the minimum varactor

capacitance of 0.15 pF, where it operated at a maximum frequency of 10.9 GHz, as seen in

Fig. 5.32. When the varactor load capacitance is maximized to 2 pF, the filtenna operates at

9.5 GHz, shown in Fig. 5.33.

Note that both the time-domain responses at maximum and minimum frequency show

deviations from the ideal response and do not precisely satisfy the filter specifications.

As explained in Section 4.2.3, this is due to the non-tunability of the external input and

inter-resonator coupling across frequency. As a result, the bandwidth and return loss vary

over the tuning range. At 10.9 GHz, the iris width is electrically longer than the center

frequency of 10.25 GHz. Therefore, the resonators demonstrate over-coupling, as seen in

the time-domain response of Fig. 5.32. The opposite effect is observed at 9.5 GHz, where

             
               

   

   

   

   

   

   

  

 

 

 
  

  
  

 
  
 
 
  

  
 
  

 
 

   

   

   

   

   

   

  

 

 

 
  

   
  

  
  

 
  
  

  
 

 

Figure 5.31: |S11| Magnitude response and Realized Gain (dB) for synthesized filtenna at 10.25 GHz.
The peak realized gain is 2.34 dB at 10.25 GHz.
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Figure 5.32: Filtenna response at the Forward Tuning Limit - 9.5 GHz. The bandwidth of the filtenna
is lower than that of the center frequency of 10.25 GHz due to under-coupling.

    

         

    

    

    

    

    

   

   

   

   

 

 
 
 
 
  
 
 
 
  
 
 
  
 
 
 

                                           

     

         

         

               

   

   

   

   

   

   

   

   

  

 

 

  

 
 
 
  

 
 
 
  
 
 
 
  
  
  
 
 

   

   

   

   

   

   

   

  

 

 

 
 
 
  
  
 
  

 
  
  
  
  
 
 

 
  
                                  

Figure 5.33: Filtenna response at the Reverse Tuning Limit - 10.9 GHz. Filtenna bandwidth is larger
than it is at a center frequency of 10.25 GHz due to over-coupling.

the inter-resonator coupling is under-coupled due to the smaller electrical length of the iris.

The realized gain ranges from 2 dB at 9.5 GHz to 5.2 dB at 10.9 GHz. The total

140



efficiency varies from 38% to 75% at maximum and minimum loading, respectively. As will

be discussed in Chapter 6, the main cause for the drop in peak realized gain and radiation

efficiency is due to the varactor series resistance. Additionally, the antenna is maximally

loaded at 9.5 GHz and is electrically much smaller, which results in a smaller realized gain.

Filtenna with Varactor Bias Network

After the synthesis process, the varactor bias network needed for tuning the antenna was

added to the tunable filtenna structure. The goal was to investigate the effect of the bias

network on the filtenna’s RF performance and ensure good isolation between the RF circuitry

and DC bias lines. The radial stub bias network, designed in Section 5.5.3, was added to

the superstrate layer. The bias network parameters, consisting of the stub sector angle and

stub radius, were fine-tuned to ensure minimal disturbance to the RF performance of the

filtenna. Simulation results of the S11 magnitude response and peak realized gain across

frequency with the added bias are plotted in Fig. 5.37 and Fig. 5.38, respectively. The RF

Choke network effectively blocks any RF coupling between the filtenna and bias lines across

the entire operating range. As seen in Fig. 5.39, the isolation between RF and DC is better

than 34 dB across the filtenna tuning range from 9.5 GHz to 10.9 GHz.

The simulated radiation patterns of the varactor-tuned filtenna with the added bias

network are plotted in Fig. 5.40. The added bias network does lead to an increased cross-

polarization pollution, mainly due to the presence of the radial stubs. However, the filtenna’s

co-polarized radiation is resilient to any interference from the bias network.

141



xy

z

Figure 5.34: 3-D model of the varactor-tuned X-Band filtenna with added radial stub DC-bias
network
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Figure 5.35: Primary design variables of the X-band synthesized filtenna are labeled. The values are
listed in Table 5.3

Table 5.3: Design dimensions of superstrate-loaded varactor-tuned filtenna (all dimensions are in
mm)

Dimension Value Dimension Value

tss 0.127 fw 0.4

s 0.36 gf 0.13

px 1.3 pv 1

fθ 97.4◦ ϕv 0.3

fr 2.1 wf 1.11

Rslot 5 ϵr2 2.8

Lx 18.75 t2 0.0127

Ly 11 Gx 25

tsub 1.534 r 0.8

wr 0.05 a 0.5
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Figure 5.36: Primary dimensions of the radial-stub bias network for the filtenna: wp = 1 mm, wb =
100 µm, Rstub = 3 mm, θstub = 100◦, dstub = 5.45 mm, wi = 0.335.
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Figure 5.37: Effect of Radial-Stub Network on the S11 response across the filtenna tuning range
from 9.5 GHz to 10.25 GHz. The solid line corresponds to the filtenna response without bias, and the
dotted line is with bias.

Table 5.4: Peak Realized Gain of the varactor-tuned filtenna across tuning range with and without
the bias network

Frequency Without Bias With Bias

ϕ = 90◦ ϕ = 0◦ ϕ = 90◦ ϕ = 0◦

Co-Pol X-Pol Co-Pol X-Pol Co-Pol X-Pol Co-Pol X-Pol

9.5 GHz 1.71 dB -28.7 dB 1.71 dB -43 dB 1.7 dB -21.8 dB 2.1 dB -23 dB

10.25 GHz 1.96 dB -24.2 dB 2.3 dB -40.4 dB 1.86 dB -24.1 dB 2.25 dB -34.6 dB

10.9 GHz 6.21 dB -21 dB 6.21 dB -24 dB 6.27 dB -20 dB 6.27 dB -34 dB
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Figure 5.38: Effect of Radial-Stub Network on the realized gain (dB) response across the filtenna
tuning range. The solid line corresponds to the filtenna response without bias, and the dotted line is
with bias.

          
               

   

   

   

   

   

   

   

   

  
 
  

  
 
 
  
 
 

 

                   
                     
                    

Figure 5.39: RF and DC port isolation of the antenna for the varactor-tuned filtenna. Better than
34 dB of isolation is maintained across the tuning range.
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Figure 5.40: Effect of Radial-Stub Network on the radiation patterns across the tuning range. The
antenna planes are defined by the coordinate system labeled in Fig. 5.35 and Fig. 5.36. An increased
cross-polarization level is observed in the presence of the radial stubs. However, the co-polarized
radiation pattern remains undisturbed.
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5.7 Conclusion

The theory, concept, and synthesis of a novel frequency-agile filtenna element for X-band

applications were presented in this chapter. Based on the performance trade-offs between

high-frequency state-of-art tuning technologies, electronic reconfiguration using varactor

diodes was used to accommodate frequency reconfiguration in the antenna and filtenna

element.

The concept of a SIW-based superstrate-loaded cavity-backed slot antenna was detailed.

Two antenna prototypes were designed to demonstrate the trade-off between tuning range and

antenna efficiency. The first prototype was designed to cover the whole X-band frequency

range, from 8 GHz to 12 GHz, while the second prototype was designed to tune from

9.5 GHz to 11 GHz. A radial-stub bias network was incorporated on the superstrate layer to

provide the external bias voltage for the semiconductor varactor diodes. The bias network

was carefully designed to ensure good isolation between the antenna’s RF energy and the

varactor’s DC bias lines. Finally, a frequency-agile filtenna was designed using coupled-

resonator filter theory. The building blocks comprised the contactless-tuned resonator and

the superstrate-loaded varactor-tuned slot antenna. By varying the resonator’s capacitive

gap and the antenna’s varactor capacitance, the filtenna demonstrated frequency tuning from

9.5 GHz to 10.9 GHz.

In the next chapter, Chapter 6, a loss analysis of the filtenna is completed by analyzing the

effects of the series resistance introduced by the semiconductor varactor diode. Furthermore,

a new varactor loss characterization method is presented for applications at microwave

frequencies.
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Chapter 6

Practical Limitations of Tuning Varactors

Ideally, a tuning varactor diode is a two-terminal PN junction semiconductor device that

functions as a voltage-controlled variable capacitor. However, in practical applications,

several non-idealities associated with the diode may reduce the available capacitance tuning

ratio and add to the overall losses in the structure. Furthermore, the effect of the varactor’s

non-idealities is more detrimental when operating at microwave frequencies. This work

incorporates a varactor tuning element into an antenna and filtenna for X-band applications,

presented in Chapter 5. Varactor diodes are integrated into many reconfigurable designs,

including voltage-controlled oscillators, tunable filters, tunable antennas, tunable filtennas,

and beam-scanning phased array systems. Given the wide range of applications that use

varactors, it is vital to evaluate the effects of varactor’s non-idealities to ensure optimal

system performance at microwave frequencies.

The goal of this chapter is to summarize, characterize and analyze the practical limi-

tations of tuning varactor when used at higher microwave frequencies. The first section

discusses the fundamentals of the semiconductor PN junction operation of the varactor diode.

The next section outlines the modeling of varactors at microwave frequencies using a lumped

element equivalent circuit. Several non-idealities, including parasitic reactance and loss

resistances, are accounted for in the equivalent circuit model. In the last section, a method is

presented to estimate the quality factor of a tuning varactor at microwave frequencies.
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6.1 Semiconductor PN junction operation

The structural overview of a semiconductor varactor diode is shown in Fig. 6.1. The die

consists of a heavily-doped P-type material, a lightly-doped N-type material, and a heavily-

doped N+ layer at the bottom. The P-layer consists of acceptor atoms (electron holes),

resulting in a net negative charge, whereas the N-type material provides donor atoms with a

net positive charge. The additional N+ layer functions as a mechanically robust platform

onto which the other layers are deposited. In the adjoining region separating the N and P

layers, excess electrons recombine with the holes in the P-layer, forming a volume devoid of

free carriers. This region is known as the ”depletion region,” forming at the PN junction. The

portion of P and N layers separated from the depletion region can be considered conductors,

while the depletion region forms a nearly perfect dielectric.

Therefore the PN junction meets the definition of a capacitor, with the capacitance of

Figure 6.1: (a) Semiconductor layers of a varactor diode (b) Junction capacitance and depletion
region development in the presence of an external-reverse bias voltage.
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the diode, CV , expressed as:

CV =
ϵA

d
(6.1)

where A is the area of the cross-section area of the semiconductor contacts, ϵ is the per-

mittivity of the semiconductor material, and d is the width of the depletion region. The

diode’s physical design and material type sets the area A and permittivity ϵ. Thus, tunability

of the junction capacitance is achieved by varying the width of the depletion region. This

is accomplished by applying an external reverse bias voltage (negative terminal of source

connected to P layer) across the diode terminals. The width of the depletion layer is directly

proportional to the magnitude of applied reverse-bias voltage. The varactor junction ca-

pacitance, Cj(VR) ,as a function of the applied reverse-bias voltage magnitude, VR, can be

well-described by the following equation [85],

Cj(VR) =
Cj(VR = 0)

(1− Vj
ψ0
)

(6.2)

where ψ0 is the built-in voltage of the semiconductor at no bias, Cj(VR = 0), is the junction

capacitance at 0 V bias, and m is the slope exponent whose value is determined by the

specific doping profile of the varactor.

The doping structure introduced within the semiconductor can be controlled to provide

a specific range of capacitance values and capacitance-tuning ratio. Based on the doping

profile, varactors can be categorized as linear, abrupt, and hyper-abrupt. Linear (m = 1/3)

and abrupt (m = 0.5) doping profiles are formed when the doping concentration of the

cathode N-layer remains nominally constant with respect to the PN junction depth. As a

result, the achievable capacitance-change ratio is limited. For hyper-abrupt varactors ( m

≥ 0.5), the carrier concentration in the N-layer rapidly reduces with increasing distance

from the junction, allowing the edge of the depletion layer to sweep through its thickness

much more rapidly [86]. Therefore, a hyper-abrupt varactor can achieve a significantly
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Figure 6.2: Effect of doping profile on a varactor’s capacitance tuning sensitivity. A hyper-abrupt
doping profile yields the maximum capacitive tuning ratio and much smaller values of capacitances.

larger capacitance change ratio as compared to abrupt varactor diodes. The plot in Fig. 6.2

illustrates the effect of different doping profiles on the capacitance-voltage curve. In

addition to a larger capacitance ratio, a hyper-abrupt profile can also provide much smaller

capacitance values than abrupt varactors.
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6.2 Lumped Element Model of a Varactor Diode

6.2.1 Series Equivalent Resistance

A varactor diode’s ideal lumped element model representation is just that of a variable

capacitor. However, the die itself has loss resistances associated with the concentration of

charge carriers in the constituent semiconductor layers, as seen in Fig. 6.1. The combined

junction resistance, Rj , is the sum of resistances RN , RP and RN+ layer corresponding to

the N, P, and N+ layers of the semiconductor die [86].

It is important to note that the value of Rj varies as a function of applied reverse-bias

voltage. Due to the heavy-doping of P and N+ regions, RP and RN+ remain virtually con-

stant with applied voltage. However, the resistance of the N-layer is inversely proportional

to the magnitude of reverse-bias voltage [86]. The depletion layer is thinnest at a very low

reverse bias, resulting in increased conductive path length around the junction. Therefore, at

the lowest bias voltage and correspondingly maximum junction capacitance, the value of

Figure 6.3: Lumped element equivalent model of a varactor diode, when modeled at microwave
frequencies. Additional series resistance and parasitic reactances exist with the varactor’s intrinsic
junction capacitance.
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RN is the highest.

The losses explained above were associated only with the naked die. When the varactor

die is attached to the rest of the RF circuitry, additional contact resistances, RS , exist in

series with the intrinsic semiconductor resistances. Therefore, the total impedance of the

varactor, ZT is given as [86],

ZT (VR) = (RN+ +RP +RN(VR)) +RS −
j

2πfCj(VR)
= RT (VR)− jXCj(VR) (6.3)

In Eq.(6.3), RT is the total voltage-dependent series resistance, and f is the frequency of

operation. XCj is the capacitive reactance of the depletion region.

6.2.2 Parasitic Reactance

Commercially available varactor diodes usually contain packaging to protect the bare die

from physical damage and facilitate an easier connection with the rest of the circuit. The

packaging results in unwanted parasitic reactance that can be detrimental to the performance

Figure 6.4: Parasitic reactances due to the packaging effects of a varactor diode. An equivalent
parallel capacitance and series inductance exists with the varactor’s intrinsic junction capacitance.
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of the varactor, specifically on the capacitance tuning ratio. Consider the model of a varactor

chip mounted in a typical metal-ceramic package, as seen in Fig. 6.4. The chip rests on a

metal pedestal, with bonding straps connecting to the top of the chip. The die is encapsulated

in a ceramic envelope, with metal pieces attached to seal the package and also to provide

mounting prongs to attach to the rest of the circuitry. The resulting parasitic impedances

and their effect on the varactor’s electrical performance are summarized as follows:

1. Parasitic Capacitance - Cparasitic

As seen in Fig. 6.4, there are several stray capacitances associated with packaged die.

A capacitance Cs is formed between the top straps and the base, whereas Cc represents

the capacitance within the ceramic envelope. Additionally, there are more fringing

capacitances Cf from the top of the package to the bottom and the surrounding region.

These capacitances can be together lumped into a single parasitic capacitance value,

Cparasitic, which is in parallel with the varactor’s junction capacitance, given as [86],

Cj(VR) =
Cj(VR = 0)

(1− Vj
ψ0
)

+ Cparasitic (6.4)

The main effect of Cparasitic is the reduction of the overall capacitance ratio available

from the diode compared to that of the bare varactor die. It should also be noted that

the reduction of the available capacitance ratio is more severe for very small values of

junction capacitance and is negligible for larger values of capacitance.

2. Parasitic Inductance - Lparasitic

Metal leads are required to provide mounting prongs for the die to be attached to the

rest of the circuit. These result in a parasitic inductance, Lparasitic, which exists in

series with the varactor’s junction capacitance. As a result, the self-resonant frequency

fsf of the varactor is lowered due to the formation of series and parallel resonances,
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given as

fsf =
1

2π
√
Cj(max) Lparasitic

(6.5)

where Cj(max) is the maximum junction capacitance. The parasitic inductance value

places an upper limit on the diode’s operational frequency. Based on the range of

the varactor’s capacitance values and packaging inductance, a circuit designer must

ensure that the self-resonant frequency is above the diode’s intended frequency range

of operation.

6.3 Varactor Quality Factor

The quality factor, Q, is often used as a figure of merit to express the ideality of a reactive

component. For a varactor, the quality factor is defined as the ratio of energy stored in the

junction’s capacitive reactance to that dissipated in the loss resistance. Based on the lumped

element model in Fig. 6.3, the varactor quality factor can be expressed as [86],

Q =
ℑm (ZT (VR))

ℜe (ZT (VR))
=

1

(2πf)Cj(VR)RT (VR)
(6.6)

where RT = RS + Rj is the total voltage-dependent series resistance. It is important to

note that the varactor Q is also a function of the operating frequency. Most manufacturers

specify the Q at one frequency, typically 50 MHz. To determine the Q at another frequency,

Eq. (6.12) can be used to get [86],

Q(f) =
(Qspecified) (fspecified)

f
(6.7)

The varactor Q calculated Eq.(6.7) should be considered the maximum attainable Q. In

practice, the actual quality factor is generally lower than predicted by the above equation.
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6.4 Effect of varactor non-idealities on Antenna Performance

The superstrate-loaded cavity-backed slot antenna, introduced in Chapter 5, uses a varactor

as the tuning element to change the overall capacitive loading at the slot aperture. Based

on the non-idealities of tuning varactors discussed in the above sections, it is evident that

the varactor diode’s practical limitations may significantly affect the antenna’s performance,

specifically in terms of the achievable tuning range and radiation performance. Additionally,

the antenna operates at a relatively higher frequency in the X-band, resulting in a more

detrimental effect that needs to be accurately investigated and accounted for. Several design

decisions were taken to mitigate these issues, which are summarized in the following

sections.

6.4.1 Antenna Tuning Range

The main limitation of the antenna’s achievable tuning range is the presence of package

parasitics. For the antenna to tune across X-band, the required junction capacitance range

is from 0.15 pF to 2 pF. To ensure that the self-resonant frequency of the varactor is above

the X-band frequency range, the maximum allowable parasitic inductance is calculated to

be 0.08 nH using Eq. (6.5), with Cj(max) = 2 pF. In the most widely used commercially

available packages like SOT-23, SC-79, SOD-882, etc., the minimum series inductance is

at least 0.4 nH. Furthermore, the lowest parasitic capacitances of these packages are more

than 0.1 pF, which is almost comparable to the minimum junction capacitance (0.15 pF)

required by the superstrate-loaded antenna to tune at 12 GHz. Therefore, a varactor with

minimal package parasitics is required to ensure proper operation of the antenna in the

X band frequency range.

Beam-lead diodes are particularly suited for applications where low parasitic reactance

and small size are prime requirements. This is the case for many varactor-tuned applications
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Figure 6.5: Beam lead varactor diode layout with the typical dimensions of commercially available
chips. The beam-lead topology is well-suited for varactor applications with minimal parasitic
reactances.

at higher microwave frequencies. Depending on the exact case style, lower than 0.05 nH of

parasitic inductance and less than 0.07 pF of a parallel parasitic capacitance can be achieved.

The layout of a typical beam lead-diode is shown in Fig. 6.5. It consists of the main chip

(silicon or Gallium Arsenide), with co-planar gold-plated tabs or ”beams” protruding 6 to 9

mils beyond the edge of the chip. Beam lead diodes are generally the smallest chips available

in the diode family, facilitating easier integration in high-frequency applications where space

is a limiting factor. Based on the required range of tuning capacitance, beam-lead Gallium

Arsenide varactor from MACOM technology MA46580 (0.15 - 2 pF) was selected for the

superstrate-loaded antenna and filtenna in this work. A large capacitance ratio is achieved

due to the diode’s hyper-abrupt doping profile, which enables the antenna to tune across a

wide tuning range.
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Figure 6.6: Effect of varactor’s equivalent series resistance on radiation efficiency and realized gain
of the superstrate-loaded antenna design (Prototype-2)

6.4.2 Radiation Performance

The effect of series resistance in the varactor lumped element model of Fig. 6.3 is to

have additional losses and consequently lower the varactor’s quality factor. In terms of an

antenna’s performance, the efficiency and realized gain show significant degradation with

increasing RT . This is evident in the simulated efficiency and peak realized gain plots of

the superstrate-loaded antenna across its tuning range, as seen in Fig. 6.6. As the value of

RT increases from 0 Ω to 5.5 Ω, the maximum radiation efficiency degrades from 95 % to

67 % at the minimum load capacitance. Also note that the degradation of the antenna’s

efficiency and realized gain is more severe at maximum loading capacitance, where the

antenna operates at the lower end of the frequency tuning range. At the highest loading, the

antenna’s electrical size is much smaller, and the combined effects of miniaturization and

varactor losses cause a dramatic decrease in the antenna’s radiation performance.

Determining the exact behavior of loss resistance value or varactor Q across a given range

of frequencies and capacitance values is very challenging. Manufacturers usually specify the
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varactor’s Q at a much lower frequency of 50 MHz and at an arbitrary reverse-bias voltage

(typically 4V). As noted earlier, the series resistance is a function of the applied reverse

bias voltage. However, most data sheets do not contain the range of resistance values as a

function of junction capacitance. An underlying assumption made in Eq.(6.7) to determine

the varactor Q is that the only frequency-dependent quantity is the junction’s capacitive

reactance. This is a faulty assumption because, at microwave frequencies, additional

losses (due to skin effect, etc.) significantly lower the varactor’s quality factor. The

resulting inaccuracies in estimating varactor quality factors can cause overly optimistic

design and misleading results in practice. To guarantee an acceptable RF performance of the

manufactured design, the losses contributed by the varactor must be accurately characterized.

6.5 Estimation of Varactor Q at Microwave Frequencies

Some methods to extract a varactor’s quality factor have been investigated in the existing

literature. In earlier research works for diode characterization, for instance, in [87] and [88],

varactors are characterized using resonant structures in a reduced-height waveguide and

coaxial line measurement systems. However, these setups are space-consuming, complex,

and incompatible with the present-day chip varactor topologies. Furthermore, the measure-

ment setup is significantly different from the actual mount environment of the varactor in a

practical tuning application.

As noted in [89], a straight-forward method of extracting a varactor’s quality factor is

to mount it at the end of a 50 Ω transmission line, measure S-parameters using a network

analyzer and extract the impedance of the diode. However, this method requires precise

calibration at the reference plane where the diode is mounted. This method can also lead to

significant errors in the value of the varactor’s resistance since the S11 curve is very close to

the edge of the Smith Chart.
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Alternate methods are described in [89], [90], and [91], where electromagnetic simula-

tion software with a built-in optimizer is used to minimize the errors between the varactor’s

SPICE model and measured data. These procedures depend on standard calibration tech-

niques to negate the effect of test fixtures. A disadvantage of these optimization-based

methods is that they do not capture the varactor’s intrinsic bias-dependent junction resistance.

In addition, the process is time-consuming as several iterations of optimization are needed

to match the simulated model with measured data. Furthermore, the data’s accuracy also

depends on the calibration precision at the reference plane where the diode is mounted.

As an alternative, a simplified method to estimate the varactor’s Q without any calibration,

de-embedding, or complex setup is presented in this paper. A varactor is integrated into a

tunable microstrip combline resonator, with weak external coupling at the input and output

ports to allow for the resonator’s unloaded Q extraction. The varactor’s Q is determined

by replacing the varactor with an equivalent high-Q capacitor. As a proof-of-concept, the

theoretical method is validated through simulations, with varactor capacitances ranging from

1.4-2.4 pF over a frequency range of 8.2 GHz to 8.5 GHz. The proposed method can be

applied for different values of varactor capacitances and at higher microwave frequencies.

6.5.1 Proposed Method for Varactor-Q Extraction

The proposed technique is based on extracting a microwave resonator’s unloaded quality

factor, Qu, using two-port S-Parameter measurements. The total loaded quality factor of the

measured system QL, is related to the unloaded Q, Qu, and the external quality factor, Qe,

as [92],
1

QL

=
1

Qe

+
1

Qu

(6.8)

Lowering the external coupling increases the value of Qe, and the measured QL approaches

the value of Qu. The loaded quality factor is determined from the 3 dB bandwidth of the
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transmission response,

QL =
f0

∆f3dB
(6.9)

where f0 is the resonant frequency and ∆f3dB is the half-power bandwidth of the resonator

(where the transmission response is 3 dB lower than at resonance)[92]. An accurate extrac-

tion of Qu can be made from the peak value of the transmission response magnitude, |S21|,

at resonance, through the relation

Qu =
QL

1− |S21|
. (6.10)

The total Qu of the varactor-tuned resonator consists of the resonator’s quality factor

Qres and the varactor’s quality factor Qvar. The value of Qres represents the conduction,

dielectric, and radiation losses. The resonator’s losses can be isolated from the varactor loss

by replacing the varactor with a high-Q capacitor. With the extracted values of Qu and Qres,

the varactor Q can be determined using,

1

Qvar

=
1

Qu

− 1

Qres

(6.11)

The equivalent series resistance value RT can be determined from Qvar using [86],

RT (VR) =
1

(2πf0)Cj(VR)Qvar(VR)
(6.12)

where VR is the reverse-bias voltage needed to realize a junction capacitance Cj .

6.5.2 Resonator Design

A varactor-tuned microstrip combline resonator was chosen to validate the proposed tech-

nique due to its compatibility with a capacitive tuning element. As seen in Fig. 6.7(b),
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the varactor is loaded at the one end of the stub resonator, with the anode terminated to

the ground through a via hole. For the varactor-tuned resonator, a quarter wavelength line

is added instead of the typically short-circuited cathode end of the varactor. The quarter

wavelength transforms the open-circuit end to a short-circuit at the stub resonator’s end.

The resonator’s characteristic impedance ZR, electrical length θ0, and the load capacitance

CL determine the resonant frequency. Input and output couplings are realized using 50 Ω

microstrip lines, short-circuited at one end.

The combline topology was chosen for its feasibility of replacing the capacitor with a

tuning varactor diode. The resonator is implemented on a 30 mil thick Rogers 3003 substrate

(ϵr = 3) substrate. All the primary design variables and dimensions are shown in Fig. 6.7.

The varactor is loaded at the one end of the stub resonator, with the anode terminated to

the ground through a via hole. The DC biasing is implemented using a radial-stub RF

choke. Based on the manufacturing feasibility, the bias line width is designed to be 100 µm.

Weak external coupling to the input and output ports is achieved by increasing the feed-gap

distance x0.

6.5.3 Simulation Validation

The simulated transmission (S21) magnitude response of the designed resonator is shown in

Fig. 6.8. The resonator can be tuned from 8.2 GHz to 8.5 GHz for a capacitance junction

variation of 2.4 pF to 1.4 pF, respectively. A junction resistance of 1 Ω and 2 Ω was added

to the ideal varactor capacitance in simulation. By comparison with a high-Q capacitor

(RT ≈ 0 Ω), the varactor Q was extracted for different values of junction capacitance using

the proposed technique.

As seen in Fig. 6.9, the extracted Qvar closely follows the theoretical values, which are

calculated using Eq. 6.12 across the tuning range. Therefore, the presented method can be

163



used to experimentally estimate the Q-factor of practical tuning varactors for reconfigurable

antenna applications at microwave frequencies.
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Figure 6.7: (a) Combline Resonator Topology (b) Implementation for varactor Q extraction: xf = 12,
x0 = 2.4, δg = 0.36, lf = 1.7, lx = 2.1, lr = 5, lp = 1.2, lb = 6, wr = 1, wf = 1.5, wb = 0.1,
w0 = 1, ϕd = 0.3, Rs = 4 (all dimensions are in mm), and θs = 100◦. Overall top dimensions of
the substrate is 25 mm × 30 mm.
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Cj

Figure 6.8: Transmission response for the tunable combline resonator at different varactor capac-
itance Cj . The zero resistance value (Rt = 0 Ω) represents the high-Q capacitor loaded resonator.
Note that the S21 peaks are below 20 dB to accurately extract Qu.

Figure 6.9: Comparison of the theoretical and simulation-based extracted value of Qvar using the
proposed technique for a junction resistance RT = 1 Ω and RT = 2 Ω.
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6.5.4 Practical Considerations

In order to experimentally extract a varactor’s quality factor, certain practical aspects of

the method proposed in Section 6.5.1 need to be addressed. Firstly, the capacitor-loaded

and varactor-loaded resonator designs should be manufactured using a single PCB board

with the same copper electroplating processing cycle. This is important to ensure that the

consequent reduction in the resonatorQu due to conduction losses of imperfect electroplating

is accurately captured in both the capacitor-loaded and varactor-loaded resonators. Doing so

would ensure that the losses due to the varactor can be isolated with minimal errors.

The second consideration is regarding the finite quality factors of the lumped capacitors.

In the simulation, the quality factor of the ideal lumped capacitor is infinite. This is obviously

not true in practice, as the capacitors have a high Q corresponding to a low value of loss

resistance. For instance, a prototype was manufactured for the test fixture presented in

Section 6.5.1, with a 2 pF lumped capacitor from KYOCERA AVX (04022J0R3ZBTTR),
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Cload

Sim. Q   =  122.6 

Meas.  Q  =  107.42

Figure 6.10: Measured transmission response of a 2 pF capacitor-loaded combline resonator. (a)
Fabricated Resonator prototype with a 2 pF capacitor soldered at one end of the stub. (b) Measured
Vs. Simulated Transmission Response
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as seen in Fig. 6.10 (a). The measured transmission response and the simulated response,

assuming zero loss resistance and infinite Q are plotted in Fig. 6.10. The measured total

Q shows a 14% reduction from simulation due to slightly higher conduction losses with

in-house fabrication, as well as the finite losses of the capacitor itself. Therefore, to

experimentally extract a varactor diode’s Q accurately, the comparison should be done with

a similar prototype of a capacitor-loaded resonator.

6.6 Conclusion

This chapter summarized and analyzed the practical non-idealities of tuning varactors when

used at higher microwave frequencies. Specifically, the series junction resistance which

exists with the varactor’s junction capacitance can add high losses and degrade an antenna’s

radiation efficiency. The loss resistance value, RT , is extracted from the varactor’s quality

factor, generally specified in data sheets at an arbitrary reverse-bias voltage and a lower

frequency of 50 MHz. However, additional losses at microwave frequencies can further

lower the varactor’s Q, which can be challenging to predict.

To guarantee an acceptable RF performance of the manufactured design, the losses

contributed by the varactor must be accurately characterized. In this chapter, a theoreti-

cal method to characterize the quality factor (Q) of varactor diodes for tunable antenna

applications at microwave frequencies was presented. The proposed technique is based

on extracting the unloaded quality factor of a tunable microwave resonator. The method’s

efficacy is validated through simulation results to extract the quality factor as a function

of applied bias voltage and operating frequency. The proposed technique is not subject to

calibration and de-embedding errors due to the weak coupling of the resonator at the input

and output ports.

The varactor’s Q-factor analysis is extremely relevant to characterize the varactor-
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tuned superstrate-loaded filtenna presented in Chapter 6. Furthermore, the characterization

can be used to estimate the bias and frequency-dependent varactor quality factor for any

reconfigurable RF and microwave device that incorporates varactor diodes for tunability.

The future implications and improvements that can be performed on the characterization

method are summarized in the conclusions section of the last chapter, Chapter 7.
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Chapter 7

Conclusions and Future Work

7.1 Summary of Work

The goal of this thesis was to develop frequency-agile filtennas to improve the multi-

functionality of next-generation RF Front-ends while also satisfying a system’s size, weight,

and power requirements. Traditional bandpass filter synthesis using coupled-resonator

theory was applied in the design and implementation of reconfigurable filtennas. In the

BPF-based filtenna synthesis method, the antenna is used as the last resonator of a bandpass

filter and contributes a pole to the filtering response. As a result, a higher-order filtering

response is derived using lesser resonators. Due to the integrated filtering and radiating

characteristics, a filtenna can prove to be an excellent candidate for next-generation RF

Front-ends.

A tunable microwave resonator forms the first building block of a filtenna unit, and

an evanescent-mode (EVA-mode) cavity topology is used in the resonator implementation

throughout this work. Several widely tunable, high-performance, and miniaturized bandpass

filters have been implemented using the evanescent-mode technology, but they have not

been broadly explored in the design of tunable filtennas and antennas.

First, a frequency-agile antenna was realized by integrating the EVA-mode resonator as

a cavity-backing for an annular radiating slot aperture. A contactless tuning scheme was
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incorporated to tune the antenna across a frequency range of 1.7 GHz to 2.6 GHz using

external long-range linear actuators. The antenna was experimentally tested to demonstrate

high power handling capacity and was realized using simple manufacturing processes.

The contactless-tuned EVA-mode antenna was then integrated into a filtenna topology.

The filtenna demonstrated frequency agility from 2 GHz to 2.6 GHz using electronically

controlled linear actuators.

Following the demonstration of tunable filtenna for S-Band applications, a new concept

was conceived to scale the design for X-band (8-12 GHz) applications. The design process

started by building the structure for a varactor-tuned cavity-backed slot antenna. To improve

the compatibility with state-of-the-art tuning varactors, the antenna was loaded with a

superstrate layer on the slot aperture. Finally, the superstrate-loaded varactor-tuned antenna

was integrated into a frequency-agile filtenna for operation at the X-band frequency range.

In the last section of the thesis, the practical limitations of a varactor diode for high-

frequency applications were studied and analyzed. The lower quality factors of varactor

didoes can have a detrimental impact on the performance of the passive structure. In an

antenna or a filtenna, these losses can lead to a reduction in radiation efficiency. From a

system point of view, these losses can degrade the overall Signal-to-Noise ratio. However,

there is a lack of characterization and extraction methods in the existing literature to

accurately quantify the varactor’s quality factor, especially at higher frequencies. Therefore,

a new method to estimate the quality factor of a varactor diode was presented. With

a relatively simple test procedure using no calibration or de-embedding techniques, the

varactor’s bias and frequency-dependent quality factor can be experimentally extracted.

The proposed technique was validated through simulation results, and a framework for

experimental tests was outlined.
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7.2 Contributions

The work presented in this thesis has contributed to the field of frequency reconfigurable

filtennas and antennas in several ways, which are summarized as follows,

• Theory, design, and fabrication of a high-power and widely tunable SIW-based

evanescent-mode cavity-backed slot antenna using long-range external linear actuators

[93].

• Design concept and fabrication of a SIW-integrated contactless-tuned filtenna based

on evanescent-mode cavity resonators.

• Conceptual design and implementation of X-band tunable superstrate-loaded cavity-

backed slot antenna with state-of-the-art varactor diodes.

• Design demonstration of a superstrate-loaded varactor-tuned filtenna for X-band

applications.

• Proposal of a new method to accurately characterize the quality factor of varactor

diodes for operation at microwave frequencies.

7.3 Future Work

Fabrication and Experimental validation of the X-Band filtenna

The next step for the presented work is to complete the fabrication and experimental valida-

tion of the varactor-tuned superstrate-loaded antenna and filtenna. Before the manufacturing

process, it would be worthwhile to first experimentally extract the quality factor of the

deployed beam-lead varactor didoes at the X-band frequency range, using the technique

proposed in Section 6.5.1. This will enable a more accurate prediction of the antenna’s and
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filtenna’s radiation efficiency by taking into account the actual losses due to the varactor

diode. Additionally, it will be interesting to quantify the deviation of the experimentally

extracted varactor’s quality factor from that predicted inaccurately by the generally used

frequency scaling equation in Eq. (6.7).

Improvements in varactor-Q extraction method

In this thesis, the practical limitations due to a tuning varactor diode were studied in view of

its effect on the tuning range and radiation performance of a filtenna. However, varactors

also display unwanted non-linear effects due to inter-modulation distortion and are known

to have very low power handling. The quality-factor extraction technique proposed in this

work does not account for the non-linearity of the varactor diode. Therefore, further work

can be done to improve the method by investigating and incorporating the effect of diode

non-linearity and power handling capacity. Some foundational work on non-linear varactor

diode characterization, presented in [94], can be used to extend the proposed Q extraction

method for better diode characterization. To account for these practical limitations in the

simulation and design process of varactor-tuned networks, co-simulation methods can be

deployed to combine full-wave EM solvers with other user-defined nonlinear circuit element

models in softwares like Advanced Design System (ADS). Such a combined simulation and

design method can be used to precisely capture the impact of a varactor’s non-idealities on

the RF performance.

Performance enhancement of the varactor-tuned filtenna

The multi-functionality of the filtenna structures proposed in this work can be further

improved by incorporating bandwidth control of the filtering response. This can be imple-

mented by incorporating a tuning element to control the inter-resonator coupling between the
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resonators and radiating element. Furthermore, a tuning mechanism can also be incorporated

at the input and output ports to control the group delay or out-of-band attenuation level.

These developments would enhance the filtering response of the filtenna at the lower and

higher end of the frequency range while also allowing a method to correct post-fabrication

errors.

To improve the non-linearity issues exhibited by the varactor diode, an anti-series con-

figuration can be used for the tuning varactor in the superstrate-loaded antenna structure

presented in Chapter 5. The anti-series varactor configuration, seen in Fig. 7.1, has been

shown to improve the linearity performance by enforcing a distortion cancellation mecha-

nism [95]-[98]. An improvement in the power-handling capability of a varactor can also

be made by implementing a multiple stack-up of the anti-series varactor units [98]. This

configuration, shown in Fig. 7.2, results in a distribution of the RF voltage between an

increased number of varactors, thereby increasing the device’s power handling capacity.

High-impedance at 

center-tap node

RF

RF

Reverse-biased 

Varactor-diodes

Figure 7.1: Anti-series varactor diode configuration for improved linearity performance [96]. The-
oretically, if the center-tap impedance ZC is infinitely high, the diode will not exhibit any inter-
modulation distortion under two-tone excitation [96].

In order to improve the varactor Q and drastically improve the power handling, the
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Anti-parallel diode 

bias for center-tap

impedance

Series Varactor 

Stack-up

Figure 7.2: Multiple varactor stack-up topologies to improve varactor diode power handling, as
detailed in [98].

intrinsic properties of the varactor’s semiconductor material need to be altered. This

work uses Gallium Arsenide (GaAs) varactor diodes which exhibit better quality factors

than silicon-based diodes, but they still exhibit losses at higher frequencies and have low

power handling capability. Therefore, alternate semiconductor varactor materials can be

investigated to improve the filtenna performance. For instance, there is a rapid advancement

in wide band-gap semiconductor materials like Gallium Nitride (GaN) and Silicon Carbide

(SiC), which exhibit higher breakdown field strengths [97]-[102]. The maximum electric

field strength is established by the maximum voltage that the semiconductor can withstand,

after which avalanche breakdown occurs [100].

As seen in Table 7.1, the breakdown field strength of GaN and SiC are nearly ten

times higher than that of silicon, making them capable of handling high-power conditions.

Therefore, there is a potential for improving the performance of tunable microwave devices

by developing GaN or SiC-based varactor diodes.
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Table 7.1: Comparison of different semiconductor materials used in varactor diodes

Semiconductor Type Band-Gap (eV) Breakdown E-Field (MV/cm)

Si 1.1 0.3

GaAs 1.43 0.4

GaN 3.4 3.5†

SiC 3.3 3†

† Values differ based on the semiconductor base doping [99]; range is from 2.5 - 5 MV/cm.
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