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Abstract

Reactive and resonant loads have been used from the very beginning of antenna design

to improve impedance matching, bandwidth, and current distributions on antennas, and to

create multiband and reconfigurable antennas.Trap loaded dipoles are one of the simplest

resonator-loaded antennas and are traditionally loaded with either an inductor-capacitor

pair or a quarter wavelength stub integrated into a dipole or monopole to create a second

operating frequency at the trap resonant frequency. Adding resonant loads to antennas will

only increase in popularity and practicality as filtennas are more often used for their SWaP

improvements, better noise performance, and potential for additional degrees of reconfig-

urability. In this dissertation, I demonstrate that resonant loads can introduce lossy modes,

and I significantly revise and expand the theory of the basic trap dipole antenna, which is

a valuable aid in designing resonator loaded antennas with higher degrees of complexity.

Based on the new analysis, I demonstrate novel series LC trap dipoles, dual-band inductor

loaded trap dipoles, and parallel and series LC trap slots. The newly developed design pro-

cess also allows for the integration of any kind of resonator or reactive load to be used to

create trap style antennas. A reconfigurable load is also used to demonstrate novel tunable

trap antennas. The design procedure is ultimately adaptable to any resonators that can be

practically fabricated and physically incorporated into the antenna structure.
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Chapter 1

Introduction

Modern antenna systems face many significant obstacles in a wide variety of applications.

Uncertain environments, congested spectrum, and the proliferation of interferers challenge

an antenna’s ability to radiate and receive effectively. Making antennas reconfigurable with

operating frequency, radiation pattern, and bandwidth is a powerful method to alleviate

these problems. While reconfigurable antennas have been a research topic for some time

[1]–[4], the antennas typically have limitations, such as low power handling due to a re-

liance on varactors and switches. These components can fail at power levels necessary for

radar systems. Reconfigurable antennas are often not conformal, which can limit applica-

tion. Slot antennas are a planar antenna structure that can be made conformal and even

radiate well on metallic structures by adding cavity backing.

In wideband systems, tunable filters can eliminate the need for banks of multiple filters,

which reduces the necessary size of the filter elements. Microelectromechanical (MEMS)

devices, p-i-n diodes, and varactors are commonly used in tunable filters. An increasingly

popular approach to increasing antenna selectivity while reducing SWaP is to combine

the antenna and filter in a combined “filtenna”. By combining these elements, the over-

all system size can be made smaller. The antenna itself acts as the final resonator in the
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Tuning Mechanism 
The  antenna  community  has  vigorously  pursued  research  into  frequency  reconfigurable or 
tunable antennas [7]‐[10]. However, none of these designs are suitable for robust or low‐SWAP 
applications. The bulk of the designs use varactors or switches to tune the antennas, and place
the varactors/switches in the main current path of the antenna. Varactors and switches will fail 
under the high currents for high‐power applications such as radar. Other research has focused on 
microfluidic designs where fluids of with either  insulating or conducting properties are used to 
tune antennas. However, all of these designs require large pumps to move the fluid making these 
designs impractical for low SWAP applications such as UAS.  

Filtenna Implementation 
In the proposed effort, tunable, evanescent‐mode cavities will be integrated with slot antennas 
in order  to achieve improved power handling over  traditional  varactor  tuned  frequency agile
antennas while maintaining a wide frequency tuning range and thin form factor. The investigators 
have multiple  years  of  experience designing and  implementing  tunable  cavity  resonators  for 
reconfigurable  filters  [11]‐[16]  and designing,  modeling,  and  implementing  reconfigurable 
antennas using multiple technologies [17]‐[19]. Figure 2 below shows the two technologies and 
their combination to form the new proposed filtenna element. Two evanescent‐mode cavities will 
be integrated at the end of the slot antenna itself, replacing the varactor‐loaded annuli. The two 
cavities will provide  the necessary, variable  load  that will enable  the  frequency  tuning of  the 
antenna. The frequency of the cavities will be controlled using piezoelectric actuators above an 
air‐filled, metal‐insulator‐metal capacitor. Similar cavities have been used to demonstrate 25W of 
continuous power handling at 3 GHz [15]. A static element will be designed where the electromag‐
netic coupling  into the cavities will be optimized. The design will then be expanded to cover a 
wider frequency range. This will be followed by an investigation of direct cavity‐to‐cavity coupling. 

An aperture composed of an array of filtenna components will offer dynamic and multifunctional
characteristics  compared  to  classical  systems that  utilize  fixed  RF  and microwave  front‐end 
components.  Additionally,  the  cavities will  be  used  between  elements to  adjust  the mutual 
coupling behavior in the array – reducing the effects such as scan blindness. 

Figure 2. Overview of the proposed filtenna implementation. It will be based on a combination of tunable 
cavity‐based filter technology [11] and tunable slot antennas [19]. The wide tuning and power handling 
capabilities of the cavity filters along with the low‐profile and efficiency of the slot antenna will be into a 
widely‐tunable filtenna capable of handling high power for radar systems. The proposed, integrated filtenna
element is on the right. 

Figure 1.1: Overview of the proposed filtenna implementation. It will be based on a com-
bination of tunable cavity-based filter technology [5] and tunable slot antennas [6]. The
wide tuning and power handling capabilities of the cavity filters and the low-profile and
efficiency of the slot antenna will be combined into a widely-tunable filtenna with potential
power handling improvement for radar systems. The proposed, integrated filtenna element
is on the right.

filter design. Combining the filter and antenna can reduce system size and reduce loss by

eliminating the interconnect between filter and antenna and improving both filtering and

radiating capability. By combining the antenna to the filter, the filter’s order is raised with-

out adding any additional resonators. By integrating the filter into the antenna, the antenna

selectivity is improved and better prevents unwanted signals from entering the system. De-

signing filtennas inevitably involves adding resonators to the antenna. Trap dipoles are

among the simplest examples of resonator loaded antennas, and I will study them in depth

in this dissertation to develop guidelines for loading antennas with resonators.

Resonantly loaded antennas can be made more selective and reconfigurable. Several

coupled structures and resonators are used in later chapters, and Chapter 2 has an initial

overview of circuit modeling of waveguide structures, boundary conditions, surface equiv-

alence, reaction, polarizability, and general waveguide discontinuities. In early work, many

slotline coupling geometries were investigated to effectively couple into the cavity. Aper-
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Figure 1.2: Slot antenna end-loaded with piezo-tunable resonant cavities, total length of
47.9 mm, which is a half wavelength at 2.3 GHz for an equivalent unloaded slotline, side-
view of piezo reconfigurable cavity also shown

ture coupling in rectangular waveguides is relatively well-understood and can be used as

a reference for other coupled structures. An evanescent mode coaxial cavity resonator is

described and modeled, followed by slotline and coupling between the two.

Several new designs for a reconfigurable loaded slot antenna element for use in con-

gested and contested spectrum are presented in Chapter 3. In past work, tunable cavity

resonators for reconfigurable filters have been designed and implemented [5], [7]–[11] as

well as tunable and reconfigurable antennas using multiple technologies [6], [12], [13].

This work combines these efforts into one tunable antenna capable of handling high trans-

mit power.

In [6], [14], varactors were used to vary the reactive loading on slot antennas. Slot

radiators can be thin, high-efficiency radiators, fairly simple to design, and relatively inex-

pensive. Traditionally slot antennas are terminated in shorts at the end of the slots, requiring

an offset probe feed point as the simplest way to impedance match the feed. Previously in

[6], ring resonator structures created reconfigurable boundary conditions on a slot antenna.
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The reactive structures allowed the slot to be loaded with short-circuit, open-circuit, induc-

tive, or capacitive loads, providing a wide tuning range. However, varactors are limited in

their power-handling capability. Therefore, this work uses coaxial cavity resonators with

reconfigurable capacitive gap loading to provide a comparable reactive load with poten-

tially for higher power handling [15]. The cavity power handling is heavily dependent on

the capacitive gap size in the cavity [16].

Chapter 4 will extend the design of the cavity loaded slot antenna to include cavity

backing, which brings the added benefits of a single radiation direction, suitability for array

integration, and new options for feeding the antenna elements. Probe feed location, cavity

size, and additional loading structures will be investigated to establish a cavity design that

tunes across the same frequency range as the radiating slot with a good impedance match

and radiation pattern.

Across all of the cavity loaded slot antennas that I designed, there were consistently

always dips in radiation efficiency either at the antenna operating frequencies, or near the

operating frequencies. It is well known that resonators introduce loss into filters [17]. The

existing literature for resonator loaded antennas does not explain the prevalence of lossy

frequencies, and frequently ignores discussion of radiation efficiency. I decided to investi-

gate loss in resonator loaded antennas and answer whether resonant loading is necessarily

lossy due to resonator loss. I focused my investigation on the trap dipole, which is the

simplest of resonator loaded antennas, and the rest of the chapters significantly revise and

expand the theory of trap dipoles into a broad design framework for a new class of trap

style antennas.

In Chapter 5, I start with a review of the literature on wire antennas with discrete re-

active and resonant loads, Section 5.2, and I emphasize the load impact on radiation effi-

ciency. I use several different simulation tools for analysis and explain dipole modes and

resonance while comparing the accuracy of solutions from different software tools in Sec-
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Figure 1.3: Dual frequency dipole loaded with resonant bandstop “traps” redefining the
location of the open boundary conditions

tion 5.3. Trap loaded dipoles are one of the simplest resonator-loaded antennas. Tradition-

ally, the resonant load is an inductor-capacitor “trap” integrated into a dipole or monopole

to create a second operating frequency at the trap resonant frequency, as shown in Fig-

ure 1.3. The literature on trap-loaded and inductor-loaded wire antennas can guide more

complicated resonator-loaded antenna designs. I demonstrate high loss frequency bands

on loaded antennas and explain them in terms of characteristic modes, Section 5.4. This

new explanation of load-related loss results from comparing parameter sweeps of several

antenna dimensions and component values. Additional design guidelines based on these

parametric sweeps are presented in Section 5.5.

The design of trap dipoles will be expanded in Chapter 6 by demonstrating that the

loads in any basic parallel LC trap dipole antenna can be replaced with another resonator

calculated to have the same load reactance. I will demonstrate a novel series LC trap loaded

dipole, as well as stub loaded antennas. My analysis that traps work by providing a reactive

load is further validated by demonstration of these novel designs.

The design of trap dipoles will be applied to slot antennas in Chapter 7. There are no

examples of multibanding slot antenna by use of traps in the literature. Slot antennas are

planar, inexpensive, and easy to fabricate, offer broad radiation pattern coverage, and can

be made more directional by cavity backing. A slot antenna accommodates the addition

of discrete components or stubs and is a planar structure, which makes it an ideal antenna

type to integrate into arrays and monolithic systems.
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Several antennas were fabricated and measured in Chapter 8. This chapter will briefly

review the design process for trap antennas before presenting measurements for several

monopoles and slot trap antennas. The reflection coefficient, realized gain radiation pat-

terns, and realized gain across frequency was measured for all antennas.

The trap antenna is made reconfigurable across frequency in Chapter 9. I demonstrate

both reconfigurable trap dipoles and trap slots, and conclude with a simulated reconfig-

urable trap slot that uses cavity terminated stubs as its reconfigurable loading mechanism.

In this dissertation I develop a framework for resonator loaded trap antennas as a broad

new class of high-efficiency multiband and reconfigurable antennas. I summarize the re-

sults in Chapter 10.
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Chapter 2

Theory of Resonators, Waveguides, and

Coupling Structures

2.1 Introduction

Antennas can be made more selective and reconfigurable with resonant and reactive loads.

Several coupled structures and resonators are used in later chapters, and the individual

elements are first described in this chapter. Aperture coupling in rectangular waveguides is

relatively well-understood and can be used as a reference for other coupled structures. It

is discussed in Section 2.2. An evanescent mode coaxial cavity resonator is described and

modeled in Section 2.3, followed by slotline and coupling between the two in Section 2.4.

Appendix A contains an overview of coupled multiconductor transmission lines and their

application.
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2.2 Aperture Coupled Waveguide

Circuit models for coupled structures have been developed in many papers [18]–[24]. Many

of them are based on computational methods, while some are based on analytical field

analysis.

In general, a normal waveguide mode incident on a waveguide discontinuity excites an

infinite number of scattered modes[25], most of which are evanescent modes. In practice, a

discontinuity can often be well modeled by only considering a single propagating scattered

mode and the first evanescent mode. Far from the discontinuity, the evanescent modes can

be treated as a lumped reactance that exists only at the discontinuity.

Bethe [26] models waveguide coupling through electrically small apertures with in-

duced electric and magnetic dipoles in the aperture. Power is not conserved in this model

because there are no conductance terms for radiation, and radiation reaction fields can be

a dominant mechanism in critical waveguide to cavity coupling. A method of moments

(MoM) solution for aperture coupling is given in [19]. The field distribution in the aperture

can be replaced with an equivalent magnetic source over a PEC wall. The magnetic source

is equal in magnitude and opposite in sign on either side of the conductor. The fields in

both regions A and B can be solved. The field distribution can be represented with a mo-

ment method solution, which can also be described in terms of a region A and region B

admittance matrix (or scalar) for the aperture admittance.

Dual fed coupled patch antennas are analyzed in [20]. There is some interesting discus-

sion of multiport analysis and MoM techniques for this problem. This paper was also a pre-

cursor to [21], which contains circuit models for microstrip to slotline coupling, multilayer

microstrip to microstrip coupling, microstrip-slotline-microstrip coupling, and slotline-

stripline-slotline coupling. The paper starts with a general MoM analysis of structures and

then derives the circuit models. Pozar [23] applies MoM techniques to an aperture coupled
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patch antenna, with a circuit model for the microstrip with an aperture in the ground plane,

which is seen as a series impedance.

Modeling of small aperture coupling is further refined in [22], for circuit models for

small aperture coupling between half-space and rectangular cavity with an arbitrary ellip-

tic aperture. The paper includes concise details on setting up the testing and expansion

function used for the region admittance matrices’ MoM solution.

Reactance functions for coupling aperture are given in [24], which are dependent on

knowing the resonant frequency and physical dimensions of the aperture. The formula for

the resonant length of a narrow rounded slot is given, with stated bounds on the accuracy.

Several references are given for theoretical resonant frequency calculations for alternative

slot shapes. Q and wall thickness are discussed, and experimental slot reactance is shown

to agree with theory. Magnetic polarizabilities of different aperture shapes can be found

from the citations, and an expression for the attenuation from the aperture is given. Pozar

also discusses electric and magnetic aperture polarization in [25]. Aperture polarization

is usually written αe for electric polarization and αm for magnetic polarization, not to be

confused with the attenuation constant for wave propagation. The polarizabilities are pro-

portionality constants that depend on aperture geometry and have been derived for various

aperture shapes in the literature.

Evanescent mode waveguides and cavities can be used for miniaturized filter design

and still achieve full power transfer over a limited bandwidth when the load is conjugate

matched. A network of pure reactive inductances can represent a waveguide below reso-

nance. Several papers [27]–[29] give design guidelines for realizing high Q reactive net-

works for various microwave components. Generally, a decrease in volume can be traded

for an increase in loss, and obstacles in waveguides are often represented in terms of the

energy they store. Coupled resonators can be divided into resonator regions and coupling

regions and analyzed separately. The resonator region constrains the bulk of the stored

9



Figure 2.1: Side view of a reconfigurable coax cavity

fields, and as such, any loss in this region has a big impact on the system’s performance.

The coupling region usually has less intense stored fields, and loss has less of an impact

there. Waveguide obstacles above cutoff can be represented as capacitances and induc-

tances depending on whether they store electric and magnetic energy. Normal H-step,

E-step, and aperture irises all appear inductive below cutoff [30].

2.3 Modelling of Evanescent Mode Coaxial Cavity

I will be using piezo reconfigurable evanescent mode coax resonators, Figure 2.1 to change

the resonant frequency of a resonant slot antenna. The coax cavity resonator can handle

higher power than available with the varactor based design in [14]. The cavity design

resonates at a lower frequency than usual due to capacitive loading from a variable air gap

between the center conductor and the cavity floor. The gap distance can be varied± 20 µm

with a piezo, as seen in Figure 2.1. The coax cavity resonators were tuned primarily using

the HFSS eigenmode simulator. Setting the post radius to 1.5 mm, and the cavity radius to

1.5 mm*3.6 = 5.4 mm, with capacitive gaps of 10 µm-50 µm, results in tunable resonance
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Figure 2.2: Resonant frequencies of three different cavity sizes across capacitive gap size

from 2-4 GHz, as seen in Figure 2.2. The Q stays around 1000, as seen in Figure 2.3.

The center value of the capacitive gap size is dependent on readily available thicknesses

of Pyralux, which is used to bond together multiple substrate layers. The available thick-

nesses are 1/2, 1, and 2 mil, which translates to 12.7, 25.4, and 50.8 µm.

In [31], the piezo-reconfigurable cavity resonator was modeled as a simplified parallel

RLC circuit, with L=1 nH and C=1.6-6.2 pF, which tunes from 2-4 GHz. A parallel loss

resistor R=20kΩ gives a Q of about 1000, which is similar to the Q value for the original

coax cavity resonator design for the slot antenna (which also was tuned 2-4 GHZ). In Fig-

ure 2.4a and 2.4b, the eigenmode simulation of the reconfigurable cavity load is compared

with the simple RLC model. Both tune across S-band with similar Q. Though there are

differences, the parallel RLC is a reasonably simplified case for all resonant loads. The

resonant frequency of an RLC is

fres = (2π
√
LC)−1, (2.1)
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Figure 2.3: Q of a sealed dielectric resonator with an inner to outer radius ratio of 3.6 is
about 1000

(a) (b)

Figure 2.4: Reconfigurable cavity and parallel RLC with comparable a) resonance and b)
Q values
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and the Q of a parallel RLC can be defined as

Q = R

√
C

L
. (2.2)

The characteristic impedance can also be useful to define the L/C ratio and is defined as

Zc =

√
L

C
. (2.3)

Figure 2.5: Coupling into cavity with slotline requires a cutout in the side wall of the cavity,
which acts as a shorted length of slotline in parallel with the slot antenna, E-field transverse
to the slot

Cutouts in the cavity sidewall are necessary to avoid disrupting the slot fields, Fig-

ure 2.5. Previously in [15], [31], it was discussed that the cutouts form shorted slotline seg-

ments, and these reactive stubs likely dominate the reactive loading of the antenna when the

load cavities are not near resonance. Interestingly, the wall cutouts present parallel slotline

stubs, Figure 2.5, but conventional slotline can usually only have series stubs.

RLC loaded antennas will be investigated in greater detail in Chapters 5 and 7, and the

cavity resonator will be applied in Chapter 3.
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2.3.1 Coaxial Transmission Lines and Resonators

A circuit model for the coupling between slotline and coax cavity resonators is desired.

According to [32], the coaxial cavity is best approximated by the inductance of a section of

coaxial line and by the parallel plate capacitance and coax capacitance in parallel. Accord-

ing to [33], the bottom of the cavity is a short circuit, and the top is heavily capacitively

loaded. Formulas for stored energy and resonant frequency are also given in [7].

Coaxial transmission line supports Transverse Electromagnetic (TEM) wave propaga-

tion. According to [25], the scalar potential can be written as

Φ(ρ, φ) =
V0 ln b/ρ

ln b/a
. (2.4)

From earlier in [25], the E- and H-fields can be found from the scalar potential, accord-

ing to

e(ρ, φ) = −∇tΦ(ρ, φ) =
δΦ

δρ
ρ̂+

1

ρ

δΦ

δφ
φ̂ (2.5)

and

h(ρ, φ) =
1

ZTEM
ẑ × e(ρ, φ) =

1

ZTEM
[−1

ρ

δΦ

δφ
ρ̂+

δΦ

δρ
φ̂] (2.6)

Substituting in

e =
V0

−ρ ln b/a
ρ̂ (2.7)

and

h =
1

ZTEM

V0
−ρ ln b/a

φ̂. (2.8)
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where V0 is the voltage across the slot.

For TEM propagation, the transverse component of the electric and magnetic field is

zero.

E = [et + ez]e
−jβz (2.9)

H = [ht + hz]e
−jβz (2.10)

Use the E and H solutions and apply boundary conditions in z to solve for the cavity

field expressions, with a short on one end and a capacitive load on the other. [7] states that

90% of the E-field energy is in the capacitive gap.

From [34], the capacitance and inductance of the coaxial cavity are best approximated

by the inductance of a coaxial line section and by the parallel plate capacitance and coax

capacitance in parallel.

From [35], the capacitance of a parallel plate capacitor is

C = ε
S

d
, (2.11)

where S is the surface area of the parallel plates, and d is the distance between them. The

capacitance of a cylindrical capacitor, which exists between the center conductor and the

wall of the coax structure, is

C =
2πεL

ln b/a
. (2.12)

In the above, a is the inner conductor radius, b is the outer wall radius, and L is the coax’s

length. According to [25], the inductance per unit length is
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L =
µ

2π
ln b/a(H/m) (2.13)

2.4 Slotline

Slotline was first proposed by Cohn in [36] as a new class of structures for transmission

lines, filters, and radiators. The field distribution in slotline at a distance r >> W in the air

above the slot can be written as [37]

Hx = AH
(1)
0 (kcr), (2.14)

Hr = −γx
k2c

δHx

δr
=

A√
1− (λs/λ0)2

H
(1)
1 (kcr), (2.15)

and

Eφ =
jωµ

k2c

δHx

δr
= −ηHrλs/λ0. (2.16)

Propagation is in the x-direction, and the fields are expressed in a cylindrical coordinate

system.

kc = j
2π

λ0

√
(
λ0
λs

)2 − 1 (2.17)

Alternately, Cohn expresses the fields above the slot in [38] as

Hx = −j2V0
ηb

(
λ

λ′
)2
b

λ

∑
n=1/2,3/2,...

[
1− (λ′/λ)2

nFn
] · sin πnδ

πnδ
· cos

2πny

b
· e−γn|z| (2.18)
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and

Hz =
2V0
ηb
· λ
λ′

∑
n=1/2,3/2,...

sin πnδ

πnδ
cos

2πny

b
e−γn|z|. (2.19)

The fields inside the substrate are

Hx =
j2V0
ηb

(
λ

λ′
)2
b

λ

∑
n=1/2,3/2,...

1

nFn1
· sin πnδ

πnδ
· cos

2πny

b

· {[F
2
n1 coth qn − εr(λ′/λ)2 tanh rn

1 + (b/nλ′)2
] cosh γn1z − [1− εr(λ′/λ)2] sinh γn1z}

(2.20)

and

Hz =
2V0
ηb
· λ
λ′

∑
n=1/2,3/2,...

sin πnδ

πnδ
cos

2πny

b
· [cosh γn1z − coth qn sinh γn1z]. (2.21)

And the fields beyond the substrate are defined as

Hx =
j2V0
ηb

(
λ

λ′
)2
b

λ

∑
n=1/2,3/2,...

sin πnδ

πnδ
· cos

2πny

b

· {[
F 2
n1 coth qn − εr(λ/λ′)2 bλ

1 + (b/nλ′)2
cosh γn1d

− [1− εr(λ′/λ)2] sinh γn1d}
e−γn(z−d)

nFn1

(2.22)

Hz =
2V0
ηb
· λ
λ′

∑
n=1/2,3/2,...

sin πnδ

πnδ
cos

2πny

b

· [cosh γn1d− coth qn sinh γn1d]e−γn(z−d)

(2.23)
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and δ = w/d.

A closed-form expression for the characteristic impedance of a dielectric backed slot-

line was first given in [36]. The stated accuracy range is within 2% for 9.7 < εr < 20 and

0.02 < W/h < 1, but the accuracy decreases very gradually for thicker and lower permit-

tivity substrates. A slotline with 1mm width, εr=3.27, fc=3 GHz, and dielectric substrate

width of 125mil has a characteristic impedance of 111.2 Ω. The slot’s input impedance,

fed by a differential feed, can be calculated across the slot’s length as a simple transmission

line with the specified characteristic impedance.

2.4.1 Short Discontinuity

At a short discontinuity, the current circles around the end, creating an extra inductance.

Depending on the slot width and substrate thickness, short end-discontinuities also lead

to radiation and surface wave propagation, both of which lend to a resistance. With both

of these mechanisms, a short end-discontinuity can be represented as series resistance and

inductance.

Simple expressions for the short reactance and resistance can be found in [39], and are

repeated here:

L = 0.2ws(ln(
4ws
d

) +
d

2ws
− 1)[nH] (2.24)

d =
ws + hm

20p2
(2.25)

p =
λ0
λ

(2.26)
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R = (2.63x10−3)
ws
d

√
f (2.27)

ZL = R + jωL (2.28)

2.4.2 Electric Field and Magnetic Current

The slot electric field is a function of the voltage distribution divided over the width of the

slot [39],

E =
V (x)

wa
=
−V0 sinh(γ(La

2
− x)))

sinh(γ La

2
)

ŷ, (2.29)

which can be replaced with a magnetic current according to the equivalence principle [40],

M = −2ẑxEa = −2
V0
wa

sinh(γ(La

2
− x))

sinh(γ La

2
)

x̂. (2.30)

2.4.3 Coupling

Coupling between waveguiding structures typically works best when an aperture junction

between the two structures is located at a point of field symmetry, where the fields are

symmetric on either side of the aperture.

A slotline width of 1 mm had been arbitrarily chosen, so that was not a design varia-

tion. Moving the slot further from the post and closer to the cavity wall increased cavity

coupling, as evidenced by a more evident change in Z parameters across capacitance gap

size. The radial length of the coupling was also varied, as seen in Figure 2.6. The quarter

arc and half arc both performed similarly well. Most of the other designs did not couple

as strongly. Having an arc length of less than 90◦was also explored and did not work well.
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Figure 2.6: Slotline coupled to cavity through cutout in cavity ceiling: quarter arc, half arc,
split half arc, full annulus, offset annulus

The offset annulus is inspired by coplanar to slotline transitions, [37], which are sometimes

used for coupling into coax resonators (usually along with SIW coupling).

The coupling into the cavities is primarily H-field, creating a short at the slot’s ends.

Different metrics can be used to examine the reconfigurability and coupling of the cavity.

Reactance tuning across frequency, being able to cover the outer circle of the Smith chart

(or at least the negative portion), and phase of the Z parameters (being able to provide any

negative phase at any frequency) were the main parameters being examined. The reactance

seen by a lumped port exciting a slotline coupled to a cavity with a quarter arc is given in

Figure 2.7. The anti-resonance at 2.27 GHZ is due to the length of the slot feedline. The

sharper resonances are due to the cavity tuning, 1.8-3.75 GHZ. The resonances have shifted

down from the original 2-4 GHZ tuning due to coupling.

It was briefly assumed that coupling could be more directly measured by defining the

bottom of the cavity as a wave port with an impedance of 0 Ω (a short) and then calculating
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Figure 2.7: Reactance measured on a slotline coupled to a reconfigurable coax resonator,
real part of impedance omitted for clarity, resonance at input to slotline tuned by changing
cavity capacitive gap

the S21 between the cavity wave port and the lumped port excitation of the slotline. How-

ever, S parameters are defined by a chosen reference impedance, so there was no real way

to get meaningful quantities from a 0 Ω port and a 111 Ω port. Moreover, HFSS probably

would struggle to accurately model the wave port with a coax center conductor 10 µm away

from the wave port’s face.

Moving the slot further from the post and closer to the cavity wall increased cavity

coupling, as evidenced by a more apparent change in Z parameters across capacitance gap

size. Coupling slot arcs of 90◦, 135◦, and 180◦each showed a reconfigurable resonant

frequency range of about 2 GHZ. Radial arc length does make an expected impact on

shifting the overall range of tunable frequencies lower with increasing arc length. The

tunable range of the 180◦arc is about 25 MHz lower than the 90◦coupling arc.

The slot’s voltage is known, and the slot’s electric field can be approximated based

on the slot divided by the width. If desired, the known electric field tangential to the slot
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Figure 2.8: Coupling slot, quarter arc (preferred), with range of design parameters labelled

surface can be replaced by a PMC slot surface with an equivalent magnetic current defined

on it by the uniqueness theorem.

2.4.4 Simulated Fields Analysis

The φ̂ and ẑ components of the H-field in the cavity can be seen in Figure 2.9. Also, there

is a significant field response in the sidewall aperture underneath the slotline, which can

probably best be understood as several local evanescent modes excited by the discontinuity.

The ẑ component of the magnetic field comes from the short termination behavior of the

slotline. The radial component of the cavity E-field can be seen in Figure 2.10, as well as

the large-magnitude of the parallel plate electric field distribution. The radial component

has a notably large magnitude near the start of the slotline curvature, a distance from the

short end of the slot, where the E-field in the slot goes to null. The simulated fields align

between the slot fields and cavity fields and indicate strong coupling.
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Figure 2.9: Magnetic field in cavity rotates around z-axis, aligns with curved slotline, H-
field normal to ground plane at slotline short circuit

Figure 2.10: Electric field in coax cavity, concentrated in capacitive region, slotline E-field
aligns with cavity E-field elsewhere
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2.5 Conclusion

Evanescent mode cavities have a known field distribution, can be retuned with a piezo disc,

and can be coupled to slotline. Slotline coupled to the evanescent mode cavity is a type of

aperture coupling into waveguides and cavities. A slot antenna coupled to reconfigurable

cavities is demonstrated in Chapter 3. The theoretical basis for this design has been first

developed in this chapter.
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Chapter 3

Design of Reconfigurable Cavity Loaded

Slot Antennas

3.1 Introduction

In the introduction, I mentioned combining cavity loads with a resonator end-loaded slot

design. In the previous chapter, I included an overview of slotline coupling to reconfig-

urable cavities. A slot antenna is end loaded with reconfigurable coaxial evanescent mode

cavities in place of the ring resonator loads. Further design modifications are also included,

to preserve frequency tuning while minimizing the effects of the loss caused by resonant

loading.

The reconfigurable coax cavity resonator tunes the antenna across frequency. Special

attention will be given to each antenna’s input impedance to measure frequency reconfig-

urability and feed matching potential. Input impedance peaks that are similar in magnitude

will be easier to match with a single feed. The radiation efficiency at the operating fre-

quency will also be a primary consideration. Antennas that are frequency reconfigurable

with acceptable radiation efficiency will also be evaluated for their radiation patterns.
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Figure 3.1: Initial slot antenna end-loaded with coax cavity resonators and a center lumped
port feed

The initial designs are simulated with only a lumped port excitation and no realistic

feed. For these designs, only the input impedance is shown, and the tuning of resonances

is evidence of frequency reconfigurability. Impedance transformers can be incorporated

into the feed structure for the antenna. For this reason, the exact magnitude of the input

impedance response will not be focused on in this chapter. Instead, the parameters of

interest are to see that the complex impedance can be reconfigured across frequency and

that the radiation efficiency can still be high with a lumped port feed across the slot in

HFSS.

3.2 End Loaded Slot Antenna

The initial antenna design was based on [6] with the distinction that the slot antenna is end-

loaded with tunable resonant reactive loads, as shown in Figure 3.1. The cavity structures

used here have a theoretical Q of about 1000 and a realizable fabricated Q of about 600,

whereas the ring resonators in [6] have a Q on the order of 78 [41]. The theoretical Q

is calculated from an HFSS model with solid cavity walls, and the fabricated antenna has

cavity walls made from a ring of closely spaced vias, leading to a reduced Q. The antenna

is excited in simulation with a lumped port across the narrow dimension of the slot.

26



Figure 3.2: Frequency tunable input impedance of end loaded slot antenna, tuned from
1.7 GHz to 3.7 GHz by changing cavity capacitive gap

The reconfiguration of the antenna’s input impedance when the cavity is tuned is shown

in Figure 3.2. The resonance of the antenna is being tuned across frequency by varying the

capacitive gap in the cavity. The impedance varies sharply only at the cavity resonances,

as it can be seen that the traces in Figure 3.2 match nearly exactly off of resonance. In-

advertently, the cutout in the sidewall of the cavity behaves as a shorted stub in parallel

with the coupled cavity, shown in Figure 3.3. The stub creates a strong inductance such

that the tunable cavity reactance is significant when near resonance, and the antenna input

impedance becomes reconfigurable only near the cavity resonances.

Though the antenna resonance can be swept across frequency, the radiation efficiency

is unusable at resonance, seen in Figure 3.4. The low-efficiency value is possibly due to

the cavity load combined with the dielectric and conductor loss, resulting in significant

loss at resonance. It is well established in [17] that bandstop resonators will introduce

maximum dissipation at resonance, which raises questions about radiation efficiency in

resonator loaded antennas. The antenna does not need to operate at cavity resonance. If

possible to vary the load reactance away from the cavity resonance significantly, the an-
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Figure 3.3: The cutout in the sidewall of the cavity is a shorted slotline in parallel with the
radiating slot, approximate reactance of X jΩ at f GHz

tenna could reconfigure across frequency with less resonant loss. The current design is

reconfigurable only near resonance due to the short circuit presented by the cavity wall’s

cutout.

A slot antenna with coax cavity loads was simulated in HFSS, Figure 1.2. The an-

tenna was excited with a lumped port element in the center of the slot. The impedance

of the antenna with varying capacitive gap sizes is seen in Figure 3.2. The range of res-

onances is from 1.75-3.67 GHz, which is very close to the frequency bounds shown in

Figure 2.7. Most of the resonances are much higher impedance than the slotline character-

istic impedance of 111 Ω, so an impedance matching mechanism is needed. Unfortunately,

more significant than the impedance matching is a dip in radiation efficiency at cavity reso-

nance, as seen for the lowest resonance value in Figure 3.12b. The same trend holds for the

higher resonances, with a somewhat improved efficiency of 40% at the highest resonance.

Power dissipation in both dielectric and conductor loss in the cavities is responsible for the

low radiation efficiency.

The cavities do not need to be resonant at the radiating slot resonance. Ideally, the

tuning mechanism could vary the slot loads without cavity resonance, still allowing for
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Figure 3.4: Significant loss at cavity resonance, efficiency 8% at 1.75 GHz and 29% at
3.65 GHz

tuning the slot’s resonance. Unfortunately, the coupled load impedance seems to only vary

significantly across capacitive gap sizes near resonance.

A new set of cavities with theoretical Q around 400 was designed and added to the slot

antenna. These cavities were designed to investigate whether a lower Q could lead to a

better radiation efficiency at cavity resonance. The input impedance for the slot with lower

Q end loads still is reconfigurable across the desired frequency range, but the radiation

efficiency with lower Q end loads is comparable to its higher Q counterpart.

Increasing cavity height and increasing post radius will both lower the resonant fre-

quency. A larger post radius means there will also be a larger capacitive area in the post-

gap. Q remains nearly constant for changes in cavity height. Changes in post radius have a

slight effect on cavity Q. For a cavity with a 5.4 mm outer radius, changing the post radius

from 1.4 mm to 2 mm changes the Q less than 10%. There is a small change in Q for

different piezo positions/ post gaps, and a larger post results in a wider range of Q values

across piezo reconfiguration. The change is still moderate, within ±10%. The substrate

thickness is changed to 30 mils.
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Figure 3.5: Impedance measured from the center of the slotline for the lower Q loaded slot
antenna, resonance tuned from 2.22 GHz to 3.65 GHz

Figure 3.6: Antenna with wider cavity post radius for lower Q, simulated to investigate
cavity Q impact on radiation efficiency

An antenna with lower Q cavities has been simulated with the antenna’s impedance

shown in Figure 3.5 and the radiation efficiency shown in Figure 3.7. The impedance

is calculated from a lumped port simulated at the center of the slot. The cavity Q has

been decreased by increasing the post radius size relative to the outer cavity wall radius.

This particular design shows a wider range of frequency reconfiguration, with a post-gap

of 10µm to 50µm tuning from 2.24-4.67 GHz. The radiation efficiency appears to be

significantly higher with the lower Q cavity design, with the lowest simulated value of

about 13%.

A lower Q cavity may slightly improve the efficiency, and the larger post radius in-
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Figure 3.7: Radiation efficiency for the lower Q slot antenna, 49% at 2.2 GHz and 58% at
3.65 GHz

creased the reconfigurable resonant frequency range. The resonant bandwidth seems to

have increased with lower Q, which can be inferred from the wider dips in the radiation

efficiency in Figure 3.7 compared to Figure 3.12b.

3.2.1 CPW Fed End-Loaded Slot Antenna

Figure 3.8 and 3.9 show the cavity end-loaded slot antenna with a capacitively coupled

CPW feed that can be easily manufactured with either milling or etching with photolithog-

raphy. The design does not have a satisfactory match, and the radiation efficiency minima

line up exactly with the matches, as expected from an end-loaded design, as shown in

Figure 3.10.

3.3 Center Loaded Slot Antenna

Since the cavity influences field distribution, it significantly controls which radiating mode

is excited on the slot. Placing a cavity in the center of the antenna, as shown in Figure 3.11,

excites the third radiating slot mode and achieves a radiation efficiency of 20-80%. A slot
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Figure 3.8: CPW fed slot antenna with cavity end loads

Figure 3.9: CPW fed slot antenna with cavity loads is reconfigurable across frequency
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Figure 3.10: CPW fed slot antenna with cavity end loads has poor efficiency at the operating
frequency, as predicted by simulations of the antenna without a feed structure

Figure 3.11: Center loaded slot antenna with different radiation efficiency trends, cavity
loading excites third order radiating mode.
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(a) (b)

Figure 3.12: a) Impedance at center of the slot antenna shown in Figure 3.11, resonant frequency
changes with piezo gap distance. b) Radiation efficiency of slot antenna shown in Figure 3.11,
efficiency of 20%, 60%, and 80% at antenna resonances.

antenna’s radiation pattern varies depending on which mode is excited, and the first three

modes offer comparable omnidirectional patterns. Higher-order modes become problem-

atic.

The input impedance at the center of the slot antenna is shown in Figure 3.12a and the

impedance is clearly shown to reconfigure across frequency with varying capacitive gap

size. The radiation efficiency, which has improved from the double cavity model, is shown

in Figure 3.12b.

It would be ideal to feed the slot with an aperture in the floor of the reconfigurable

cavity. However, the cavity floor is the piezo actuator and cannot have an aperture.

3.3.1 Center Loaded Slot with Center Feed

Loading the slot directly with a cavity without any stub is still a matter of adding reactance

at a point, although the loading is slightly more distributed. The center loaded slot has the

best frequency separation between resonance and radiation efficiency dips. The trap dipole

had the worst efficiency when the load was moved to the ends of the dipole. The antenna
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Figure 3.13: Microstrip center feed to center loaded slot

in Figure 3.13 can be tuned from -10.7 dB at 2.36 GHz to -13.4 dB at 3.23 GHz over a

realistic range of piezo values, as shown in Figure 3.14.

The radiation efficiency dips near the operating frequencies, but the operating frequen-

cies have efficiency of 69% to 95%, seen in Figure 3.15. The radiation pattern is shown in

Figures 3.16 and 3.17.

3.4 Middle Loaded Slot Antenna

Previously, the sidewall cavity transmission line short prevented off-resonant tuning, but an

off-resonant design is the best way to improve radiation efficiency. A new set of slot an-

tennas was designed to operate away from cavity resonance from the design rules gathered

above. In keeping with trap dipole guidelines, the loads were placed near the midpoint of
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Figure 3.14: Center fed and center loaded slot, tunes from -10.7 dB at 2.36 GHz to -13.4 dB
at 3.23 GHz

Figure 3.15: Radiation efficiency ranges from 69% at 2.35 GHz to 95% at 3.25 GHz
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Figure 3.16: Radiation pattern at lowest operating frequency

Figure 3.17: Radiation pattern at highest operating frequency
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Figure 3.18: Slot antenna with reconfigurable cavity loads, total length 45.20mm, which
would be half wavelength at 2.5GHz for a straight unloaded slot

each slot “arm” (between the ends and the center point), Figure 3.18. The location is away

from the current maxima at the slot ends. As previously discussed, direct slot to cavity cou-

pling necessitates sidewall cutouts that act as parallel transmission line shorts, Figure 2.5.

The parallel shorts dominate the reactive loading away from the cavity resonance. How-

ever, the reactance provided by the cavity may be significant enough just off of resonance

to allow for impedance match points that line up with the “knee location” of each radia-

tion efficiency dip, rather than being located directly at the efficiency low-point. Improved

efficiency at resonance is shown in Figure 3.19a, which demonstrates impedance tuning

across S-band, and Figure 3.19b shows the improved radiation efficiency. The current de-

sign tunes from 1.77GHz to 3.55GHz with a radiation efficiency of 20%-84%, which is a

significant improvement over the end-loaded slot antenna that had a simulated efficiency

range of 8% to 29%.

3.5 Microstrip Coupled Loads

3.5.1 End Loads

Figure 3.20 avoids the sidewall cutout shorted transmission line by using a microstrip line

on a superstrate above the radiating slot to aperture couple to the cavity resonators. Effec-
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(a) (b)

Figure 3.19: Input impedance and radiation efficiency of off-resonant loaded cavity loaded slot
design (a) anti-resonances tuned to 1.77GHz (20%), 3.03GHz (65%), 3.55GHz (84%) (b) black
circles correspond to anti-resonance frequencies

Figure 3.20: Microstrip line on superstrate above radiating slot, microstrip couples to cavity
apertures and slotline, cavities are a multimode evanescent mode cavity with split posts [42]
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(a) (b)

Figure 3.21: a) Input impedance of slot antenna with microstrip coupled cavities, Figure 3.20,
first-mode resonance tuned from 2.34 GHz to 2.6 GHz by changing the cavity capacitive gap from
15 µm to 20 µm b) Radiation efficiency of slot antenna with microstrip coupled cavities,
Figure 3.20, efficiency is 49% at 2.33 GHz and 61% at 2.61 GHz

tive coupling only occurs if the via shorts from the microstrip terminate immediately next

to the slot, where the slot surface current maximum exists.

Input impedance and radiation efficiency are shown in Figure 3.21a and Figure 3.21b.

Though the antenna can be tuned across frequency, the radiation efficiency drops signifi-

cantly at the tunable resonances.

3.5.2 Mid Loads

Figure 3.22 shows another slot antenna that uses a microstrip on a superstrate to couple

into the loading cavities. Unlike the design in Figure 3.20, the coupled load point can be

placed anywhere along the length of the slot. Figure 3.23a shows that the high-capacitance

tuning shows several resonances at 1.59, 2.13, 2.34, and 3.72GHz. The middle tuning is

1.59, 1.68, and 3.24 GHz. Low-capacitance is 1.59 and 1.85 GHz. The radiation efficiency

has a broad dip from 2.5 to 3.5 GHz.

High capacitance radiation efficiency dips at 2.1-2.15, 2.35, and 3.8 GHz, which line
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Figure 3.22: Slot with cavity loads coupled through microstrip.

(a) (b)

Figure 3.23: a) Input impedance, anti-resonances tuned by varying capacitive gap in cavity b)
Radiation efficiency of antenna in Figure 3.22, 34% at 1.65 GHz and 26% at 2.35 GHz
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up with the anti-resonances, Figure 3.23b. None of the anti-resonances are good radiators.

Middle tuning is 1.65, maybe around 2.3, and 3.3-3.35 GHz. The low capacitance tuning

is 1.85 and maybe 2.35. All bands show a 1.59 GHz anti-resonance, which appears to be

unrelated to the cavity tuning. This has good efficiency and is high-impedance. None of the

points can radiate on the middle tuning, although the 3.24 GHz point is almost to the knee

of the radiation efficiency null. The high-frequency tuning appears to radiate at 1.85 GHz.

3.6 RLC Loaded Slot

A new set of slot antennas designed to operate off of cavity resonance were investigated

from the design rules gathered above. In keeping with trap dipole guidelines, the loads

were placed near the midpoint of each slot ”arm” (between the ends and the center point).

To initially test the concept, lumped RLC ports were simulated on a slot antenna, with an

equivalent resistance value to simulate the cavity loss. The lumped RLC loaded slot with

off-resonant traps had above 68% efficiency at all tunable input impedance resonances.

Direct slot to cavity coupling necessitates sidewall cutouts that act as parallel transmis-

sion line shorts, Figure 3.3. The cavity’s reactance can be significant enough just off-of

resonance to allow for impedance match points that line up with each radiation efficiency

dip’s ”knee location” rather than being located directly at the efficiency low-point.

3.7 Dual Band L-Slots Coupled to CPW and Reconfig-

urable Loads

Finally, a proximity coupled design with a bent slot and a reconfigurable CPW load is

shown in Figure 3.24. The long section of the slot is meant to have a fundamental resonance

in S-band, while the slot’s short arm aligns the field distribution to proximity coupled to
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Figure 3.24: Two L-shaped slots coupled to CPW with cavity loads, longer leg radiates at
S-band, shorter leg radiates at X-band, both tuned by proximity coupling to cavity loaded
CPW

a length of CPW terminated in cavity loads. The slot’s short arm is also made to have a

fundamental resonance in X-band so that this design is the first attempt at a single tunable

element for both the S and X band. As shown in Figure 3.25a, the slot input impedance

can be tuned via the proximity coupled loads at S-band, but the same load values tune less

significantly in X-band, Figure 3.26a.

The input impedance has a tunable resonance from 2.96, 3.74, and 3.93 GHz. There

are simulated overlapping radiation efficiency nulls at 2.94 and 3.72 GHz.

At X-band, the input impedance does not reconfigure very much with the same load

values, and similarly, there is very little radiation efficiency loss.

3.8 Conclusion

The evanescent mode cavity was combined with the ring resonator end-loaded slot antenna,

and the cavity loads can tune the slot resonance across S-band with a realistic range of

piezo reconfigurable capacitive gap sizes in the cavity loads. However, there is a large
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(a) (b)

Figure 3.25: L-slot at S-band a) input impedance b) radiation efficiency

(a) (b)

Figure 3.26: L-slot at X-band a) little reconfigurability with current load values b) radiation effi-
ciency
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increase in the loss at or near the antenna resonances. Since there is little or no frequency

separation between the antenna resonances and steep declines in radiation efficiency, the

efficiency cannot be fully evaluated without a realistic feed structure. The impedance match

frequencies might be exactly at antenna resonance or might be near antenna resonance, as

is true of the dips in radiation efficiency. I demonstrated designs with increased frequency

separation between the antenna resonance and loss by moving the cavity locations and

changing the coupling mechanisms. The simulation data in this chapter strongly indicates

that radiation efficiency should continue to be a primary concern with the addition of a feed

structure and cavity backing.

45



Chapter 4

Design of Cavity Backed Slots

4.1 Introduction

Standard slot antennas have radiation above and below the slot. It is often desirable to

add a cavity backing to a slot radiator to radiate in only one direction. In this chapter, I

present field analysis and design principles of cavity backed slots in Section 4.2, and then

the design process for cavity backing with additional load structures for reconfiguration in

Section 4.3.

4.2 Traditional Cavity Backing

A design for a circularly polarized cavity-backed slot is presented in [43]. Sievenpiper ex-

plains the frequency response in terms of 4 different cavity modes that are excited, two of

which are radiating. The radiating modes can be identified as the ones that excite a sig-

nificant E-field differential across the slot radiators. The fourth mode provides an E-field

differential, but the slot ends are out of phase with each other and cancel out significantly.

The particular modes differ from those excited in our structure, but the common principle
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remains of analyzing antenna behavior across frequency in terms of which modes pro-

vide a proper E-field differential over the radiating slot’s narrow dimension. Sievenpiper

achieves circular polarization (and a slightly wider impedance bandwidth) by making one

slot slightly shorter than the other, such that they have a phase difference of 90 degrees.

The cavity is fed with a coax probe feed. The impedance is matched by moving the

probe along a diagonal between the corner short and the open at the cavity center. The

cavity impedance (and bandwidth) is also significantly dictated by the cavity thickness.

The slot width impacts the antenna bandwidth to a lesser extent. Design formulas are given

for the crossed slot design, and there are extensive references on crossed slot antennas.

[44] presents measurements of the impedance of three different variations of a cavity-

backed slot. [45] contains a theoretical model for the impedance of a cavity-backed slot,

which is mathematically fitted to the previous paper’s measurement data. In [44], measure-

ments are taken of the slot antenna impedance by splitting the slot lengthwise with a highly

conductive image plane. This method could be repeated for Wheeler cap measurements if

desired, assuming that the cavity mode is symmetric about the image plane. Additionally,

[44] explores the impedance impact of varying the cavity depth and adding an inductive

post. These papers’ initial significance is that cavity backing a slot should invalidate the

Babinet assumptions for finding a slot’s impedance as the inverse of a dipole. These papers

present experimental data and theoretical equations for the impedance. The cavity back

appears as a short some distance away from the slot.

The difference between the open slot impedance and cavity-backed slot impedance is a

function of cavity depth, width, height, and frequency. The open slot impedance is doubled

since it radiates in only one half-space. Part of the difference can be approximated by a

lossless transmission line short (the cavity back). The mathematical models in [45] are

acknowledged not to be precise enough to predict resonant frequency or behavior near

resonance accurately, but they do display the general trends in impedance.
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Figure 4.1: TE cavity modes, resonant frequency of transverse electric modes in
76.2x50.8x3.175mm rectangular cavity cavity

4.2.1 Cavity Backed Slot, Eigenmode Simulation

Figure 4.1 shows the theoretical resonant frequencies of TE cavity modes for a 76.2x50.8x3.175mm

cavity.

The HFSS simulation of this cavity gives a Q of 500. The first five modes, which cover

S-band, are resonant at 1.96GHz, 2.72 GHz, 3.44 GHz, 3.65 GHz, and 3.92 GHz. The 6th

mode, which is out of band, is at 4.62 GHz.

Figure 4.3 shows eigenmode simulation results for the first three modes of the same

cavity size, but with an added slot with varied length and location. The slot is modeled as a

perfect H boundary in an eigenmode solution in HFSS. The simulation model is shown in

Figure 4.4.

An off-center slot can lower the resonant frequency of the cavity. Alternatively, it en-

courages higher-order modes at a lower frequency. The theoretical cavity analysis should
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(a) 1.96 GHz (b) 2.72 GHz (c) 3.44 GHz

(d) 3.65 GHz (e) 3.92 GHz (f) 4.62 GHz

Figure 4.2: Cavity modes in S-band, electric field of first six modes in 76.2x50.8x3.175mm rect-
angular cavity

Figure 4.3: Parametric analysis of slot length and location against cavity resonant frequency

49



Figure 4.4: Slot loaded cavity, excitation of slot and resonance of cavity altered by changing
slot length and offset from cavity wall
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(a) Short Slot, 8mm
offset

(b) Short Slot,
25mm offset

(c) Medium Slot,
8mm offset

(d) Medium Slot,
25mm offset

(e) Long Slot, 8mm
offset

(f) Long Slot,
25mm offset

Figure 4.5: 1st mode electric field in slot-loaded cavity, varied by changing slot length and offset
from cavity wall

support TE110, TE210, TE310, TE120, TE220 in the 2-4GHZ range. Q is 500.

It can be seen in Figure 4.5, that for the first mode, when the slot is near the wall of the

cavity, the perfect H boundary of the slot can increase the electrical size of the cavity in the

y dimension.

In Figure 4.6, the centered slot can disrupt a higher mode slot distribution.

In Figure 4.7, the centered slot can again prevent a higher-order mode from forming.
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(a) Short Slot, 8mm
offset

(b) Short Slot,
25mm offset

(c) Medium Slot,
8mm offset

(d) Medium Slot,
25mm offset

(e) Long Slot, 8mm
offset

(f) Long Slot,
25mm offset

Figure 4.6: 2nd mode electric field in slot-loaded cavity, varied by changing slot length and offset
from cavity wall
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(a) Short Slot, 8mm
offset

(b) Short Slot,
13mm offset

(c) Short Slot,
17mm offset

(d) Short Slot,
25mm offset

(e) Medium Slot,
8mm offset

(f) Medium Slot,
13mm offset

(g) Medium Slot,
17mm offset

(h) Medium Slot,
25mm offset

(i) Long Slot, 8mm
offset

(j) Long Slot,
13mm offset

(k) Long Slot,
17mm offset

(l) Long Slot,
25mm offset

Figure 4.7: 3rd mode electric field in slot-loaded cavity, varied by changing slot length and offset
from cavity wall

53



Figure 4.8: Slot radiator with evanescent mode cavity loads and λ/4 cavity backing

4.3 Reconfigurable Slot and Backing Cavity

The design in Figure 4.8 has a quarter wavelength backing cavity on one of the designs

from the previous chapter. The slot is still fed with a lumped port feed, and the antenna

is still tunable across much of S-band, Figure 4.9, but there is also a static higher-order

resonance at the top of the band.

4.3.1 Thin Cavity Backing

A thinner substrate improves cost and weight. The backing cavity should be able to fit

into half-wavelength spacing for array integration. It is also essential that the backing

cavity field distribution does not disturb the antenna’s far-field radiation pattern. The cavity

backing is an additional resonator on the antenna. The cavity could possibly be designed to

keep the resonances out of band. Because the backing cavity is must be physically larger

than the slot, the unloaded cavity will have a lower first resonance than the antenna, and
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Figure 4.9: Input impedance of reconfigurable slot antenna with λ/4 cavity backing, reso-
nance tuned from 1.73 GHz to 3.75 GHz by changing capacitive gap in evanescent cavities

Figure 4.10: Radiation efficiency of reconfigurable slot antenna with λ/4 cavity backing
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Figure 4.11: Thin cavity backed reconfigurable slot antenna with a variable capacitor
loaded post added to tune the outer backing cavity. Antenna element is 40 mm x 40 mm,
making it λ/2 at 3.75 GHz.

will support additional higher modal resonances. I added inductive loading by removing the

corners of the cavity, which can also be thought of as simply reducing the cavity volume,

in order to raise the fundamental backing cavity resonance, as seen in Figure 4.11. I also

added an additional piezo reconfigurable capacitor load to the backing cavity to tune the

backing cavity resonance. Since each piezo reconfiguration mechanism probably requires

its own DC bias line and fine-tuning, it is better from a simplicity and cost stand-point

to have as few as possible. With this design, a single capacitor loaded post can tune the

outer backing cavity, and the whole antenna shows near-usable impedance matching across

tuning, as shown in Figure 4.13.

The antenna element would take several steps to fabricate, and the layer by layer design

is shown in Figure 4.12. The cavity measures 40 mm x 40 mm and the substrate is 125 mil
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TMM3 with 17.5 µm copper cladding on both sides of the boards. The capacitive posts are

drilled and plated as 0.4 mm diameter vias through the substrate and top and bottom copper

layers. The rubout pattern is milled on the bottom copper layer for the air gap area of the

three cavities in addition to a rubout for the probe feed. Circular copper pads are retained on

underside of the post vias, with the pads having 0.2 mm of extra copper radius beyond the

edge of the post vias. Bondply is patterned to leave air gaps in the reconfigurable cavities,

and copper foil and bondply are laminated to the underside of the board. Following this,

the remaining cavity vias are drilled and plated. The rubout for the broad feed is defined on

the copper foil layer, as well as the slot radiator on the top copper layer. Finally, the SMA

feed can be soldered on.

The cavity backed slot antenna has a tuning range of about 2 GHz, and the three tunable

resonators can possibly be calibrated to create a third order response in S11. The antenna

also has improved radiation efficiency, from 20% to 84% across the tuning range, Figure

4.14. The design has typical single sided slot radiation patterns, as shown in Figure 4.15.

However, there are still dips in radiation efficiency near to the antenna operating frequen-

cies. Since there are no answers in the literature about what is causing the dips in radiation

efficiency that have persisted across all of my resonator loaded antenna designs, I will focus

on the trap dipole, which is the simplest resonator loaded antenna.

4.4 Conclusion

Cavity backed slot antennas radiate in a single direction. The simplest cavity backing has

a depth of a quarter wavelength. The cavity was made thinner to decrease weight and size

for array integration, with additional loading introduced to adjust the cavity resonance. I

incorporated a probe feed into the cavity, which can be incorporated with a feed network

for an array design. The cavity backed element is small enough to be incoporated into an
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Figure 4.12: Layers for cavity backed slot fabrication
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Figure 4.13: Reflection of cavity backed slot antenna, tunable across S-band with poten-
tial for higher order filtenna response. The separate dips on each trace can be tuned by
individual control of each of the three piezo tuning elements.

Figure 4.14: Radiation efficiency of tunable cavity backed slot antenna
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Figure 4.15: Single sided radiation pattern, realized gain at 3.67 GHz

array, and shows potential for a higher order filter response with appropriate calibration of

the resonators. Furthermore, radiation efficiency has been improved from the original end-

loaded slot antenna design but is not well understood. In the next chapter, I will investigate

LC resonator loads on simple wire radiators to investigate the impact of resonant loads on

antenna radiation efficiency and reconfigurability.
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Chapter 5

Theory of Trap Dipoles

5.1 Introduction

Reactive loads have been used since the origination of antennas, with Heinrich Hertz’ first

demonstration of radio waves using a dipole with capacitive ball end loads on the antenna

[46]. Reactive and resonant loading has been used since then for improving radiation

resistance [47], impedance matching [48], bandwidth [49], electrical length[50], current

distribution [51], and multiband antennas [52]. Adding loads can mitigate performance re-

strictions from limits on antenna size, weight, and cost. Newer technologies, like varactors,

MEMS, and pin diodes as loads [53]–[56] allow for reconfiguration and continuous tuning

of operating frequencies. Filtennas are a more recent development in resonantly loaded

antennas, have improved selectivity and out of band rejection, and can potentially decrease

size, weight, and cost by coupling an antenna with resonators in a filter design [57]. In

short, resonant and reactive loading of antennas has always been used, and will continue

to be used to improve antenna performance, especially as advancements in semiconduc-

tor devices, miniaturization of mechanical devices, and new fabrication techniques such

as 3D printing allow for integrating new load types with antennas for continuing improve-
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ments in Q, power handling, and upper frequency limit. However, the well-documented

resonator dissipation in filter design [17] raises questions about radiation efficiency in res-

onator loaded antennas.

Previously, the authors presented a resonator-loaded slot antenna [15]. The resonant

loads are the same evanescent mode coaxial cavity resonators with a piezo-reconfigurable

air gap under the center post of the cavity, described in Section 2.3. The antenna’s reso-

nance can be tuned across S-band via a piezo-controlled variable capacitance in the cavity

loads, but initial simulations suggested low radiation efficiency associated with the tunable

load resonance. The goal of this chapter is to develop design principles for maintaining

high radiation efficiency with resonant loads.

Trap loaded dipoles are one of the simplest resonator-loaded antennas. Traditionally,

the resonant load is an inductor-capacitor “trap” integrated into a dipole or monopole to

create a second operating frequency at the trap resonant frequency. The literature on trap-

loaded and inductor-loaded wire antennas can guide more complicated resonator-loaded

antenna designs.

In this chapter, I start with a review of the literature on wire antennas with discrete reac-

tive and resonant loads, Section 5.2, and I emphasize the load impact on radiation efficiency

since antenna radiation efficiency and loss is a particular focus of this chapter. I use sev-

eral different simulation tools for analysis and explain dipole modes and resonance while

comparing the accuracy of solutions from different software tools in Section 5.3. After ex-

plaining the analysis methods, I demonstrate high loss frequency bands on loaded antennas

and explain them in terms of characteristic modes, Section 5.4. This new explanation of

load-related loss results from comparing parameter sweeps of several antenna dimensions

and component values. Additional design guidelines based on these parametric sweeps are

presented in Section 5.5.
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Figure 5.1: Trap dipole antenna with d1 half a wavelength at lower operating frequency and
d2 half a wavelength at upper operating frequency

5.2 Resonant and Reactive Loading Literature Review

Trap-loaded dipoles are a well-known antenna from the literature [58] and are conveniently

similar to our cavity loaded slot antenna [15]. The conventional trap loaded dipole is a

half-wavelength long at frequency f1 and has a pair of bandstop resonators spaced a half-

wavelength apart at a higher frequency f2, as in Figure 5.1. Usually, the bandstop res-

onators are either discrete parallel LC circuits or quarter-wavelength stubs. One of the first

publications on trap dipole design comes from the amateur radio community and uses four

traps to operate at three bands [52]. The authors of [52] focus on the performance in terms

of SWR and do not discuss radiation efficiency. However, in the same year, [59] mentions

that the capacitors’ thermal breakdown can be a significant problem in trap dipole anten-

nas, indicating that loss in the trap circuit, and consequently low efficiency, is a common

problem for trap dipoles.

Inductively loaded dipoles and monopoles are more commonly discussed in the liter-

ature than trap antennas and can give insight into general principles for loaded antennas.

Reactive loading on linear wire antennas can offer broad and multi-frequency impedance

matching, often in electrically small antennas, with reduced radiation efficiency compared

to a design with an optimal resonant length [49]. Radiation efficiency in electrically small

monopoles decreases as the antenna length decreases and necessary inductive load mag-

nitude increases. A balance must be struck between achieving an impedance match at the
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desired frequencies and achieving an acceptable radiation efficiency, often with limits on

the antennas size and the number of elements.

The ideal loading point on an inductively loaded monopole is where the necessary re-

active loading is equal to the input unloaded reactance [50]. Loading inductance needed

for an electrically small monopole (triangular current distribution) can be calculated [60].

A loaded λ/4 dipole can achieve 50% radiation efficiency. Radiation efficiency peaks with

the load 0.4 of the length from the feed, and radiation resistance is highest with the load at

the end, so a good compromise is 2/3 of the length from the feed placement [61]. Radiation

efficiency is also impacted by the ratio of radiation resistance to reactive load resistance

[61]. Loading is most often used to lower the resonant or operating frequency when size is

a limiting factor. Monopoles and dipoles are capacitive below the fundamental series res-

onance or when the radiator is electrically small. Inductive loading then cancels out some

of the capacitance and shifts the series resonance lower in frequency. The general loading

case is not confined to positive reactances below an antenna fundamental series resonance,

but rather any load reactance may be useful to create antenna resonance behavior above or

below a natural series or parallel antenna resonance.

In contrast to the typical method of designing trap dipoles around enforcing an open

boundary condition at a new resonant length, Figure 5.2, [62] suggests designing a trap

loaded dipole antenna to be operated at a frequency above and a frequency below the trap

resonance, thereby dramatically improving the radiation efficiency. The unloaded dipole

antenna is capacitive below its first natural resonance, and the trap loads are inductive be-

low the trap resonance, which can cancel out the antenna reactance at the lower frequency,

Figure 5.3. Above the first resonance, the dipole is inductive, and the trap presents a ca-

pacitive reactance, which again cancels out for an efficient impedance match. The antenna

design does not have an operating frequency at the trap resonance, which is still associ-

ated with high loss. With this “off-resonant” design, the trap-dipole becomes similar to the
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Figure 5.2: Trap dipole lower and upper operating frequencies with dashed line represent-
ing the commonly assumed current distributions. The trap adds slight inductive loading at
f1 and is antiresonant at f2.

Figure 5.3: Off-resonant trap dipole at key frequencies, dashed line current distributions.
Unlike the conventional trap dipole, the entire dipole radiates at both operating frequencies
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more broadly investigated design of an inductor loaded monopole and benefits from the

same design principles.

Loaded dipoles are still a current topic, as in [63]–[71], but it’s very seldom that papers

mention radiation efficiency. Since the literature does not conclusively answer whether trap

loaded dipoles are lossy, I will focus on loss in the design of resonantly loaded antennas.

5.3 Calculation of Basic Trap Dipole Behavior

In other parts of this dissertation, I typically use HFSS to simulate antennas. In this chapter,

I am mostly interested in loading wire dipoles. To save time and allow for greater flexibility

in scripting analysis, I used FEKO to generate a Method of Moments impedance matrix

for an unloaded wire radiator and then exported FEKO’s matrix to MatLab for further

simulation and analysis. The load location and excitation are defined in MatLab, and the

reactive and resonant loads are added to the antenna. With the data in MatLab, it is very

convenient to define arbitrary parametric sweeps and write scripts to save and report on key

data points automatically. The simulation time is much shorter because the same starting

unloaded wire impedance matrix can be reused.

5.3.1 Unloaded Dipole

The input impedance of an unloaded dipole that is λ/2 at 2 GHz agrees very well between

FEKO, HFSS, and the FEKO + MatLab solution, Figure 5.4. The HFSS model differs

slightly from the other two due to parasitic capacitance in the port definition. The pure

FEKO and the hybrid FEKO MatLab solution agree almost exactly. Note the presence

of several resonances. A series resonance occurs at 1.8 GHz, and a parallel resonance at

2.7 GHz. The input impedance is near to a second series resonance at 6 GHz.

A center-fed unloaded dipole at the λ antiresonance is not well matched to a 73 Ω
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Figure 5.4: Comparing unloaded dipole input impedance between HFSS, FEKO, and a
hybrid FEKO/MatLab MoM solution

differential voltage source at the center of the dipole, but the 3λ/2 resonance is relatively

well matched.

The 2 GHz λ/2 unloaded dipole has an efficiency of over 98% from 1 to 6 GHz, Figures

5.5 and 5.6. The unloaded dipole impedance matrix is used for almost all of the loaded trap

dipole results in this chapter. Adding trap LC loads to the dipole will introduce additional

resonance and change the radiation efficiency behavior.

HFSS calculates radiation efficiency as the ratio of radiated power to accepted power,

ηrad = Prad/Pin. (5.1)

Radiation efficiency is a ratio of radiation resistance and loss resistance (conductor and

dielectric loss), defined in [72] as

ηrad =
Rr

RL +Rr

. (5.2)

The MatLab calculation of efficiency is according to equation 5.1, but equation 5.2 is par-
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Figure 5.5: Reflection coefficient and radiation efficiency of unloaded dipole, λ/2 reso-
nance at 2 GHz and 3λ/2 resonance at 6 GHz

Figure 5.6: Input impedance and radiation efficiency of unloaded dipole, efficiency around
100% over the frequency range covering the first three resonances
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ticularly helpful for theoretical explanation of the loss.

5.3.2 Trap Dipole

The calculation of trap dipole behavior is demonstrated to be accurate compared with

FEKO and HFSS. In Figure 5.7, I compare the input impedance of a trap dipole, simu-

lated in HFSS, FEKO, and a FEKO + MatLab variation that involves taking the impedance

matrix from FEKO, loading it with traps in MatLab, and calculating the behavior in Mat-

Lab. The HFSS data has a first antiresonance resistance of 574 Ω at 2.7 GHz, while the

FEKO antiresonance is 634 Ω at 2.83 GHz. The FEKO model is a wire dipole with a

meshed cylinder radius of 1 mm. The HFSS model is a cylindrical dipole with a radius of

1 mm. Both use a lossy copper metal definition for the radiator, and both have the same

lengths, trap locations, and trap values. L1 = 75 mm, L2 = 43.8 mm, 1 nH inductor, 1.6 pF

capacitor, and a 20 kΩ resistor.

The unloaded dipole model has a fundamental series resonance at 1.9 GHz, but the trap

dipole’s first resonance is tuned down to 1.8 GHz due to the trap’s inductive loading. The

second series resonance is at 3.84 GHz, even though the trap open circuit antiresonance is

tuned to 4 GHz. The antenna antiresonances have a high impedance magnitude and are not

well matched to our feed, as is typical.

The hybrid solution is in good agreement with the HFSS and FEKO solutions. In the

FEKO calculation, automatic meshing was enabled. In the hybrid data source, the mesh has

been limited to only 37 elements. A reflection coefficient plot is also included in Figure 5.8

for easy comparison.

Finally, FEKO, HFSS, and MatLab all have similar efficiency results, Figure 5.9. The

hybrid design efficiency dips at 3.68 GHz (match at 3.84 GHz), HFSS dips at 3.7 GHz,

and FEKO dips at 3.7 GHz. All solutions agree that the second operating frequency at
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Figure 5.7: Comparing trap dipole input impedance between HFSS, FEKO, and a hybrid
FEKO/MatLab MoM solution

Figure 5.8: Trap dipole reflection coefficient comparison between HFSS, FEKO, and a
hybrid FEKO/MatLab MoM solution
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Figure 5.9: Trap dipole radiation efficiency agrees well between HFSS, FEKO, and a hybrid
FEKO/MatLab solution

3.84 GHz has a radiation efficiency of over 90%.

5.4 Modal Analysis and Loss in Trap Dipole Antennas

Trap-related loss has been acknowledged in the literature, [59], [62]. To the author’s knowl-

edge, there is no study or explanation of loss in trap dipoles beyond implied thermal loss

in trap components. Trap loss can be considered a simplified example of the load cavi-

ties’ impact in Section 2.3, and other resonant loads on antenna performance. I will start

by focusing on the relationship between network parameters and loss and then examining

current distributions on the dipole at resonant frequencies.

5.4.1 Network Parameter Analysis

In Figures 5.10-5.12 I’ve overlaid the input impedance and reflection coefficient with the

radiation efficiency. The reflection coefficient is plotted with radiation efficiency in Figure
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Figure 5.10: Reflection and efficiency of trap dipole, dip in efficiency near upper operating
frequency

Figure 5.11: Input impedance and efficiency of trap dipole, resonances and minima and
maxima marked
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Figure 5.12: Slope of real and imaginary input impedance, plotted to easily identify the
frequencies of the input imepdance minima and maxima (zero crossings of the slope). The
minimum radiation efficiency lines up exactly with the minima of the input resistance.

5.10, the input impedance and radiation efficiency in Figure 5.11, and a computational

derivative of input impedance is plotted with radiation efficiency in Figure 5.12. It is clear

in the overlay of reflection coefficient and radiation efficiency, Figure 5.10, that the dip in

radiation efficiency does not occur at either of the operating frequencies. It is subsequently

clear that the efficiency dip does not line up with any of the antenna input resonances (zero

crossings of the reactance), Figure 5.11. The frequency differential of input impedance,

Figure 5.12, was plotted to aid if the input resistance and reactance points of minimum

slope (minima and maxima) or steepest slope have any bearing on low radiation efficiency.

The real part zero crossing lines up in frequency with the radiation efficiency minimum, as

shown in Figure 5.12. The zero-crossing is the local minimum in the real part of the input

impedance.

With the loss tied to the minimum value in the real part of the input impedance, the

radiation efficiency could be explained in terms of the ratio of radiation resistance (at a

minimum) to loss resistance (fixed) becoming unfavorable. I will examine the currents
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on the trap dipole at the resonances and the real input resistance minimum to investigate

further.

The real input impedance and radiation efficiency minimum at 3.67 GHz is above the

first dipole antiresonance (parallel resonance) at 2.56 GHz and below the trap created an-

tenna second series resonance operating frequency at 3.84 GHz, which is in turn below

the RLC resonance at 3.98 GHz, Figure 5.11. It has been reported that all antiresonances

are due to the interaction of two neighboring modes, and series resonances are due to

the excitation of a pure mode [73]. The parallel RLC trap’s antiresonant frequency oc-

curs at 3.98 GHz, above the trap-induced antenna series resonance at 3.84 GHz, and the

trap induced antenna antiresonance at 3.93 GHz. The trap antiresonance frequency is not

substantially lossy, nor are the nearby antenna series resonances and antiresonances. The

radiation efficiency minimum at 3.67 GHz, while near a resonance, does not typically oc-

cur at a resonance. Fine-tuning the trap location over exact mesh edge location impacts the

impedance match at the antenna second resonance (trap induced resonance).

The radiation efficiency minimum in Figure 5.11 is at the same frequency as an input

resistance minima. An antenna’s input resistance is a combination of radiation resistance

and loss resistance, and dielectric and conductor loss is usually nearly constant across an

antenna frequency band. Low radiation resistance can be explained in terms of the electri-

cal size of the dipole antenna. For electrically small to half-wavelength dipoles, the radi-

ation resistance increases with increasing dipole length. The first trap antenna resonance

occurs 1.81 GHz, and the inductance of the trap loads both cancels some of the antenna

capacitance to shift the unloaded antenna resonance from 1.9 GHz to 1.81 GHz and also

improves the current distribution on the antenna, which is slightly undersized at 1.81 GHz

and slightly improves radiation resistance by improving the current distribution. Below

the upper resonance at 3.84 GHz, the radiating length is about λ full length with inductive

loading. At the operating frequency, the radiator’s effective electrical length changes to

74



about λ/2 between the j350Ω load discontinuities. Above the trap resonance, the radiating

length is again about λ, but with capacitive loads.

In Section 5.5, I discuss trends as several different design variables for the trap dipole

are changed, and all simulations confirm that the radiation efficiency minimum value is at

the minimum real input impedance frequency.

5.4.2 Current Analysis

Figure 5.13 shows the currents on the trap dipole at all resonances and at the radiation effi-

ciency minimum, which were also compared with FEKO and HFSS. The lower operating

frequency (first series resonance) at 1.81 GHz is a first-mode excitation, in Figure 5.13. At

the antiresonance at 2.56 GHz, the current distribution looks like a second-mode current

distribution, which has a very high impedance at the center of the dipole due to being at

a current minimum and voltage maximum. The dipole current distribution at the radiation

efficiency minimum, 3.67 GHz, is a third-mode distribution, considered in length below.

3.84 GHz is the second resonance upper operating frequency and looks like a typical λ/2

mode between the traps, combined with a 3λ/2 mode over the whole antenna. The amount

to which the third mode appears in the second series resonance current is a good indicator

of the second series resonance efficiency.

An unloaded dipole has a first-mode resonance at 2 GHz and third-mode resonance at

5.6 GHz. On an unloaded dipole, the third mode is resonant or near-resonant when the

dipole is around 3λ/2 and has better than 98% radiation efficiency. The dipole first-mode

resonance is typically only slightly compressed with a trap and is still near 2 GHz. Radi-

ation resistance on electrically small wire antennas is tied to the size of the radiator. The

shorter the wire, the smaller the radiation resistance is, which causes worse radiation ef-

ficiency. With a trap on the dipole, the radiation efficiency dip is at a third-mode current
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Figure 5.13: Matlab calculated currents at resonances and ηrad minima. First-mode cur-
rent distribution at first resonance, second-mode at first antiresonance, third-mode at ηrad
minimum, first-mode over inner dimensions of dipole at second resonance.
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at 3.6 GHz, when the dipole is less than λ in size. On an unloaded dipole, the dipole

is 3λ/2 size at the third-mode resonance and has very high efficiency. Since the mode

is compressed, the radiation resistance decreases, and Rloss stays nearly constant, so ra-

diation efficiency decreases. The first mode’s radiation efficiency degrades slowly as the

electrical length is compressed, but there is little discussion in the literature about com-

pressing higher-order modes [74]. The third-mode currents occur at significantly smaller

electrical sizes than the optimal 3λ/2 size of the unloaded dipole at third-mode operation.

The compressed third mode has poor radiation efficiency, low real input impedance, and

is loaded (tuned lower in frequency) to a much greater extent than the first resonance and

antiresonance.

The third mode is highly compressed by the trap inductance, especially when the trap

resonance is tuned closer towards the fundamental resonance. The third mode also creates

a current maximum at the load locations by definition, enabling heavier loading effects on

the third mode than on the first mode. The load impact and current distribution is illustrated

in Figure 5.14. With electrically small inductor loaded dipoles, the efficiency worsens as

the loads are moved toward the center because the loads will keep tuning the antenna lower

in frequency, making the antenna electrically smaller. Furthermore, the load’s resistive

loss will increase when the load is closer to the feed, where there is a current maximum. I

have found that while moving the trap loads towards the dipole ends and tuning the loads to

match the approximate half-wavelength frequency, the minimum efficiency value decreases

as the loads move outwards. On the surface, this seems counter to the inductor loaded

dipole trend since the directions of low efficiency are reversed. However, in both instances,

the radiation efficiency decreases as the reactively loaded radiator becomes electrically

smaller. Placing the load in the first-mode current max increases load resistive loss and

increases load impact, but placing the load at the third-mode current max also increases

loading and loss. The max location just happens to be different between the first and third
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Figure 5.14: Trap dipole at key frequencies, approximate current distribution as blue dashed
line, based on Figure 5.13

modes.

There are several significant findings based on the current distributions at frequencies of

interest. There will be a radiation efficiency null somewhere near the trap resonance. The

trap dipole antenna second resonance is not at the frequency of the RLC antiresonance. At

the second resonance, the trap loads have a surprisingly low magnitude reactance (j350Ω)

rather than an actual open circuit. The second series resonance behavior will be replicated

with an inductively loaded dipole. There is usually a current maxima at the trap loads and

current on the outside of the traps at the operating frequency. There is current on the other

side of the traps, even for lossless (infinite Q) traps.

The traps are located at segments 12 and 39, which both have a relative maxima in the

current magnitude at the antenna resonance rather than a trend toward zero, indicating an

open circuit boundary condition. The current on the outer lengths of the dipole beyond

the traps is also nonzero. The relative maxima at the traps in Figure 5.13 is about 1/6 the

magnitude of the current at the feed.
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5.4.3 Inductively Loaded Dipole

If the radiation efficiency minimum is due to a compressed third mode instead of just trap

resonator loss, the modal behavior should also be attainable with just an inductive load.

Likewise, if the trap dipole upper resonance depends on a reactive open from the trap rather

than an actual open, an inductor load should replicate the upper resonance response. Both

of those scenarios are simulated below. While inductor loaded dipoles and monopoles are

common in the literature, they are typically electrically small, while both of these scenarios

are with dipoles that are more than half a wavelength long.

At the frequency of the radiation efficiency minima of the example trap loaded dipole,

the trap load has a reactance of 160 Ω. At 3.68 GHz, the reactance corresponds to an induc-

tance of 6.92 nH. I am interested in whether the same third mode can be replicated with low

efficiency on an inductor loaded dipole rather than a resonator loaded dipole. To test this,

I loaded a dipole with a 6.92 nH inductor to lower the frequency of the resonances. The

current distribution at the first resonance is a first-mode distribution, and is a third-mode

distribution at the radiation efficiency minimum frequency, Figure 5.15. The reflection and

input impedance are also shown in Figures 5.16 and 5.17.

The radiation efficiency minimum occurs with the characteristic third-mode distribu-

tion. The second series resonance resembles that of the trap loaded dipole, with a combi-

nation of the first- and third-mode current distributions. With a series 0.2 Ω resistor (the

resonator had a parallel resistor), the radiation efficiency dips to 88%. 0.2 Ω was chosen as

a typical value for discrete inductors rated for RF frequencies. With no added resistor, the

impedance behavior changes little, and the efficiency dips at the same frequencies, but only

to 96%. Later, with trap loaded slots, conductor and dielectric loss increases, and lossless

trap designs can still have radiation efficiency dip to 40%.

The second operating frequency of the trap dipole is at 3.84 GHz. At 3.84 GHz, the
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Figure 5.15: Current on inductor loaded dipole. The inductor loads are tuned to have
the same reactance value as the parallel LC traps at the minimum ηrad frequency. current
distribution at the first resonance is first-mode, second-mode at at first antiresonance, and
third-mode at ηrad minima. The second resonance in this case has a greater excitation on
the outer length

Figure 5.16: Reflection coefficient of inductor loaded dipole, replicating trap dipole radia-
tion efficiency minima
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Figure 5.17: Input impedance of inductor loaded dipole, replicating trap dipole radiation
efficiency minima

RLC resonator has a reactance of 351.7 jΩ, which can be replicated with a 14.6 nH in-

ductor. The unloaded dipole has a reactance of -258 jΩ at 3.84 GHz, which is canceled

by the 351.7 jΩ loads located ±21.9 mm on either side of the center feed. The first series

resonance is tuned lower than in the trap dipole, down to 1.41 GHz, due to the increased

inductance, Figure 5.20. A radiation efficiency minimum occurs at 2.72 GHz. The upper

passband is shown in Figure 5.19, and the currents are shown in Figure 5.18 with the same

modes are prevalent as on the trap loaded dipole. At 3.84 GHz, an inductor resistor load

recreates the impedance match and current distribution of the trap load. Typically, inductor

loads are used only for tuning the first-mode of wire radiators.

The inductor loaded models prove that the trap loaded dipole experiences a strongly

reactive discontinuity from the trap loads at second resonance rather than an actual open

circuit condition. There is also a significant reactance at the radiation efficiency minima.

The general principle that trap dipoles are designed by creating an open circuit still yields

approximately correct designs, subject to fine-tuning. However, this new understanding
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Figure 5.18: Current on inductor loaded dipole. The inductors are tuned to have the same
reactance as the parallel LC traps at the frequency of the second series resonance, which is
a first-mode current distribution between the loads

Figure 5.19: Reflection coefficient of inductor loaded dipole, replicating trap dipole second
series resonance
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Figure 5.20: Input impedance of inductor loaded dipole, replicating trap dipole second
series resonance

allows for more precise designs. Regular dipoles are resonant at slightly less than half a

wavelength in size, usually at about 0.475λ, depending on width. Empirically it appears

that 0.52λ is a better starting rule of thumb for trap load placement.

5.4.4 Current past the loads and ratios

There seems to be a trend that when comparing the dipole current distributions at radiation

efficiency minima, second resonance, and trap antiresonance, the ratio of current at the

loads to at the feed is a predictor of the radiation efficiency. When the current magnitude is

much greater at the feed than at the loads, the radiation efficiency is better. If the resistive

trap loss were the primary loss mechanism in trap dipoles, I would expect that the feed to

trap current ratio would be a good indicator of overall antenna loss. However, this does not

hold when comparing load current and trap current continuously across frequency, Figure

5.21. There are typically frequency bands where the magnitude of current at the traps is

greater than at the feed, yet the radiation efficiency is still above 98%.
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Figure 5.21: Load and feed current magnitude across frequency, 4 GHz trap

Current distribution on the trap dipole typically looks like a combination of λ/2 and

3λ/2 modes. The clearest indicator is that the lowest radiation efficiency occurs at the same

frequency as the minima of the real input impedance. Also, the efficiency decreases as

loads tuned and moved outwards, which is counter to the suggestion that traps follow the

principles of inductively loaded monopoles. The electrical length of the distance between

the loads varies from 0.56λ with the 3GHz load to 0.59λ with the 5 GHz load.

This behavior could be better calculated using a characteristic impedance represent-

ing the wire as a transmission line for computation of the input impedance into the trap

followed by a transmission line open circuit.

5.4.5 Loss Conclusions

Trap dipoles do have significant loss near the trap-related operating frequency, but the loss

does not overlap with most designs’ actual operating band. The loss is due to a higher-order

mode being excited in a compressed state with low radiation resistance that compares un-

favorably with a virtually static loss resistance. Decreasing the resonator loss will improve
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the overall antenna loss, but the compressed higher-order mode will still have a radiation

efficiency dip even with a lossless trap. This dip can be especially significant if there is

dielectric on the antenna, as demonstrated with slot antennas in the next chapter.

While trap dipoles with a single pair of loads usually have high radiation efficiency,

adding multiple pairs of loads, or having distributed loading can result in a lossy operating

frequency. It is important to check for lossy modes in general resonator loaded antenna

design.

The solution accuracy agrees well with FEKO and HFSS. In the next section, I ana-

lyze several variations on the ideal trap dipole design to document the precise relationship

between input impedance and possible lossy frequencies.

5.5 Parametric Investigations

As previously stated, the existence of a lossy compressed higher-order mode is supported

by trends consistent across several parametric sweeps and alternate trap designs. The para-

metric sweep analysis is presented more fully in this section. The most basic parameter

sweep is changing the load locations. Load locations can be changed slightly to fine-tune

the design or move across the dipole’s entire length to change the dipole behavior drasti-

cally.

Changing the L to C ratio changes the Q and characteristic impedance of the resonator.

The Q of a parallel RLC circuit is

Q = R

√
C

L
, (5.3)

and characteristic impedance of the resonator is
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Zc =

√
L

C
. (5.4)

The parallel RLC is inductive below the RLC resonance. The trap inductance will load

any antenna resonances below the RLC resonance, causing the antenna resonances to be

tuned lower in frequency. Perhaps the most significant aspect of changing the L/C ratio is

that it will alter how much reactive loading occurs at antenna resonances below the RLC

resonance.

The tolerance of discrete RF inductors and capacitors will change the Q and resonance

of the traps. The detuning due to tolerance can also result in different load values on each

dipole arm, which is investigated.

Moving the feed location on an unloaded dipole alters the impedance magnitude at the

fundamental resonance and changes the resonant frequency and impedance magnitude of

subsequent resonances. Moving the feed off-center is investigated with trap loads. Even

with the increasingly complicated impedance response across frequency, the radiation effi-

ciency minima still lines up with the real input impedance minima.

5.5.1 Load Placement

Changing the load location has a very significant impact on the response of a loaded dipole.

Load location can be varied from the traditional trap dipole design by moving the loads

symmetrically or asymmetrically. The loads can have fixed component values, or the com-

ponents can be varied with load location to maintain dual-band trap dipole behavior. Ad-

ditionally, more than two loads could be added to the radiator, or the feed could be offset

from the center and only a single load added to the antenna. I am primarily focused on

moving the loads symmetrically, with both fixed and tuned component values.

Load Placement Fine Tuning
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Figure 5.22: Trap load spacing is 0.475λ at 4 GHz trap resonant frequency, unoptimized,
only a -6.5 dB match at 3.93 GHz

Fine-tuning the load locations can improve the impedance match of the operating fre-

quencies for a given load. An unloaded dipole is slightly less than half a wavelength at the

fundamental resonance, typically about 0.475 λ. Following this principle, the loads on a

trap dipole are resonant at a frequency fLC and are spaced 0.475λ apart at fLC . However,

the trap dipole second resonance has been proven in this chapter to be at a different fre-

quency than fLC . For instance, a 75 mm dipole with loads tuned to 4 GHz would initially

be designed with a load spacing of 35.6 mm. With that spacing, the second operating fre-

quency only has a match of -6.5 dB at 3.93 GHz, Figure 5.22. The input reactance never

goes through a true resonance around this frequency (-j33Ω at 3.93 GHz), Figure 5.23. The

typical dipole design method and approximation of trap loads as open circuits get close

to a working design, but the match needs further optimization, and the actual frequency is

subject to further change.

The actual spacing between the loads is not optimal because the trap related operating

frequency is at a different frequency than the load resonance, and the loads are inductive

at the operating frequency. A simple sweep of load location was performed, and a 75 mm
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Figure 5.23: Trap load spacing is 0.475λ at 4 GHz trap resonant frequency, unoptimized,
no resonance in input reactance at second operating frequency band

fres ηrad,min Match Spacing (mm) Spacing (λ)
4.74 GHz 89% -12.6 dB 37.5 0.59
4.29 GHz 78% -16.0 dB 40.6 0.58
3.84 GHz 61% -19.8 dB 43.8 0.56
3.37 GHz 38% -14.1 dB 50.0 0.56
2.91 GHz 18% -13.6 dB 56.3 0.54

Table 5.1: Minimum efficiency values as second resonance of trap dipoles changes

dipole with a load spacing of 43.8 mm has the best match (for a mesh resolution of about

1.5 mm) at the upper operating frequency. The match significantly improves to -19.2 dB,

and the resonant frequency and match frequency drops further to 3.84 GHz, Figures 5.24-

5.25. The load spacing is 0.56λ at 3.84 GHz. The load spacing was increased by 8.2 mm

from the starting design.

Matching Load Placement and Resonance Tuning

A range of load tunings from about 3 to 5 GHz was simulated, and the best spacing

between the loads in terms of impedance match was found for all of them. The results are

summarized in Table 5.1.

Figures 5.26 and 5.27 show a 5 GHz load and 3 GHz load. The locations are optimized
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Figure 5.24: Load spacing optimized, 0.56λ at 3.84 GHz resonance, -19.2 dB match

Figure 5.25: Load spacing optimized, 0.56λ load spacing at 3.84 GHz resonance
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Figure 5.26: Inner load location, 4.74 GHz trap related resonance, minimal radiation effi-
ciency dip

for the best match. The dip in radiation efficiency does not overlap with the operating fre-

quencies. The efficiency is always over 95% at the matched operating frequencies. How-

ever, the actual radiation efficiency minimum decreases as the tuned loads move outwards.

The minimum value of the radiation efficiency decreases as the tuned loads are moved

towards the antenna’s ends. As detailed in the earlier section on loss, tuning the trap lower

results in greater compression of the third mode that corresponds to low input resistance

and radiation efficiency. Figure 5.28 summarizes the results.

Moving the loads inwards on the dipole while retuning them increases the frequency

separation between the real input impedance minima and the second resonance, Figure

5.28. The second resonance frequency increases as the loads move inward. Also, the

efficiency decreases as the loads are tuned and moved outwards, which is counter to the

suggestion that traps follow the principles of inductively loaded monopoles. The electrical

length of the distance between the loads varies from 0.56λ with the 3 GHz load to 0.59λ

with the 5 GHz load.

Fixed Load, Variable Location
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Figure 5.27: Outer load location, 2.91 GHz trap related resonance, greater dip in radiation
efficiency as trap loads tuned lower and moved outwards on dipole

Figure 5.28: Tuning f2 closer to f1 increases the amount of loss at the input resistance
minima because it also tune the 3λ/2 mode lowerin frequency. With a fixed RLC tuning,
moving the load inwards on the dipole increases the amount of loss at input resistance
minima.
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If a trap load with static tuning is placed closer to the dipole center, the minimum ra-

diation efficiency value will move closer to 0%. If the load value is fixed, the resonance

frequency will not move very much even as the load placement changes, Figure 5.28. Since

the load is antiresonant, it provides infinite inductance below resonance and infinite capaci-

tance above resonance. If the load would cause the antiresonance to resonate at shorter than

half a wavelength, the load provides reactance to cancel out the dipole reactance. When

the trap is placed nearer to the center of the dipole, it loads more effectively. This should

mean that a portion of the trap impedance curve with a less steep slope will provide reac-

tive cancellation for resonance, ultimately making the match more broadband. Similarly, if

the trap is closer to its optimal location for a half-wavelength resonance, less reactance is

needed to create resonance, and the match might be more broadband.

A trap dipole is designed for S-band. The dipole’s outer length is about half a wave-

length at 2 GHz, or d1 = 64.5 mm. An RLC boundary in HFSS was used to model a lumped

element parallel LC circuit. The RLC boundary is also a simplified model of real resonant

loading structures and loss. The RLC boundaries are spaced to create an inner dipole length

of about half a wavelength at 4 GHz, or d2 = 32.5 mm. Capacitance was simulated at 6.2 pF

and 1.6 pF, while induction is constant at 1 nH, resulting in resonance at 2 GHz and 4 GHz.

Going forward, this design will be labeled as the “middle load” design.

Additionally, two other load placements were simulated for comparison to investi-

gate how significant load location is in incurring loss. The “outer load” will be nearly

at the dipole ends, 0.5 mm from each end. The “inner load” is closer to the feed, with

d2=16.5 mm. The dipole is center-fed with a lumped port. Every combination of location,

capacitance, and resistance values was simulated in HFSS, with convergence on imaginary

impedance and radiation efficiency.

A typical capacitor insulation resistance is 104 MΩ, modeled in parallel with the capac-

itor. The inductor loss is usually more significant, and a series 2 mΩ resistor is a reasonable
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(a) (b)

(c) (d)

(e) (f)

Figure 5.29: Impact of load placement and loss value R on input impedance and radiation
efficiency, “Middle Load” is a conventional dual-band trap dipole design
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low loss value. Since the trap circuit is parallel LC, it would simplify simulations to have a

single parallel R value that maintained the same Q value. Compared to the parallel inductor

loss, the capacitor loss is negligible. A series LC circuit resonant at 4 GHz with 2 mΩ loss

resistor would have an associated Q value of 12,000. Coincidentally, our reconfigurable

load cavities have a simulated Q value of about 11,000. For simplicity, letting the equiva-

lent parallel loss resistance be 20 kΩ is a good approximation for both a realistic discrete

component trap circuit and the load cavities. I also include simulation data with R=104 MΩ

to examine just the impact of capacitor loss.

The “middle” and “inner” load placements show a similar tuning range to each other, as

shown in Figures 5.29a and 5.29c, and similar radiation efficiency. Radiation efficiency for

the 20 kΩ inner load circuits dips to 39% and 7% for the 2 and 4 GHz circuits, respectively,

as shown in Figure 5.29d. Radiation efficiency for the 20 kΩ middle load circuits dips to

22% and 14% for the 2 and 4 GHz circuits, respectively, as shown in Figure 5.29d. The

radiation efficiency for R=104MΩ remains over 82% for all variations, although a smaller

frequency step could reveal a deeper null in the efficiency. The “outer load” introduces

less loss than the inner and middle load placements. Figure 5.29f shows 86% radiation

efficiency at 4 GHz with the 4 GHz resonant circuit and 98% efficiency at 2 GHz with the

2 GHz circuit. The “outer load” placement is more appropriate for the 2 GHz circuit but

introduces higher loss with the 4 GHz trap circuit. The 4 GHz circuit likely redefines the

boundary conditions to excite a higher-order mode on the antenna. This interpretation is

substantiated by a resonance seen in the impedance in Figure 5.29e.

Figure 5.29 shows that the dipole resonance can be reconfigured with varying capaci-

tance when the load is near the feed point or the midpoint of each dipole arm but does not

reconfigure for the same reactance values when placed at the end of the dipole. However,

the radiation efficiency drops drastically at any load resonance unless placed at the dipole

ends. This reinforces the literature findings that end-loading requires higher reactance val-
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Figure 5.30: Minimum radiation efficiency of trap dipole over a range of parallel resistance
values

ues and highlights even further that trap dipoles have significant loss.

To further highlight the impact of the load loss resistance, a simulation of equivalent

load resistance versus radiation efficiency at the trap resonance is shown in Figure 5.30,

using the “middle load” design. The radiation efficiency ranges from 15% to 86% over a

wide range of R values. For any practical R value, there will be non-negligible loss near

the load resonance.

To summarize, RLC loads on a dipole result in significant loss near resonance for any

practical R value.

5.5.2 Resonator Q

Next, I consider the impact of the resonator Q value on loaded dipoles. I expect that higher

Q loads will result in less antenna loss The Q of a parallel RLC resonator is defined by both

the resistance and the ratio of capacitance to inductance, or

Q = R

√
C

L
. (5.5)

Increasing the load parallel R value causes the trap to have higher Q, and increasing
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Figure 5.31: Second operating frequency (second series resonance) S11 match vs trap Q,
sweeping R, calculated with the hybrid MatLab MoM approach. Trap Q over 400 has
negligible impact on impedance match.

the capacitance to inductance ratio (while keeping resonant frequency constant) also in-

creases load Q. The MatLab MoM solutions variable Q have noticeable resolution artifacts

from frequency and mesh resolution limits. Trends in efficiency, match, and impedance

are discernible, but the trends have oscillatory behaviors. I simulated the same Q sweeps

in HFSS, which applies adaptive meshing to its solutions and is simulated with a finer

frequency resolution. The trap dipoles used in both are nearly identical, as was shown in

Figure 5.7.

I am interested in whether a particular trap Q value improves the impedance match (by

changing input resistance and resonance), and whether higher trap Q corresponds to better

radiation efficiency at the antenna resonance.

In the MatLab calculations higher Q trends towards a better (73Ω) match, Figure 5.31,

but in HFSS a higher Q trends towards a slightly worse match, Figure 5.32. The actual

match values disagree significantly between MatLab and HFSS, which is likely due to a

coarse frequency resolution in MatLab. Both trends are slight, and the change in match

is fairly constant above 800 Q. Trap Q does not appear to have a significant effect on the
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Figure 5.32: Second operating frequency (second series resonance) S11 match vs trap
Q, sweeping R and C/L separately, simulated in HFSS. Trap Q has negligible impact on
impedance match.

antenna impedance match for a practical range of trap Q values.

The input resistance at resonance does not change significantly with trap Q in HFSS,

but it decreases in the MatLab MoM calculation, Figures 5.33 and 5.34. These results are

just an alternate way of viewing the match at resonance trends of Figures 5.31 and 5.32.

The only new insight gained here is that MatLab calculates the low Q trap antennas to have

a higher than 73 Ω efficiency, and the HFSS simulation calculates the antenna to have a

lower than than 73 Ω resistance at resonance.

Decreasing the trap Q by decreasing the trap parallel resistance slowly decreases the an-

tenna radiation efficiency, Figure 5.35, as expected. In HFSS I recorded both the minimum

radiation efficiency value, as well as the efficiency at the antenna resonance, Figure 5.37. A

dipole with lower Q trap has a lower minimum radiation efficiency, Figure 5.37. However,

the efficiency at resonance remains very high for a practical range of trap Q values. If the

Q is changed by varying the L/C ratio, the efficiency at resonance stays constant, and if the

R value is lowered the efficiency at resonance decreases slightly. As Q decreases, the fre-
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Figure 5.33: Input resistance at second series resonance vs trap Q, with Q based on variable
R, calculated in MatLab.

Figure 5.34: Input resistance at second series resonance vs Q, with Q based on variable R
and on variable L/C ratio, calculated in HFSS.
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Figure 5.35: Corresponding to Figure 5.33, the radiation efficiency at resonance vs Q, with
Q based on a varying R value, calculated in MatLab. The antenna has better than 80% ηrad
at resonance for all Q values.

Figure 5.36: Minimum radiation efficiency of trap dipole over a range of trap Q values
based on variable trap loss resistance, based on Figure 5.30
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Figure 5.37: Radiation efficiency at antenna resonance over a range of trap Q, based on
variable R and on variable L/C ratio, simulated in HFSS. The antenna has better than 92%
ηrad at resonance across all Q values.

quency separation increases between real impedance minima and second resonance, which

moves the deeper dip in radiation efficiency further away from the second series resonance.

The overall result is that the second resonance operating frequency has high efficiency for

a wide range of practical Q values.

Increasing the ratio of L/C lowers the frequency of f2. Increasing the ratio of L/C

increases the positive reactance of the resonator at a given frequency (below the trap reso-

nance). This trend is seen in Figure 4-24 in [75], although the trace was not commented on

and was not included in the accompanying paper [58].

With varying Q values and standard trap dipole design, the loss does not overlap with

match frequencies. Across all of the R and L/C variations, the efficiency at resonance

was over 80%. The Q of the trap does not significantly impact either the efficiency or the

impedance match of the antenna at resonance.
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5.5.3 Inductor and Capacitor Tolerance

In practice, small deviations in load values will occur. For trap dipoles with lumped compo-

nent loads, it is not uncommon for components to have a 5% tolerance. For antennas with

reconfigurable loads, deviations in the tuning process or drift from the loading mechanism

will cause the loads to deviate from their ideal values. Past simulations show that asymmet-

ric antennas often produce more complex responses (a greater number of resonances) than

perfectly symmetric ones. With each trap related resonance, there seems to be a nearby

dip in radiation efficiency. Increasing the number of trap related resonances in close prox-

imity (due to asymmetry) may likely increase the odds that a resonant, possibly matched

frequency is also the site of a dip in radiation efficiency. It is necessary to verify that loss

frequencies do not overlap with operating frequencies. It is also more computationally ef-

ficient to solve (or measure) only reflection and not radiation efficiency or realized gain. If

possible, determining loss frequencies from just reflection would simplify both simulation

and measurement.

A given inductor and capacitor have stated tolerances of 0.95 - 1.05 nH and 1.55 -

1.65 pF. Working with only the extreme values, a simple trap dipole could be loaded with

four different loads, and any combination of two loads (including repeats) could end up on

the antenna. If both the inductor and capacitor are at their lowest probable value (0.95 nH

and 1.55 pF), then the trap load has a slightly higher resonant frequency. If one com-

ponent is high and the other is low, then the trap load will remain at approximately the

same resonant frequency but with a different characteristic impedance and bandwidth. If

both components are high, then the load will have a lower resonant frequency. A shift in

the trap’s resonant frequency paired with no change in trap location will detract from the

impedance match at the upper operating frequency.

From the data, the trap related radiation efficiency is lower in frequency than the an-
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Case C1 (pf) L1 (nH) C2 (pF) L2 (nH)
1 1.6 1 1.6 1
2 1.55 0.975 1.55 0.975
3 1.55 0.975 1.65 0.975
4 1.55 0.975 1.55 1.025
5 1.55 0.975 1.65 1.025
6 1.65 0.975 1.55 1.025
7 1.65 0.975 1.65 1.025
8 1.55 1.025 1.65 1.025

Table 5.2: Calculated cases of component tolerance variance

tenna resonance and match frequency, which is lower in frequency than the trap resonance.

A possible worst-case asymmetry scenario would be that the load with a lower resonant fre-

quency creates an impedance match that overlaps in frequency with a radiation efficiency

minima caused by the slightly higher frequency trap.

For all asymmetric scenarios, the match degrades, and the efficiency degrades at the

match frequencies compared to the ideal case. The match frequency shifts higher and

lower with different cases.

5.5.4 Multiple Load Pairs and Distributed Loads

Trap dipole antennas can operate at more than two bands if more pairs of traps are added.

One of the earliest trap dipole papers was a three-band design with two pairs of traps [52].

My original motivation to study trap loaded antennas was to simplify the design of a

slot loaded with a cavity resonator. The cavity loading can have multiple sites of strong

coupling and loading on each cavity. Multiple RLC loads may be a better model for cavity

loads and other more complex load structures. Possibly it could be helpful to imagine a

single load value tuned to a design frequency, and then split the load into parts that still

sum to the same response, and distribute them on adjacent segments of the dipole, or with

some close spacing to better approximate the distributed nature of larger load structures.
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Figure 5.38: Fine parametric variation of trap location and spacing between “distributed”
loads

Figure 5.39: Reflection and radiation efficiency for a dipole with four trap loads, half the
magnitude of the double trap design, Figure 5.38, showing an overlap of radiation efficiency
dip and possible operating frequency
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With an increasing number of loads, there is an increasing likelihood that an antenna

operating frequency can suffer from low radiation efficiency, as shown in Figures 5.38 and

5.39.

5.5.5 Parametric Conclusions

Fine-tuning of the load location is useful for improving the impedance match. Changing the

Q changes the frequency separation between antenna resonance and the minimum real in-

put impedance. Moving the loads inwards on the dipole increases the frequency separation

between real input impedance minima and the second resonance. The second resonance

frequency increases as the loads move inwards. Reconfigurable loading in trap antennas is

likely to work because the impedance match degrades slowly as the load value and place-

ment is changed. The efficiency decreases as the loads are tuned and moved outwards on

the antenna. If the load tuning is kept constant, the minimum efficiency value will decrease

as the loads are moved inwards. Increasing trap Q will improve efficiency and move the

efficiency dip closer in frequency to the trap related operating frequency.

5.6 Conclusion

In this chapter, the essential operation and literature background of the trap dipole was

summarized. There is very little attention to trap related loss in the literature, but multiple

simulation methods demonstrate that there are significant loss bands excited by the trap

loads. The trap loading excites a heavily loaded and electrically compressed 3λ/2 mode

with poor efficiency. In most cases, the trap related operating frequency will not overlap

with low radiation efficiency. This understanding of loaded higher order modes introduc-

ing loss should have a widespread application in the design of antennas with reactive and

resonator loads.
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Additionally, the trap is not resonant at the upper operating frequency of trap dipoles,

contrary to the accepted explanation of trap antennas. The traps have a finite reactance at

the upper operating frequency, and a pure inductive load can recreate the current distribu-

tion and impedance match at the upper operating frequency. The antenna current distribu-

tion is a quasi-first order mode at the upper operating frequency. The trap Q should be over

a minimum threshold to create a second series resonance, and this Q value will depend on

the specific design, but was around 200 for the designs that were simulated. Reconfigurable

loading in trap antennas is likely to work because the impedance match degrades slowly

as the load value and placement is changed. New design principles for wire radiators and

slots with traps were developed. I will continue to expand trap dipole design principles in

the next chapter.
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Chapter 6

Traps Expanded

6.1 Introduction

In the previous chapter I developed a new explanation of how trap dipoles operate and how

to design them. It was particularly interesting that the trap load is a finite reactance and

not antiresonant at the trap associated operating frequency. In the previous chapter I also

demonstrated that an inductor calculated to present the same reactance as the trap load can

recreate the trap dipole response at a single frequency. I will continue that idea in this

chapter and demonstrate that the loads in any basic parallel LC trap dipole antenna can be

replaced with another resonator calculated to have the same load reactance. I will demon-

strate a novel series LC trap loaded dipole, as well as the classic stub trap antenna. My

analysis that traps work by providing a reactive load is further validated by demonstrating

the series LC loaded trap antenna.
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6.2 A Note on Loading Higher Order Modes

Inductive loads on electrically small monopoles more heavily load the antenna when moved

closer to the feed [61]. Hansen explains this as being due to the increased current magnitude

at the feed of the monopole. Based on [61] alone it was unclear whether proximity to

the input or proximity to current maxima has a more significant loading impact on the

resonances of the input impedance. Higher order modes can have multiple current maxima

and minima on the dipole or monopole, so it is possible to move a load further from the

feed and still be moving it closer to a current maxima of a higher order mode. The authors

in [74] claim that higher order modes on dipoles are more significantly impacted by loading

than lower order modes. If load proximity to modal current maxima changes the apparent

loading of each mode, then it would only sometimes be true that higher order modes would

be more significantly loaded than lower order modes.

I simulated an inductor loaded monopole and recorded the shift in the first and second

series resonance as I changed the load locations. The reults are shown in Figure 6.1. The

well-documented first mode response is shown, with the load moving closer to the single

current max at the feed causing the the resonance to move lower in frequency. The second

series resonance (the third mode) matches my prediction, that moving the load to the current

maxima increases loading, even if the maxima is further from the feed.

This is a novel result as far as I am aware, and a key theme of [74] is that there is a lack

of literature attention on loaded antennas operating at a higher order mode. However, with

resonator loads on antennas it is inevitable that more higher order modes will be excited in

band. I have particularly focused on how the third order mode is electrically compressed

and lossy on the trap dipole. I do not design the antenna to match to the third order mode.

I describe the upper resonance on the trap antenna as a quasi-first order mode, but it is

certainly due to an unknown combination of higher order modes. This new understanding
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Figure 6.1: It is well known that loading an electrically small monopole closer to the feed
will more heavily load the monopole. However, when loading higher order modes, placing
a load at the current maximums will more heavily load the specific load. This can result in
a higher order mode being more heavily loaded than the fundamental load.
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of current maxima impact on higher modes is not directly applicable to trap dipoles since

the revised analysis still does not directly track the combination of higher modes that create

the antenna upper resonance. However, this is certainly a helpful principle for the general

design of resonator loaded antennas.

6.3 Changing Feed Location

Moving the feed off-center can add a new resonance. The distance between minima and

resonance remains essentially static if the feed location is moved. The second resonance

frequency also remains nearly static. When moving the feed location, a new resonance and

match point can be shaped that occurs in frequency below the radiation efficiency dip rather

than above it. Even with the increasingly complicated impedance response, it is still true

that the radiation efficiency minima lines up with the real input impedance minima.

Moving the feed location does not change the frequency separation between the radi-

ation efficiency minima and the trap related resonance. The second resonance frequency

also remains nearly static. When moving the feed location, a new resonance and match

point can be shaped that occurs in frequency below the radiation efficiency dip rather than

above it. Even with the increasingly complicated impedance response, it is still true that

the radiation efficiency minima lines up with the real input impedance minima.

6.4 Off-Resonant

The off-resonant trap dipole mentioned in [62] avoids the trap resonance loss by operating

away from the trap resonance. Rather than using the trap to define a second open-circuit

boundary condition for a half wavelength at a higher frequency, the load inductance below

trap resonance and capacitance above trap resonance can be used to retune the antenna to
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(a) (b)

Figure 6.2: Off-resonant trap dipole design from [62] (a) parametric of L/C ratio, R=20kΩ (b) R
loss parametric (L= 0.56 nH,C=5 pF), data from HFSS

impedance matches above and below the trap resonance. I designed the off-resonant trap

dipole with a 3 GHz trap circuit in HFSS to create two different passbands at S-Band, seen

in Figures 6.2a and 6.2b. The reflection coefficient matched to 73 Ω in Figure 6.2a shows

two passbands. The corresponding radiation in Figure 6.2b shows significant loss at the

trap resonance, but not at the antenna match frequencies. Bandwidth and distance between

radiation bands can be adjusted by the ratio of lumped L to lumped C, shown in Figure 6.2a.

Figure 6.2b shows that for fixed L and C, varying R directly impacts the radiation efficiency

at trap resonance, in agreement with conventional trap antennas. Conveniently, this loss is

no longer located at the operating frequencies of the antenna.

This design is similar to some of the load placement parametric results. With the loads

moved to the ends of the antenna and the RLC resonance tuned to match, a similar response

is created, but not with quite as good of a match.
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Figure 6.3: Series RLC load impedance and radiation efficiency of dual band trap dipole
loaded with series RLC loads

6.5 Series RLC Trap Dipole

Trap dipoles in the literature are always created with parallel RLC loads. Since I proved

that the upper operating frequency is caused by a reactive load value rather than an actual

open circuit boundary condition, it should also be possible to use a series RLC tuned to

have the same reactance value at the upper operating frequency. The primary trap dipole

that has been discussed extensively already had a load reactance value of +j351.7Ω at the

3.84 GHz upper operating frequency. A series RLC resonator is inductive above resonance,

so if the resonant frequency is tuned below 3.84 GHz there will be some ratio of inductance

to capacitance that will make the load have the required +j351.7Ω reactance at 3.84 GHz.

Since a series RLC is a short circuit at resonance, it is preferable to tune the RLC resonance

to match the unloaded dipole fundamental resonance at 2 GHZ so that the resonator does

not reactively retune the fundamental resonance.

A starting resonator tuning with a 1 nH inductor and 6.2 pF capacitor is resonant at

2 GHz. After sweeping the L/C ratio (keeping a constant resonant frequency), a 20 nH

and 0.31 pF series combination has a reactance of +348.8jΩ at 3.84 GHz, Figure 6.3. As
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Figure 6.4: Dual band trap dipole with series rather than parallel RLC loads

expected, this design has an excellent dual-band behavior, Figure 6.4. The radiation ef-

ficiency minimum still lines up with the input resistance minimum, Figure 6.5. A series

resistance of 0.5Ω is included for a realistic discrete component loss approximation.

6.6 Stub Loading on Dipoles

Trap dipoles have long been made with stub loads. Like LC traps, stubs have been ex-

plained as enforcing an OC boundary condition on the dipole. Again like LC traps, stubs

in simulation are not actually resonant at the trap-created operating frequency. They have

a finite reactance. However, it is still easy to design stub trap dipoles according to the tra-

ditional explanation. Quarter wavelength stubs terminated in a short circuit will enforce

an open circuit at the input. If the stub is in series with the dipole wire, an open circuit is

created on the dipole. (The dipole is not a transmission line structure.)

I simulated a 4 GHz stub load on a trap dipole with 25, 50, and 73 Ω stub characteristic

impedances. The simulation is done in the Matlab, so the stubs are defined generally by

their length and characteristic impedance, although twin-wire and coax line can be used
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Figure 6.5: Input impedance of dual band trap dipole with series RLC loads, ηrad lines up
with Rin minima

Figure 6.6: Monopole with series short circuit stub to create a trap dual band response
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Z0 f1 floss f2
25 1.78 3.62 3.86
50 1.71 3.33 3.72
73 1.66 3.14 3.69

Table 6.1: Loading trap dipole in MoM with SC 4 GHz quarter-wavelength stubs, lower
stub characteristic impedance causes f2 to be closer to ftrap

Figure 6.7: Monopole with short circuit stub, dual band response

in practice. The results are summarized in Table 6.1, and it can be seen that stub with

lower characteristic impedance creates an antenna operating operating frequency closer to

the stub resonance (ftrap).

The off-resonant design from [62] can be replicated with stubs by adding a 2 GHz tuned

SC stub on a 2 GHz dipole. The calculated antenna had operating frequencies at 1.37 GHz

and 2.41 GHz. The frequency separation can be adjusted by changing the characteristic

impedance of the stub.

Tuning an open circuit stub to the lower frequency means that that at an octave up

there will be a half wavelength OC stub, which is like a quarter wavelength SC stub. The

reactance at the lower stub resonance is probably smaller than with the SC stub tuned to
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Figure 6.8: Monopole with short circuit stub, radiation efficiency over 90% at both operat-
ing frequencies

Figure 6.9: Monopole with short circuit stub, typical monopole realized gain pattern at
lower frequency, suggesting straight length of monopole has normal current distribution
and stub doesn’t contribute negatively towards radiation
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Figure 6.10: Monopole with short circuit stub, typical realized gain pattern at upper fre-
quency, suggests stub doesn’t contribute negatively towards radiation

4 GHz, so this option can be nice because it adds less loading to the lower frequency, but at

the cost of having physically larger stubs on the antenna. The simulated open circuit stub

created operating frequencies at 1.88 GHz and 3.81 GHz with a 73 Ω OC stub tuned to

2 GHz on a 2 GHz dipole. The radiation efficiency minimum is at 3.5 GHz.

Starting from a working LC loaded design, the reactance of the LC loads can be recre-

ated with a stub.

6.7 Resonator Terminated Stubs

Adding a resonator to the stub can change the end condition of the stub from OC to SC at

different frequencies. Suppose there is a quarter wavelength stub at 4 GHz. If a series RLC

is added to the end (to ground) and tuned to 4 GHz, we recreate the previous results of a

simple SC stub, and a dual band antenna results. In this case the antenna has a dual band

match of -19.5 dB at 1.85 GHz (1 Ω), and -10.5 dB at 3.83 GHz (474 Ω). Radiation
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efficiency dips at 3.58 GHz (176 Ω). Unlike the simple short circuit stub, there is an

additional series resonance at 1.81 GHz.

If the stub length is changed, I still expect that the short circuit condition will be en-

forced when the series RLC is resonant, but the stub will no longer present an open circuit

at the antenna loading point. However, the RLC will reactively load the stub to be antireso-

nant at a different frequency. To start with I’ve tuned the stub to be an eight of a wavelength

at 4 GHz. The stub is electrically too small to provide an open circuit in band (2-4 GHz).

However, we can add electrical length (or phase change) to the stub at 4 GHz to make it

antiresonant. The series RLC tuned to 4 GHz provides no reactive loading because it is at

a short at 4 GHz. If I tune the RLC higher than 4 GHz, the RLC will provide capacitance,

which will shorten the stub and exacerbate the problem. If I tune the series RLC lower than

4 GHz, the RLC will provide inductance and should electrically lengthen the stub. As a first

guess, I tune the RLC to 2 GHz, combined with a stub that is one eighth of a wavelength

at 4 GHz. The result is a dual-band response with a match of -21.4 dB at 1.8 GHz, and

-9.6 dB at 4.63 GHz. The results are very similar to what has been presented so far. The

stub itself is antiresonant at 5.33 GHz.

Just as was true with the RLC loaded dipole, the upper operating frequency is not at the

antiresonance of a short circuit stub, but merely near the antiresonance. When loading a

stub, I am not aiming to achieve resonance at a certain frequency, but I am instead aiming

to recreate the reactive load that a resonant stub would create at the operating frequency.

The design is tied to ideal SC or OC stubs, or to the already existing cases of parallel and

series RLC designs. To limit the number of solutions, an acceptable stub length should

be decided, and then the RLC load value can be solved for so that the stub provides the

required reactance. The RLC load then is a problem that typically has multiple solutions,

but that is also true for the simple RLC loaded dipole. The shorter the stub is, the stronger

the reactive loading needed, probably.
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The one eighth wavelength stub with a heavier load of 4 nH and 6.2 pF series RLC

has an upper operating frequency at 3.14 GHz (-8.2 dB), and the stub antiresonance is also

exactly at 3.14 GHz, which is interesting. The radiation efficiency dip is at 2.68 GHz. If the

inductance is retuned to 1 nH, the match is -21.4 dB at 1.8 GHz and -9.6dB at 4.63 GHz.

If the inductance is changed to 6 nH, the match is -10.5 dB at 1.57 GHz and -8.1 dB at

2.8 GHz. If the capacitance is changed, the combination of 1.6 pF and 4 nH has a match

of -20.3 dB at 1.82 GHz and a match of -8.7 dB at 3.43 GHz. In all of these designs the

physical dimensions remain constant, which is partly to blame for some of the impedance

matching to be worse than -10 dB.

A one eighth wavelength stub with a parallel RLC load of 20 Ω, 1 nH, and 1.6 pF has

matches of -15 dB at 1.73 GHz and -8.3 dB at 3.27 GHz. If the capacitor is changed to

6.2 pF, the match is -12 dB at 1.64 GHz and -11.5 dB at 2.08 GHz.

If an undersized stub is loaded with a parallel RLC, the stub will still need an inductive

load, so the RLC should be tuned above the upper operating frequency.

6.8 Conclusion

Since the trap has a finite reactance at the antenna operating frequency, the trap LC circuit

can be replaced with any other resonator that has a matching reactance value at the same

frequency. This principle is new to the literature and can assist broadly in designing multi-

band and reconfigurable loaded antennas. Designing parallel LC trap dipoles in terms of

the traditional theory of open circuits at key electrical lengths results in reasonably accurate

design that can be fine tuned in simulation. However, trap dipoles belong to the broader

category of reactively and resonantly loaded antennas and the design process can be unified

with existing theory, especially trends for inductor loaded monopoles. I demonstrated that

loads impact higher order modes based on proximity to current maxima.
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The parallel LC trap dipole antenna is a useful prototype on which to base more com-

plex resonator loaded antennas. These results have been found for loading dipoles with

discrete resistors, capacitors, and inductors, but the findings can be extrapolated to reso-

nant and reactive loading of other structures with analogous current distributions, such as

loaded slotline [53], [76], [77]. In Section 2.3, I approximate the evanescent mode coaxial

cavity resonator as a discrete RLC so that I can apply the trap dipole investigation to the

loaded slot antenna. In the next chapter, I will design and demonstrate multiband trap slot

antennas using the wire-based design principles from this chapter.
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Chapter 7

Trap Loaded Slot Antennas

7.1 Introduction

Reactive and resonant loads have been added to slot antennas to create electrically small

slots [78], [79], multiband slots [80], [81], and reconfigurable designs [54], [55]. In [81], an

ultra-wideband slot was loaded with elliptical short-circuited slot stubs to improve radiation

pattern stability at the higher frequencies. The trap stubs were shown to suppress ground

plane currents that contributed to end-fire radiation in the upper portion of the operating

band. One of the significant advantages of the multiband trap loaded dipole antenna is that it

creates first-mode like field distributions at the antenna operating frequencies, which results

in radiation patterns free of beam splitting [58], [59] at multiple operating bands. In contrast

to dipoles, slot antennas are planar, can be cavity backed for unidirectional radiation and

array integration, and can be easily integrated with a wider variety of resonator structures

because they are planar. In this paper, discrete inductor-capacitor traps are added across

slots to create a novel dual-band trap slot antenna.

The trap dipole design principle can be replicated with slot antennas. A slot that is half a

wavelength at 2 GHz can be loaded with parallel RLC loads spaced half a wavelength apart
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Figure 7.1: a) Slot antenna with lumped port feed at center and parallel LC loads. b) near
LC antiresonance is high impedance f1, and c) is intended to be a slightly capacitive short
at f2. Approximate currents as blue dashed lines.

at some higher operating frequency, 4 GHz, for example. The parallel RLC should be tuned

to 2 GHz to create an open circuit across the trap and not disturb the 2 GHz slot resonance.

At around 4 GHz, the load can function as a new current path that defines a shorter slot

antenna and creates a higher operating frequency, Figure 7.1. The reactance magnitude at

the upper operating frequency can be controlled by adjusting the L/C ratio. An improper

L/C ratio could cause the upper frequency reactance to be large enough reactance to act as

a reactive open rather than a new current path.

Both series or parallel resonators can be used for trap antenna design. A series resonator

load (bandpass) should be tuned to the upper operating frequency as shown in Figure 7.2,

and a parallel resonator (bandstop) should be tuned to the lower operating frequency seen

in Figure 7.1. Further tuning of the other frequency can be adjusted by changing the L/C

ratio. A parallel resonator allows current through across a broad range of frequencies on

either side of the antiresonance. Across this range of frequencies, the parallel resonator

would be both a short and a reactance. The load is capacitive below its antiresonance and

lengthens the electrical length. Above antiresonance, the load is inductive and shortens the

electrical length. In either case, the load is an alternative current path that circumvents the
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Figure 7.2: a) Slot antenna with lumped port feed center and series LC loads b) high
impedance capacitive load at f1 c) low impedance at f2 near to ftrap

full slot length. The bandstop antiresonance should be tuned to the unloaded slot antenna’s

fundamental mode response so that the LC pair does not short out the slot. Depending on

the placement and then on the reactance values, the LC will define a shorter length slot with

reactive loading that can operate at a higher frequency than the fundamental unloaded slot

response.

The off-resonant dual-band design from [62] can be also be created with series RLC

loads. A slot that is half a wavelength at 2 GHz can be loaded with 4 GHz series RLC

loads to short out the slot to a smaller resonant length at 4 GHz. Adding loads across the

slot’s narrow dimension creates a new short path and resizes the slot length. The series

RLC loads will be capacitive below the 4 GHz resonance. With the right L/C ratio, the

capacitance across the slot will be effectively a reactive open at 2 GHz to allow the full

slot length to resonate. Adding LC traps to slot antennas hasn’t been demonstrated in the

literature.

I designed a capacitively coupled CPW feed for both the series and parallel LC trap slot

antennas, as shown in 7.3. The parallel RLC loads were tuned near to 2 GHz to create a

high impedance at the slot’s fundamental unloaded resonance. The series RLC loads were
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Figure 7.3: Slot antenna with CPW center feed and RLC traps (blue)

tuned near to 4 GHz with a half-wavelength spacing at 4 GHz.

7.2 Unloaded Slot Antenna

Basic resonant slot antennas are typically designed to be λ/2 in length and typically have

a narrowband response with a dipole-like radiation pattern. An unloaded 48 mm slot has a

first antiresonance at 2.15 GHz, regardless of feed location, Figures 7.4. The slot is 3 mm

wide, and the substrate is 120 mil TMM3 (εr = 3.66). Copper loss is included in the

metallic ground.

For the center-fed slot, the antiresonance (2.15 GHz) has magnetic field maxima at

both ends of the slot and the feed (middle), so it appears to be the third mode. However,

the end feed shows a second mode, so I will refer to this as a second-mode distribution.

The series resonance (at 3.65 GHz) adds a magnetic field maxima at the center, third-mode

distribution.

Planar slot antennas are commonly fed with a coax probe, and a 50 Ω impedance match
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Figure 7.4: Input impedance of lumped port fed unloaded slot antenna, comparing center
fed 28 mm slot, center fed 48 mm slot, and 48 mm slot with feed near the slot end. 28 mm
slot is approximately the same as the inner length defined in subsequent trap slot antennas.

point typically exists about λ/20 away from the end of a λ/2 slot. For the end-fed model,

the input is inductive, so simulation does not show any true resonances. There is a faux

antiresonance at 2.15 GHz and again at 4.32 GHz. The 4.32 GHz antiresonance appears to

have a third-mode distribution. Radiation efficiency is above 98% over the frequency band

of interest.

End feeding changes the impedance magnitude of the first antiresonance and changes

the magnitude AND frequency value of the first series resonance. The first antiresonance

has a magnetic field maxima at both ends. The first series resonance adds a magnetic field

maxima in the middle.

I will also consider several loaded 48 mm slots. Unless noted otherwise, the loads will

be at -14 mm and +14 mm from the slot center, and in many cases, the loaded slot should be

thought of as both a 48 mm and a 28 mm slot depending on the frequency and the behavior

of the loads. For comparison purposes, I have also simulated a 28 mm unloaded slot. Its
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first antiresonance is at 3.55 GHz, Figure 7.4, and first series resonance around 5.6 GHz.

7.3 Feed Options

CPW feed has the advantage of being in the center, so it should work with a wide variety

of load placements. Near end feeding with coax or coupled microstrip gets tricky with the

OC created by the loads potentially isolating the feed from most of the radiator. It is worth

looking at center loads to see whether they work well with end feeding. Interesting array

spacing if the center load and end feed cuts antenna to half size.

Loss occurs in RLC loaded slots at real Zin minima, which is not due to resonator

loss primarily but is due to the combination of dielectric, conductor, and resonator loss

on a higher order electrically compressed mode. This fits the trap dipole finding that a

higher-order mode is electrically compressed by disproportionate reactive loading, loses its

radiation resistance, and the ratio of Rrad to Rloss becomes unfavorable. The slot antenna

adds a new factor of dielectric loss. If the resonator can be lossless and efficiency dips to

30%, the higher-order compressed mode seems like a good explanation. However, proving

this is not easy because a center lumped port feed and lumped loads disturb the field distri-

bution. There seems to be evidence that a center 50 Ω feed creates an artificial H-field spike

at the center of the slot for the λ/2 resonance. E differential across slot is nearly constant

around the center of the slot for the first-mode, so the drop in impedance at the feed (to

50 Ω, from 150) probably causes the H-field to spike unnaturally.

The CPW center feed excites a first-mode distribution, but it does not excite a very clear

third-mode distribution. Center 73 Ω voltage source is a good feed choice for dipoles, but

not the only option. Moving the feed off-center changes the upper resonances. Feed choice

matters similarly for slots and impacts resonances.

Dipoles with an RLC load have multiple sources of reactances. The RLC loads add
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Figure 7.5: Comparison of CPW fed slots, with inductor load, capacitor load, and unloaded.
The unloaded antenna has the same length as the inner length between the loads. The
loaded slot antennas are terminated in shorts, but have very little difference compared to
open ended slots

reactance, but the dipole open ends also add reactance, specifically capacitance. The feed

for the dipole can also add reactance. I have to take into account multiple reactances to

analyze the trap slot. This could seem over-complicated for the dual of a simple dipole, but

dipole analysis is commonly restricted to simple cases. The CPW fed RLC loaded slot is

reactively loaded by the RLC loads, is capacitively loaded by the CPW transition, and the

outer length of the slot can act as a short stub. When the RLC loads serve as a short current

path, they are not true shorts but still have some reactance, which should serve to couple

into the shorts.

7.4 Capacitor and Inductor Loads on Slot

A reactive load across the slot will add a new current path that circumvents the slot’s full

length. The shorter current path/ electrical length will raise the first antiresonance fre-
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quency. Additionally, if the reactive load is a capacitor, it will lengthen the electrical length

and lower the current path’s resonant frequency. Figure 7.5 shows the input impedance of

a slot with centered 1.6 pF loads at 28 mm spacing (20 mm outside). Antiresonances are at

1.36 and 3.83 GHz, and series resonance at 1.7 GHz.

An inductor across the slot should create a new length definition and shorten the electri-

cal length (raise the first antiresonance frequency). A capacitor would lengthen the electri-

cal length. Figure 7.5 shows antiresonance at 3.21 GHz and series resonance at 5.14 GHz.

At 1 GHz, radiation efficiency is 40%. It seems that the inductor lowers the resonances of

the 28 mm antenna (originally 3.55 GHz and 5.6 GHz).

Again, an altered model with open-circuit end conditions was simulated. With OC

slot ends, the resonance shifts from 3.2 to 2.9 GHz. Again, the unloaded 28mm slot is

resonant at 3.55 GHz, so the inductor current path shifts the resonance down by 0.65 GHz.

The inductor loaded monopole literature suggests that the inductor more heavily loads an

antenna at a current maxima. The end load position on a slot is optimal load placement

for heavy loading because the current is maximum at the end. The radiation efficiency

drops to 0.65 at 2.15 GHz. Loss can come from the conductor and dielectric loss and the

0.2 Ω resistor in series with each inductor. The radiation efficiency dip is near the minimum

value of the real input impedance. Despite the antiresonance location tuning down, there is

a well-matched series resonance at 4 GHz.

7.5 Parallel RLC, CPW Feed

The traditional trap-style antenna creates a quasi-first mode field distribution at both fre-

quencies, which in turn creates an even radiation pattern without splits. A general resonator

loaded slot antenna is likely to excite additional modes in band, due to loading of higher

order modes [74]. The higher order modes have poor radiation efficiency when electrically
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compressed [50], and can cause unwanted distortion in the far-field pattern [81]. The trap

style antenna avoids these problems and creates a multiband response.

I arbitrarily pick 60 mil TMM3 (εr = 3.3) for the substrate and choose the slot to

be 3 mm wide. The trap slot antenna will have an outer length of 48 mm, which has an

unloaded resonance at about 2.2 GHz. To minimally disturb the unloaded resonance of

the antenna, parallel 1.3 pF and 4.9 nH LC loads are tuned to be resonant at 2 GHz, near

the slot unloaded resonance, in order to present a high impedance across the slot. The

loads short across the slot at the higher frequency to mimic a shorter length slot, as per the

traditional idea of trap dipoles, sketched out in Figure 7.1. The loads are spaced 31 mm

apart, which is about the resonant length of a 3.2 GHz slot antenna, but the different end

conditions between the low impedance trap current path and a true short circuit termination

will alter the effective resonant length.

The parallel LC trap-loaded slot antenna was simulated and has a dual-band response at

2.12 GHz and 3.74 GHz, as shown in Figure 7.6. The lower antenna operating frequency is

not coincident in frequency with the 2 GHz trap resonance. The loads have an impedance

of -j524Ω across the slot at the lower operating frequency, which I replicate with a series

load below. As expected, the antenna has a dip in radiation efficiency centered at 2.55 GHz,

but the operating frequencies have high efficiency.

The lower operating frequency is near the 2 GHz trap operating frequency, and the

radiation efficiency, shown in Figure 7.8, indicates that the efficiency is over 90%.

7.6 Series RLC, CPW Feed

Since the parallel LC load value at the lower operating frequency is finite, the parallel LC

load can be replaced with a series LC load. The series LC load is selected to have a short

circuit resonance near the desired upper operating frequency. The L/C ratio is adjusted to
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Figure 7.6: Reflection coefficient of CPW fed slot antenna with parallel LC traps

Figure 7.7: Input impedance of CPW fed slot antenna with parallel LC traps
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Figure 7.8: Radiation efficiency of CPW fed slot antenna with parallel LC traps

provide the same reactance of the parallel LC at the lower operating frequency, -j524Ω at

2.12 GHz. An LC pair of 0.1 pF and 17 nH is resonant at 3.98 GHz and has a matching

impedance of -j524Ω at 2.12 GHz. The CPW fed trap slot antenna was resimulated with all

of the same dimensions, and with the parallel LC loads swapped with the series LC loads.

The antenna has operating bands at 1.99 GHz and 2.91 GHz, seen in Figure 7.9. The loads

are -j587Ω at 1.99 GHz and -j236Ω at 2.91 GHz. The upper operating frequency has been

significantly lowered compared to the first design, due to the increased capacitance at the

upper operating frequency. There is also an expected dip in radiation efficiency between

the bands, but the operating frequencies have high efficiency.

The radiation efficiency dips to 14% at 3 GHz, which is in line with the minimum Rin

value.

The magnetic field magnitude is shown in Figure 7.12 and confirms that at f1, the

primary short (H field max) is at the outer ends of the slot and is at the LC loads at f2.

The E-field behavior in Figure 7.13 clearly shows a high E value across the thin CPW
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Figure 7.9: Reflection of slot antenna with series LC loads, operating frequencies at
1.99 GHz and 3.43 GHz

Figure 7.10: Input impedance of slot antenna with series LC loads
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Figure 7.11: Radiation efficiency of slot antenna with series LC loads

Figure 7.12: H field across slot, slot antenna with series LC loads
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Figure 7.13: E field across slot, slot antenna with series LC loads

to slotline transition, as well as spikes at the LC loads. Despite the data being affected

by these features, it seems reasonable to interpret f1 as a first-mode distribution across the

whole slot length and f2 as a first-mode across the inner length. The ηrad min trace, isolated

in Figure 7.14, shows a gradual, continual slope around each trap, as well as the max in the

middle, which could be interpreted as a 3λ/2 mode.

7.7 Stub Loading on Slots

A 14 mm CPW stub is λ/4 (90 degrees) at 3.8 GHz. The lower passband is tuned down to

1 GHz. With an open circuit, the stub’s input impedance is +6 jΩ at 3.8 GHz(β = 115, Z0 =

153), which is very close to enforcing an SC, and there is a passband at 3.8 GHz in HFSS

simulation (-13 dB). (Just for fun, SC stub is 3,900 jΩ at 3.8 GHz.) At 1 GHz, β is 30, and

OC Zin is -343 jΩ, which is a significant reactive load and lowers the resonance of the slot.

(SC stub is +68 jΩ.)
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Figure 7.14: E field, rescaled with just minimum ηrad trace

Figure 7.15: CPW fed slot antenna with open circuit CPW stubs to create a trap dual-band
response
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Figure 7.16: CPW fed slot antenna with OC CPW stubs, dual-band response

Figure 7.17: CPW fed slot antenna with OC CPW stubs, good radiation efficiency at both
operating frequencies, significant dip in between
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Figure 7.18: CPW fed slot antenna with OC CPW stubs, typical slot realized gain pattern
at lower operating frequency

Figure 7.19: CPW fed slot antenna with OC CPW stubs, typical slot realized gain pattern
at upper operating frequency
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I’ve demonstrated a slot antenna with OC stubs to enforce a dual-band trap behavior.

The series CPW stubs are λ/4 at 3.9 GHz and create an SC condition at the slot radiator.

The lower frequency of the antenna was originally meant to be 2 GHz but has been lowered

to 1 GHz. The stubs present a reactive load of -343 jΩ at 1 GHz, which makes sense that

it would substantially lower the resonance. This could also be explained by saying that the

slot length increased due to the stubs.

If an antenna has point loads with a known reactance, it stands to reason that the loads

can be arbitrarily replaced with any other load that provides the same reactance at the same

point and frequency. If a slot antenna is designed to be dual-band through the addition of

series LC traps, the LC resonators can be replaced with stubs or any other resonator that

provides the same reactive loading at the same point and frequency. Substituting loads will

be more complicated if the loads need to have the same impedance across frequency.

7.8 Conclusion

In the previous chapters, I demonstrated that trap loaded dipoles operate based on reactive

discontinuities and demonstrated new designs, such as the series LC loaded dipole and the

dual-band resonant length inductor loaded dipole. This chapter demonstrated novel trap

slot antennas, which are the dual of trap dipole antennas.

RLC loads short across the slot and create a new smaller current path than the full

perimeter of the slot. Adding stubs to the slot increases the total perimeter of the current

path around the slot. The circuit model for the cavity resonator indicates that it can be a

short to ground (whether strongly reactive or not depends on whether the connections are

bandpass or bandstop). However, the voltage differential and current return path created

by the cavity (reactively) shorting to ground is not necessarily the same as the RLC loads

shorting across the slot gap.
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I demonstrated novel dual-band trap slot antennas with discrete LC loads. The trap slot

antenna has a quasi-first mode response at both frequencies which guarantees a radiation

pattern free of beam splitting and other unwanted distortions that occur from higher order

modes. The antennas are cheap and easy to fabricate, and the demonstrated series and par-

allel LC loads can be substituted with other resonator structures with equivalent reactance.

The trap slot antenna can be used as a design framework for a broad variety of multiband

slot antennas.

In the next chapter, I present measurements for trap dipoles and slots. After that, I

design a reconfigurable resonator loaded slot antenna based on this chapter’s analysis.

138



Chapter 8

Trap Measurements

8.1 Introduction

This chapter will briefly review the design process for trap antennas before presenting

measurements for several monopoles and slot trap antennas. The reflection coefficient,

realized gain radiation patterns, and realized gain across frequency was measured for all

antennas. Realized gain is easier to measure than radiation efficiency, although it can be

tricky to separate increases in loss versus directivity changes.

Neither the unloaded dipole or the unloaded slot has a significant increase in loss at a

narrow range of frequencies. A 2 GHz ribbon dipole with 5880 substrate backing (equiv-

alent to the fabricated monopoles) has a simulated radiation efficiency of near 100% over

the range of its first three resonances (two series resonances and one parallel resonance).

The broadside realized gain only varies between +2.3dB to -2.3dB.

An unloaded slot with 60 mil TMM3 backing has a first resonance at 2.3 GHz and

a second resonance associated with the 3λ/2 mode at 4.8 GHz. The simulated radiation

efficiency is over 92% from 2 to 5 GHz. The direction of max gain from a slot antenna

changes significantly based on the ground plane’s electrical size. Even with an infinite
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ground plane, the beam still splits at the second series resonance, so a constant angle cannot

be used to evaluate broadside realized gain over frequency. Any decreases in radiation

efficiency shown in measurements result from adding loads to the dipoles and slots.

8.2 Design Process

Both series and parallel trap loads can always be used to create dual-band behavior. There

are existing design equations for inductively loaded wire radiators, but they cannot be di-

rectly applied to trap loaded wire radiators because trap antennas have resonant lengths

instead of being electrically small. Inductor loads lower the fundamental resonance of a

wire radiator and are often used to enforce resonance on electrically small radiators. The

inductor loading design process assumes that the operating frequency, f1, is below the un-

loaded antenna’s first resonance. The unloaded antenna would then be capacitive at f1, and

the inductor load would cancel out the capacitance to enforce a new resonance at f1. This

does not match either the series or parallel trap dipoles, and it also does not describe the

use of a single inductor to create a trap-like discontinuity.

Series RLC loads can be used to create a dual-band trap dipole, which has not been

demonstrated in the literature. It is not any more complicated and can be done with realistic

RF component inductor and capacitors (20 nH and 0.31 pF). Furthermore, the series trap

dipoles’ design only makes sense because traps provide finite reactive discontinuities rather

than true open circuits. I proved that a dual-band trap dipole-like antenna can be made with

just inductor loads, and I also created a dual-band trap dipole with series RLC loads.

In the parallel case, the unloaded dipole has a fundamental resonance at f1, and the

addition of parallel LC resonators introduces a slight inductance around f1 that will tune

the resonance lower in frequency. At the upper operating frequency f2, the trap has a much

larger inductance value but is also at the end of the effective radiator, so the impact of its
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loading is lessened.

In the series case, the unloaded dipole has a fundamental resonance at f1, and the series

trap load is tuned to present a short at that frequency and introduces minimal loading. At the

upper operating frequency f2, the series trap is designed to introduce a discontinuity of the

same magnitude of inductive reactance that the corollary parallel trap dipole would have.

This would again mean that the effective radiating length would have a large inductive load

at the very end of the radiator, so its impact on tuning would be minimal.

In the dual-band inductor case, the inductor would lower the first resonance of the

antenna. However, the inductor is chosen to have the same magnitude of reactance as the

parallel and series traps have at f2. At this upper frequency, the inner length radiator has a

strongly inductive load located at a point of minimal impact (the open ends). In all of these

cases, the load inductance also significantly lowers the 3λ/2 mode’s resonance and tunes it

to be between f1 and f2.

In theory, monopole impedance is half of the dipole 73 Ω or 36.5 Ω. I increased the

ground plane λ/2 square to λ, and the impedance increased from 25 to 33 Ω, which gives a

match of -17 dB to a 50 Ω SMA connector. Note that in simulation, de-embedding through

the SMA connector is necessary to view the monopole impedance.

To demonstrate, I will outline the design of all three types of loaded antennas with

dual-band 1.2 and 2.4 GHz resonances. The design starts with an unloaded antenna with a

resonance of 1.2 GHz, 0.475λ=118.75 mm at 1.2 GHz. The inner length is estimated to be

about 0.52λ at 2.4 GHz, or 65 mm. The trap should be antiresonant slightly above 2.4 GHz,

so the design starts with L=1 nH and C=4 pF, which is resonant at 2.5 GHz.

A quick HFSS simulation confirms the design is basically accurate, with operating

frequencies at f1=1.16GHz and f2=2.46GHz. A 3mm ribbon width was used for the dipole.

The parallel trap design can be converted to a series trap quite simply. The resonator is

first retuned to 1.2 GHz to define a short at f1. In this case, I start with values of C = 4.5 pF
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and L = 3.9 nH. The L to C ratio is then retuned to have the same reactance Xtrap at f2 that

the parallel 1 nH and 4 pF trap had. Parallel Xtrap = 348 jΩ at 2.46 GHz, and the same

reactance is required from the series trap. The first guess of 4.5 pF and 3.9 nH is 46 jΩ

at 2.46 GHz. Increasing the ratio of L/C will increase impedance. A range of impedances

can be quickly calculated in Matlab by creating a vector of L to C ratios with a constant

resonance. With L = 31.2 nH and C = 0.56pF, the series trap has an impedance of 367 jΩ

at 2.46 GHz. HFSS simulation predicts operating frequencies of 1.44 GHz and 2.42 GHz.

Practically, it might not be possible to source an RF inductor of 30nH with a high enough

SRF to use in this design.

The inductor on the dual-band inductor loaded dipole must have the same reactance at

2.46 GHz. 22.5nH is 348jΩ at 2.46 GHz. The pure inductor load will lower the resonance

of f1, but the dipole’s outer length can be made shorter to compensate. HFSS simulation

predicts the operating frequencies to be 0.95GHz and 2.7GHz.

8.3 Fabrication Concerns

RF inductors and capacitors have a specified self-resonant frequency (SRF). Data sheets

will often include measurements of the reactance value at several frequency points, but it

is usually unclear how close to the SRF the component can be used before the expected

value changes significantly. This depends on the specific technology used for a capacitor

or inductor. The self-resonance shape depends on the Q of that effective resonator, so

the higher the Q, the sharper the transition, which means that the component values hold

longer (or closer to the SRF) [82]. The best way is to look at the measured component data

(hopefully provided) and draw a line representing the maximum deviation acceptable. I

have 15 nH inductors from Coilcraft with a stated SRF of 3.9 GHz. It is possible that the

15nH inductor would work okay at 3 GHz, but likely not at 3.5 GHz.
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8.4 Parallel LC Trap Monopole

The fabricated parallel LC trap monopole antenna has an 0402 sized inductor, and capacitor

hand soldered to a ribbon radiator on a 31mil 5880 substrate, which was etched through a

photolithography process, Figure 8.1. Duroid 5880 is a low dielectric constant substrate, so

it minimally loads the radiator. The trap junction is closer to ideal point loading when there

is less dielectric loading because the dielectric minimally increases the junction’s electrical

length. A thinner board also decreases loading, but the board must still be thick enough to

remain rigid. The trap has a 1 nH inductor (16 GHz SRF) and a 1.6 pF capacitor (6.7 GHz

SRF).

The ground plane substrate is a 60 mil 4350 board and is 6x6”, which is approximately

λ x λ. The ground plane substrate thickness and material have minimal impact on the

antenna. Again, the substrate material and thickness should be selected to be rigid. The

ground plane’s length and width have a significant impact on the input resistance magnitude

at resonance. In simulation, a monopole with a λ/2 x λ/2 ground plane is only 25 Ω at

resonance. By increasing the ground plane size to λ x λ, the input resistance increases

to 33 Ω, which is near to the ideal value of 36.5 Ω and is a better impedance match to a

50 Ω connector. Ideally, monopoles have half the input resistance as dipoles at resonance

or 73 Ω/2=36.5 Ω.

The capacitor has a tolerance of ±0.02 pF and a series resistance of 155 mΩ. The

inductor has a tolerance of 5% (±0.025 nH) and a series resistance of 30 mΩ. The loads

could be 1.62 pF and 1.025 nH or 1.58 pF and 0.975 nH in reasonable worst-case scenarios.

The 3.98 GHz trap resonance would shift down to 3.91 GHz or up to 4.05 GHz. In sim-

ulation, changing the component values shifts the upper operating frequency from -18 dB

at 3.86 GHz to -17.6 dB at 4 GHz. The lower resonance is not visibly changed. In both

cases, the match is not significantly degraded, and even the realized gain magnitude re-
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Figure 8.1: Fabricated monopole with parallel LC trap, 1.6 pF and 1 nH

mains mostly unchanged while the frequency shifts from -36.6 dB at 3.72 GHz to -32.2 dB

at 3.85 GHz.

The fabricated trap monopole was measured on a network analyzer, Figure 8.2. The

measured lower operating frequency is -17.49 dB at 2.372 GHz, and the upper operating

frequency is -10.79 dB at 3.772 GHz. The HFSS simulation predicted a -15.83dB match

at 2.36 GHz, and a -18.20 dB match at 3.94 GHz, with a range from 3.86 dB to 4 GHz.

The fabricated antenna upper operating frequency is 88 MHz below the simulated lower

tolerance bound.

A 3D printed mount was used for the elevation cut and shown in Figure 8.3. The

maximum measured realized gain value at the lower operating frequency is 1.98dB at -52◦,

compared with simulated values of 0.24dB at -54◦. At the upper operating frequency, the

maximum realized gain is 2.41dB at -54◦, compared with a simulated value of 2.9dB at

-55◦.

The maximum measured gain at the lower operating frequency is 1.6dB at 60◦, com-

pared with simulated -0.92dB at -135◦. The maximum measured gain at the upper operating
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Figure 8.2: Measured and simulated parallel trap S11. The measured lower operating
frequency is -17.49 dB at 2.372 GHz, and the upper operating frequency is -10.79 dB at
3.772 GHz. The HFSS simulation predicted a -15.83dB match at 2.36 GHz, and a -18.20 dB
match at 3.94 GHz.

Figure 8.3: Elevation measurement in anechoic chamber, 3D printed mount
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Figure 8.4: Elevation cut at f1

frequency is -2.65dB at -10◦, compared with simulated -0.28dB at -68◦.

The monopole has a measured realized gain dip to -9.3 dB at 3.682 GHz, compared

with a simulated value of -25.7 dB at 3.78 GHz, Figure 8.9. In simulation, the capacitor

and inductor detuned within the specified range of component tolerances shifts the realized

gain dip from -36.6 dB at 3.72 GHz to -32.2 dB at 3.85 GHz. The measured dip is 38 MHz

below the lower tolerance bound, which is likely due to parasitic capacitance in the trap

junction. I was concerned that measurement values were near the chamber’s noise floor, but

measurements of subsequent antennas go much lower in magnitude. The only remaining

solutions are excessive parasitic capacitance, component loss, and cable currents. However,

the realized gain reduction is more significant than the limited range that the simulated

unloaded dipole had.

Subsequent calculation of the load values revealed that the loads have lower than rec-

ommended Q. The load impedance at 2.372 GHz is 0.3+j17 Ω, with a range of 0.3+j16 Ω to

0.3+j19 Ω due to component tolerance. The load impedance at 3.776 GHz is 5+j85.21 Ω,
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Figure 8.5: Elevation cut at f2

Figure 8.6: Azimuth measurement
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Figure 8.7: Azimuth cut at 2.37 GHz

Figure 8.8: Azimuth cut at 3.77 GHz
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Figure 8.9: Max realized gain over frequency of trap monopole antenna, decrease at
3.78 GHz

with a range of 3+j67 Ω to 8+j114 Ω due to tolerance. The load resonance occurs about

0.513 GHz from the upper impedance match, with a range between 0.651 to 0.385 GHz.

The resulting load Q value at 3.776 GHz is about 182. The parallel LC trap is not resonant

at the same frequency as the antenna upper operating frequency.

For comparison, Wheeler cap measurements were also taken, and the measured radi-

ation efficiency dips to 16% at 3.72 GHz. The frequency is in near agreement with the

measured dip in realized gain.

The first set of measurements proves a significant dip in radiation efficiency near the

antenna operating frequency, but not actually at the operating frequency. The measurements

also prove that the upper operating frequency is not at the trap resonance.

8.4.1 Time Gating

The far-field measurements were taken in the large chamber at the Radar Innovations Lab,

intended for 300 MHz to 30 GHz measurements. At S-band, the expected reflection in

the chamber is around -35dB. The monopole measured data dips close to the expected

reflection threshold at its lowest values, Figure 8.12. Moreover, looking at the gain across
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Figure 8.10: Radiation pattern at 3.68 GHz, the frequency at which realized gain is a min-
imum. The gain at all angles is reduced, indicating increased loss, rather than a change in
directivity over angle.

Figure 8.11: Radiation efficiency of trap monopole antenna from Wheeler cap measure-
ment
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Figure 8.12: a) Uncalibrated monopole gain at maximum gain and at antenna null b) Time domain
of antenna return and empty room return c) Time domain of raw data and time gating d) Removed
reflections

frequency reveals a large amount of noise, possibly due to reflection. I used a time-domain

gating algorithm developed by Rachel Jarvis and based on [83], [84] to remove unwanted

ripples in the data due to reflections.

An empty chamber vector subtraction was used in addition to time gating. The empty

chamber vector was taken from the measurement of the monopole and gain horns at null

angles.

Measuring the broadside realized gain across frequency is a less common measurement

and requires careful setup. In the first set of measurements, we used an IF bandwidth

of 10kHz and set a frequency resolution of 10 MHz. The data showed noise, and the

received signal magnitude was near the chamber’s reflection noise floor. The chamber has
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an estimated reflection level of about -35 dB in S-band. The measurement system has a

built-in 20dB amplifier, and there is about 30dB of cable loss at 0.5dB per foot of cable.

I used time-domain gating to reduce noise from chamber reflections. The measurement

frequency resolution sets the time and range bin size. The maximum unambiguous range

is defined as

R =
vp

2δf
(8.1)

where R is the unambiguous range, the phase velocity vp varies between free space and

the Teflon in the cables, and δf is the frequency step size. Larger range values fold down

into a closer range. The chamber has 18.3 m (60 ft) of cable between ports on the network

analyzer, and the antenna pedestals are 7.2 m (23.6 ft) apart. The equivalent free space

distance, modified by the dielectric constant of Teflon in the cables is 34.3 m. The travel

time should be 114 ns between ports on the network analyzer. The travel time between the

reference frames of the two pedestals is 24 ns. 4.4 MHz is the largest recommended time

step to isolate the target from the main reflection successfully.

A wider IF bandwidth lets in more noise, and the noise is evenly distributed across all

frequencies and time. While preferable for noise, a lower IF bandwidth also increases the

length of time a measurement takes. Each angle is expected to take about 5 seconds with

a frequency resolution of 4 MHz over a 2 GHz sweep. A measurement across frequencies,

AUT angle, and both orientations of the measurement horn takes about 30 minutes with

these settings. The length of time for measurements sets a lower bound on the frequency

step and IF bandwidth.

With the time gating code, I am using square window functions. The windowing tends

to distort the edges of the band. To counteract this, I intentionally measured from slightly

below 1 GHz or 2 GHz (depending on the antenna), to slightly above 4 GHz, to push the
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windowing effects out of band.

8.4.2 Wheeler Cap

A Wheeler cap is a conductive cavity placed around an antenna that effectively shorts out

the far-field radiation. With the use of only a network analyzer, the user can separately

measure the antenna’s input impedance with and without radiation resistance and derive

radiation efficiency [85]. The Wheeler cap method was initially used for evaluating the

radiation efficiency of electrically small antennas with a backing ground plane. The ideal

cap is a conductive half-sphere that shorts to the antenna’s ground plane and has a radius of

λ/2π at the antenna operating frequency. The cap walls are spaced away from the antenna

at the transition point to the far-field to minimally couple to the antenna, which would

change the input impedance beyond just removing the radiation resistance. The cap is also

sized small enough to avoid cavity modes at the operating and measurement frequency.

This method is ideal for ground plane backed electrically small monopoles measured at

a single frequency. Measuring resonant length antennas and measuring over a range of

frequencies will typically make it impossible to avoid exciting cavity modes, and several

methods have been developed to calibrate out the cavity modes [86]–[88].

The method in [86] is the only one that accommodates multiresonant antennas. Wheeler

cap solutions convert the vector reflection measurement to input impedance and then model

the antenna resonance as a parallel or series resonance. Cavity resonance effects can be

moved out of band in post-processing by rotating the measurement around the Smith chart,

effectively adding a transmission line between the antenna and analyzer [87]. Parallel

admittances were found to be a better model for multiresonant antennas. The algorithm

in [86] combines parallel admittances for each antenna resonance with a rational fitting

function to provide a modal decomposition of the input admittance. Equivalent circuits are
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constructed for both the free space and Wheeler cap antenna measurements, and the two

are combined to create a free space model of the antenna with separately identified loss and

radiation resistances. Poles in the admittance of the free space antenna measurement appear

substantially at the same frequencies as the Wheeler cap measurement, and additional poles

due to cavity resonances are filtered out. The specific RLC component values used in the

recreated free space response are determined by using a genetic algorithm for a minimum

least-squares fit.

8.5 Series LC Trap Monopole

There are additional problems with designing a trap dipole with a series LC load. A large

L/C ratio is required so that the trap can be a short at f1 and be about 350 jΩ at f2. Having

a larger separation between f1 and f2 allows more space for the the reactance to increase

from the mandatory 0 jΩ at f1 to about 350 jΩ at f2. However, if the ratio of f2 to f1 is

greater than 3:1, the unloaded 3λ/2 mode is matched at or below f2. Though this could

be used as a third passband if desired, increasing the number of modes makes the analysis

more complicated and is undesirable in this demonstration. For a specific design, I have

15 nH inductors that I estimate can be used as high as 3 GHz due to the inductors’ self-

resonant frequency. I choose f2 to be about 3 GHz, and choosing f1 and ftrap to be slightly

higher than 1 GHz maximizes the reactance at f2. A 15 nH inductor, combined with a 1 pF

capacitor, is resonant at 1.3 GHz and is 230 jΩ at 3 GHz. This reactance is not large enough

to create a passband at or near 3 GHz. A larger inductor than 15 nH would have an even

lower self-resonant frequency.

To further increase loading within the SRF constraint, I simulated using multiple in-

ductors in series with gaps between the inductors to allow space for soldering. Two 15 nH

inductors and a 0.3 pF capacitor with realistic spacing create a dual-band response sim-
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Figure 8.13: Fabricated series LC trap monopole

ulated with -18 dB match at 1.43 GHz and -11 dB match at 3.25 GHz. The fabricated

antenna is shown in Figure 8.13, and has operating frequencies at 1.44 GHZ and 3.22 GHz,

Figure 8.14.

The series LC trap loaded monopole is a new addition to the literature of trap dipoles.

The S parameter measurements confirm that the dipole is dual-band, with the upper oper-

ating frequency created by a specific finite trap reactance, rather than a near infinite open

circuit commonly assumed to be essential for trap antennas.

The radiation pattern at both frequencies is a typical monopole radiation, as shown in

Figures 8.15.

8.6 Inductor Loaded Dual Band Monopole

To further emphasize that the trap dipole is dependent on finite reactive loads rather than

infinite opens, an inductor loaded monopole was fabricated. The lower operating frequency

is tuned slightly lower because of the inductor, and the upper operating frequency is created

by selecting an inductor value that provides the same reactance magnitude as provided by
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Figure 8.14: Measured and simulated reflection coefficient of dual-band monopole with
series LC load. The LC is tuned to be a short at the 1.44 GHz, and provides the same
reactance magnitude at 3.22 GHz as a more conventional parallel LC trap, proving that trap
dipoles operate at finite reactive loads rather than open circuits.
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(a) (b)

(c) (d)

Figure 8.15: Series LC monopole, elevation and azimuth realized gain radiation patterns a) Eleva-
tion cut at GHz b) Azimuth cut at GHz c) Elevation cut at GHz d)Azimuth cut at GHz
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Figure 8.16: Realized gain across frequencies at the angle of maximum directivity, θ =
−54◦

Figure 8.17: Fabricated dual band λ/4 monopole with inductor load
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Figure 8.18: Measured and simulated reflection coefficient of dual-band monopole with
only an inductor load. The inductor value is chosen to provide the same reactance magni-
tude at the upper operating frequency as would be caused by a more conventional parallel
LC trap, again emphasizing that trap dipoles operate at finite reactive loads rather than at
the trap antiresonance open circuit.

a traditional parallel LC trap monopole.

As mentioned previously, electrically small monopoles loaded with inductors are well

characterized in the literature. Loading resonant length monopoles with inductors is less

common. The theoretical basis for trap dipole design can be used to create a dual-band

inductor loaded monopole because trap dipoles are based on finite reactive loading rather

than open circuit loading. The fabricated dual-band monopole is shown in Figure 8.17.

Two inductors had to be used in fabrication to have a large enough inductance for the

design while still operating below the inductors’ self-resonant frequency. Larger inductor

values usually have lower SRFs. The monopole has operating frequencies at 1.41 GHz and

3.16 GHz.
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(a) (b)

(c) (d)

Figure 8.19: Inductor monopole, elevation and azimuth realized gain radiation patterns a) Elevation
cut at GHz b) Azimuth cut at GHz c) Elevation cut at GHz d)Azimuth cut at GHz

The antenna operating frequencies have typical monopole radiation patterns, Figure

8.19, which indicates that the radiation is caused by first-mode type current distributions at

both frequencies.

The load impedance at 1.405 GHz is 2.6+j183 Ω, with a range of 2.6+j174 Ω to

2.6+j192 Ω due to component tolerance. The load impedance at 3.16 GHz is 7+j514 Ω,

with a range of 7+j489 Ω to 7+j540 Ω due to component tolerance. The resulting load

Q value at 1.405 GHz is about 71. The inductor loaded monopole has typical monopole

radiation patterns at both operating frequencies, shown in Figure 8.19.

The realized gain across frequency has a maximum value of around -54◦, varying only

a degree or two over the measurement range. A sharp decrease in gain occurs at 2.4 GHz,
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Figure 8.20: Inductor loaded monopole realized gain, sharp decrease in gain at GHz

Figure 8.20. The reference unloaded monopole has no comparable decrease in gain over

the range encompassing the first three resonances. The radiation pattern at the minimal

realized gain frequency does not show any beam splitting or a shift of directivity, which

indicates that the decrease in realized gain is due to increased loss in the antenna at this

frequency.

8.7 Series LC Trap Slot Antenna

The ground plane size has less of an impact on the input impedance of a slot than it does

on a monopole, but it impacts the slot’s radiation pattern. A ground plane with a size of

λ/2 x 3λ/4 has a single lobe above and a single lobe below the ground plane. If the ground

plane is made larger but not approaching infinity, beam splitting will occur due to ground

edge currents destructively interfering with the slot radiation pattern.

A slot antenna with two series LC traps, Figure 8.21, has operating frequencies at
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Figure 8.21: Slot antenna with series LC trap loads

2.14 GHz and 3.25 GHz, Figure 8.22. The series LC trap presents a capacitive load at

the lower operating frequency. The load impedance at 1.435 GHz is 5-j45 Ω, with a range

of 5-j83 Ω to 5-j9 Ω due to component tolerance. The load impedance at 3.22 GHz is

13+j693 Ω, with a range of 13+j640 Ω to 13+j744 Ω due to component tolerance. The load

resonance and antenna lower operating frequency have a frequency separation of about

0.104 GHz (range of 0.195 GHz to 0.022 GHz due to tolerance). The resulting load Q

value at the lower 1.435 GHz operating frequency is 73.

The trap dipole design principle works for slot antennas, as long as the load values are

appropriately chosen.

8.8 Parallel LC Trap Slot Antenna

A slot antenna with two parallel LC traps, Figure 8.25, has operating frequencies at 1.98 GHz

and 3.32 GHz, Figure 8.26. The load impedance at 1.976 GHz is 0.1-j0.7 Ω, with a range

of tolerances able to vary the true impedance from 0.1-j0.7 Ω to 0.1+j0.7 Ω. The load
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Figure 8.22: Slot antenna with series LC trap loads, operating frequencies at GHz and
GHz.

impedance at 3.319 GHz is 0.4-j26 Ω with tolerances able to vary the true impedance

from 0.5-j29 Ω to 0.4-j24 Ω. The load resonance ideally occurs 0.19 GHz from the lower

impedance match with a range between 0.284 to 0.103 GHz. The resulting load Q value at

1.976 GHz is 92.68 with a range between 84.37 and 101.36.

8.9 Conclusion

Several trap antennas have been fabricated and measured with good agreement between

simulation and measurement. The measurements confirm that trap antennas excite a low

radiation efficiency mode near the trap-related operating frequency. The measurements

also confirm that the trap related operating frequency is caused by a finite load reactance

rather than a true load resonance. Furthermore, new trap antenna designs using series loads,

large inductive loads, and slot antennas have been designed and demonstrated with good

impedance matching and broad radiation patterns.
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(a) (b)

(c) (d)

Figure 8.23: Series LC slot antenna, elevation and azimuth realized gain radiation patterns a) φ=0
elevation cut at GHz b) φ=90 elevation cut at GHz c) φ=0 elevation cut at GHz d) φ=90 elevation
cut at GHz
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Figure 8.24: Series LC trap slot antenna, realized gain at broadside over frequency

Figure 8.25: Fabricated trap slot antenna with parallel LC loads, 2 nH and 3 pF
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Figure 8.26: Measured reflection of parallel LC loaded slot antenna compared with mea-
surement
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Chapter 9

Reconfigurable Trap Antennas

9.1 Introduction

In chapter 3 I simulated a cavity end-loaded slot antenna that was a combination of the ring

resonator end-loaded slot antenna and the evanescent mode coax cavity resonator. I did

not present a feed structure for the end-loaded slot antenna. Dips in radiation efficiency

were near or at the resonance of many of the antenna designs in chapter 3, but the antenna

impedance match might not be at exactly the resonance once a feed structure has been

added. The actual relationship between loss frequencies and operating frequencies is un-

known without a feed structure. However, chapter 5 established that the simulated loss in

the designs in chapter 3 is due to a loaded higher order mode not due rather than loss in the

resonator. The best designs from chapter 3 can be redesigned with a CPW feed structure.

To create reconfigurable antennas, I moved on from basic trap antennas and demon-

strated how to incorporate stubs and more complex resonators in place of simple LC loads.

I used the piezo-reconfigurable evanescent mode cavities connected to the slot with CPW

stubs to create a slot antenna that can be tuned over S-Band with good power handling

and polarization purity. Adding resonant loads to antennas will only increase in popularity
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and practicality as filtennas are more often used for their SWaP improvements, better noise

performance, and potential for additional degrees of reconfigurability. I was concerned

with resolving whether resonant loads introduced excessive loss, based on early simula-

tion experience. The excessive loss occurs because of the excitation of higher-order modes

that are also compressed in size, which lowers radiation resistance while the loss resistance

remains constant. It is possible to have lossy frequencies overlap with operating frequen-

cies, particularly if the loads are distributed, but in most instances, the lossy frequency was

removed from the operating frequencies and did not impact antenna performance.

The parametric study of variable load location on trap dipoles indicates that it is likely

that there will be a dual band response with any load location. I expect that any cavity load

location will also result in a dual band slot response. For a dipole, a stub can be added that

defines an open circuit at the center feed at the lower operating frequency to remove the

lower band. The loading from the traps will change the lower frequency. The stub to cancel

the lower resonance will change the tuning of the upper resonance.

A length of coaxial line can be offset from the slot’s end and soldered across the slot.

The exact distance between the end of the slot and the coax determines the impedance

match. I will primarily use a CPW to slotline transition with a capacitor gap acting as a

coupling impedance transformer. I will start by presenting simulated data of the original

end-loaded slot with the new CPW center feed to assess whether the operating frequencies

have acceptable radiation efficiency with a feed structure.

9.2 Revised Design Process

The slot antenna outer length should be approximately half a wavelength long at the lower

frequency, and the inner dimensions should be approximately half a wavelength long at

the upper frequency. If the loading is reconfigurable and the upper frequency is variable,
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then the length should be based on the middle value. There’s not a clear L/C ratio that is

needed from a characteristic impedance standpoint. A series load on a slot is tuned to f2

and capacitively loads f1, which lowers the value of f1. A parallel load on a slot is tuned

to f1 and capacitively loads f2, which lowers the value of f2. To counteract the loading

effects, the series trap loaded slot should have a shorter than λ/2 outer length, and the

parallel loaded slot should have a shorter than λ/2 inner length. Alternately, decreasing

the characteristic impedance of the trap (ratio of L to C) will decrease the slope of the

resonator impedance, which translates to less reactive detuning at the antenna operating

frequency not associated with trap resonance. However, the series trap design is more

constrained because it has to provide both high and low impedance.

As a general rule, parallel trap designs should have a lower characteristic impedance,

and series trap designs should have a higher characteristic impedance. For the series de-

sign, the closer f1 is to f2, the higher the necessary characteristic impedance. For the par-

allel design, the closer the operating frequencies are, the lower the necessary characteristic

impedance.

To demonstrate, we can start by picking 2 and 4 GHz as our operating frequencies. The

operating frequencies will be below the actual trap resonance. For a parallel dipole, an L

and C pair is chosen to be resonant at 2.01 GHz and with a low starting Z0 value (10 ohms).

The outer length of the slot antenna is calculated to be half a wavelength at 2 GHz, and the

inner length is calculated to be half a wavelength at 4 GHz.

I arbitrarily pick 60 mil TMM3 (εr = 3.3) for the substrate and choose the slot to be

3 mm wide. The characteristic impedance of the slot is 142 Ω, and half a wavelength is

64 mm at 2 GHz. Half a wavelength is 31 mm at 4 GHz, and characteristic impedance has

increased to 171 Ω. The preceding numbers are based on slotline modelling, and don’t take

into account inductive loading at the ends of the slot antenna, or the sizeable impact that

the feed type and location has on a slot antenna. Typically, the slot antenna will be resonant

169



with a smaller than half wavelength slotline.

The capacitively coupled CPW to half wavelength slot can be calculated based on [89].

A CPW feed into a full-wavelength slot is also common, both with center feeding [90] and

near end feeding [91]. A microstrip feed coupled to the slot antenna is detailed in [40]. A

differential feed across the slot is analyzed in [39].

To substitute a stub for an RLC load, the stub input impedance can be calculated in

Matlab if possible, or simulated separately in HFSS. The stub input impedance should

match the impedance of the LC load in a working design. The replacement load can be

made more complex, as long as the impedance of the load matches the LC load values at

the operating frequencies. A cavity terminated stub can be a convenient way of coupling

to a cavity from a slot antenna, and can even be closer to ideal point loading than a direct

cavity coupling path. If accurate analytical models don’t exist for the stubs and loads being

used, then isolated full wave simulations are necessary to tune the loads.

9.3 Reconfigurable Trap Dipole and Trap Slot Antennas

One final evolution to the framework for resonator loaded antennas as trap antennas is to

design frequency reconfigurable trap antennas. When I was doing my initial MoM based

investigation, I was surprised to find that tuning the trap frequency while keeping the load

location constant still resulted in creating new antenna second resonances despite the load

placement seeming non-optimal. This naturally suggested that trap style antennas are a

good candidate for frequency tunable resonator loaded designs, which has not been inves-

tigated elsewhere in the literature.

A trap dipole with a static load location and a variable trap resonance was simulated, as

seen in Figures 9.1 and 9.2. Generally, the antenna resonance will be tuned over a smaller

frequency range than the load resonance. The range of useful load impedances are closer to
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Figure 9.1: Sweeping trap resonance on dipole, higher Q loads tune antenna resonance a
higher percentage of the trap resonance sweep

the load resonance for a higher Q load, shown in Figure 9.3 for visual reference. Because

of this, a higher Q load will reconfigure the antenna resonance over a wider frequency

range than a lower Q load. A higher Q load will reconfigure that dipole resonance more

widely than a low Q load. The radiation efficiency is also tuned across frequency. The

antenna gain at all angles is decreased at the radiation efficiency minimum. If desired,

the radiation efficiency minimum could be tuned to make the antenna an absorptive, non-

reflective surface at certain frequencies.

I simulated a trap slot with a static load location and a variable trap resonance, shown in

Figure 9.4. A higher Q load will reconfigure the slot resonance more widely than a lower Q

load. However, the slot antenna cannot be tuned as widely as the trap dipole. The exact rea-

sons are still unclear, but slot antennas are typically operated at antiresonance and dipoles

are typically operated at series resonance. For dipoles and slots, the antiresonance typically
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Figure 9.2: Radiation efficiency is also tuned across frequency, still offset from antenna
operating frequencies.

has a much higher Q than the series resonance. For the dipole series resonance, there is

naturally a very broad band of slowly varying antenna reactance that can be cancelled by

the trap load reactance. Around the slot antenna antiresonance, the antenna reactance has a

much steeper slope.

9.4 Slot Antenna Loaded with Cavity Terminated Stubs

I previously designed reconfigurable slot antennas by directly aperture coupling the slotline

to a reconfigurable cavity. A CPW stub with cavity termination can be added to slot an-

tennas for a reconfigurable stub trap design, as shown in Figure 9.5. Slot’s planar structure

naturally allows for integration with cavities, piezos and DC bias lines. The antenna capac-

itively coupled CPW feed impedance matches to the antiresonances of the slot. The stub is

loaded with the evanescent mode cavities that can be tuned with DC biased piezo elements.
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Figure 9.3: Useful range of reactive load values are closer in frequency to load resonance
with higher Q loads

Figure 9.4: Trap slot with static load location, varied load resonance and Q
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Figure 9.5: Reconfigurable trap slot antenna, trap stub terminated in reconfigurable cavity

The reactance of the stub can be tuned by simulating the CPW and cavity separately, Fig-

ure 9.6. Using transmission line stubs better approximates a point load than direct cavity

coupling. If the stub is a resonant length, there are possible added harmonic resonances in

band. Making the transmission line as short as possible results in a load value that is closer

to the resonator input, which simplifies the design.

The stub creates an upper frequency short circuit condition at the slot radiator, and the

transition to CPW for the stubs minimally disturbs the radiation pattern. The slot antenna

is dual-band, with a static lower resonance and a tunable upper resonance. The lower

resonance could be removed with a filter on the feed structure.

The antenna has a static operating frequency at 2.24 GHz, and the upper frequency

tunes from 2.52 GHz to 3.41 GHz by tuning the evanescent mode cavities, as shown in

Figure 9.7.

The radiation efficiency is consistent with the other trap antennas and cavity loaded

antennas presented previously, and has dips in between the two operating frequencies, seen

in Figure 9.8. The radiation pattern is a typical slot radiation pattern across tuning, as

seen in Figures 9.9 and 9.10. The CPW stubs and coupled cavities minimally disturb the

radiation pattern.
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Figure 9.6: The reactance of the cavity terminated stub can be tuned by simulating the
CPW and cavity separately to reduce simulation time

Figure 9.7: S11 of CPW fed slot antenna with cavity end loads, static low frequency at
2.24 GHz, and tunable upper frequency at 2.52 GHz and 3.02 GHz and 3.41 GHz, varying
capacitive gap in cavities
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Figure 9.8: Radiation efficiency over 90% at low static frequency, varies from 88% to 59%
at the upper frequencies

Figure 9.9: 2.52 GHz realized gain pattern, 30 µm capacitive gap
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Figure 9.10: 3.41 GHz, 70 µm capacitive gap

This is a practical demonstration of how the revised theory of trap antennas is an ef-

fective framework for designing efficient resonator loaded multiband and reconfigurable

resonators with a simple design process, and results in desirable radiating field distribu-

tions.

9.5 Conclusion

The novel cavity terminated stub loaded slot antenna design is built on the newly expanded

framework for trap antenna design. A static lower band exists at the full resonant length of

the antenna, while a higher band can be tuned by means of a reconfigurable trap. If a single

band of operation is desired, a filter can be integrated into the feed network to eliminate the

static lower band.

Trap antennas can be designed to be reconfigurable across frequency by changing the

load resonance. The newly developed trap antenna framework can be used to design effi-

cient multiband frequency reconfigurable resonator loaded antennas, and ensures that the

antennas will have quasi-first mode responses at both operating frequencies, which results

in good radiation patterns. Additionally, there is a tunable null in radiation efficiency that

177



can potentially be used to make the antenna more absorbtive and less reflective at a certain

frequency.
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Chapter 10

Conclusions and Future Work

10.1 Conclusions

The goal of this research was to advance the design of resonator loaded antennas. Resonator

loaded antennas often suffer from lossy frequencies, which raised an initial question about

whether resonator loads are unavoidably lossy. I demonstrated that the loss phenomenon

is not due to load resonance, but is actually due to excitation of electrically compressed

higher order modes, which can be separated from antenna operating frequencies.

In the process of explaining loss in resonator loaded antennas, I created a new design

framework for a class of high efficiency, multiband, and reconfigurable resonator loaded

antennas. The design framework is based on the trap dipole, and I significantly revised

the traditional analysis of trap antennas before expanding the design principles to a much

broader range of antenna designs. The revised trap antenna design ensures not only that the

resonator loaded antenna has high radiation efficiency at the operating frequencies, but also

ensures that the operating frequencies are quasi first mode distributions, which keeps the

radiation pattern free of beam splitting and other distortions. Most of the new trap antennas

I demonstrated are loaded with LC resonators, but I demonstrated a final design with cavity

179



terminated stubs, and the design framework is intended to easily incorporate more complex

resonator loads.

Before investigating trap dipoles, I designed several cavity loaded reconfigurable slot

antennas with tuning across S-Band. The cavity loaded and cavity backed slot in Chapter 4

was designed to be a widely-tunable array element. The array element can also potentially

be tuned to have a higher order filter response through appropriate calibration of the loads.

While investigating the trap dipoles as a simple resonator loaded antenna, I found that

the trap load is not resonant at the upper operating frequency of trap dipoles, contrary to the

common description of trap antennas. The traps have a finite reactance at the upper oper-

ating frequency, and parallel LC loads can be replaced with any other equivalent-reactance

resonator. The conventional parallel LC trap dipole was turned into a prototype on which

to base more complex resonator loaded antennas. I applied the principles of trap antenna

design to create novel multiband trap slot antennas in Chapter 3. I also verified several

novel trap antennas in measurement.

In chapter 9, I expanded the trap antenna framework to create reconfigurable trap an-

tennas. I started with basic LC loads and demonstrated how to incorporate stubs and more

complex resonators. I used the piezo-reconfigurable evanescent mode cavities connected to

the slot with CPW stubs to create a trap slot antenna with a static lower band and a dynamic

upper band with 1 GHz of tuning range with good radiation efficiency.

Adding resonant loads to antennas will only increase in popularity and practicality as

tunable antennas and filtennas become more widespread. In this dissertation, I demon-

strated that resonant loads can introduce lossy modes, and I significantly revised and ex-

panded the theory of the basic trap dipole antenna, which should be a valuable aid in de-

signing resonator loaded antennas with higher degrees of complexity. I demonstrated novel

series LC trap dipoles, dual-band inductor loaded trap dipoles, and parallel and series LC

trap slots. The newly developed design process also allows for the integration of any kind
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of resonator or reactive load to be used to create trap style antennas. A reconfigurable

load was also used to demonstrate novel tunable trap antennas. The design procedure is

ultimately adaptable to any resonators than can be practically fabricated and physically in-

corporated into the antenna structure. I contributed significantly to the design of resonator

loaded antennas by expanding the simple trap dipole into a much larger framework for trap

antennas as a broad new class of high-efficiency multiband and reconfigurable resonator

loaded antennas.

10.2 Future Work

The limits to trap slot tunability should be explored further. It seems that the neighboring

resonances on either side of the tuned operating resonance will limit the antenna tuning

range. It may also be that tuning the antenna further will alter the antenna modal behavior

enough so that comparison to the unloaded antenna is no longer a useful reference. The

Q of the operating resonance being tuned likely also impacts how widely a tuned load can

reconfigure the antenna.

Reconfigurable trap antennas have been demonstrated in simulation and could be fabri-

cated for further demonstration. A reconfigurable LC loaded design could be made recon-

figurable with a varactor in place of the capacitor, and the stub-cavity loaded slot antenna

could be built as well.

The radiation efficiency minima that occur with resonator loaded designs can poten-

tially be a feature to reduce the antenna reflectivity at a given frequency. This could be

especially interesting combined with tunable loads to reconfigure the low reflectivity band.

The trap antenna was demonstrated on both dipoles and slots, but could be expanded to

other structures. The reconfigurable trap slot could be cavity backed.

Distributed and asymmetric loading rapidly increases complexity of analysis for the trap
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antenna. In my experience, adding distributed loads makes it possible have the radiation

efficiency minimum overlap with the antenna operating frequencies, which suggests that

the modal excitation changes. It could be possible to asymmetrically tune the loads to

increase bandwidth at the cost of radiation pattern symmetry.
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Appendix A

Multiline Coupling

A.1 Introduction
Coupled multiline transmission lines (MTLs) are used in many applications, from filters
[120], to feed networks and interconnects [132], to radiating elements [126] [143]. Anal-
ysis of multiline microstrip transmission lines is often relegated to full-wave approaches
[132] [127], which are computationally costly. Additionally, analytical insight into struc-
ture behavior is lost with reliance on numerical techniques.

The analysis of multiconductor transmission lines is a topic that has received attention
for decades, [133]. Some of the earliest work was focused on high-power transmission
lines [135] [121], and the topic continues to expand today with modelling of RF trans-
mission lines [127], [136]. Much of the literature covering analysis of MTLs comes from
a time when reducing and simplifying computational cost was a primary concern [121].
Intermediate quantities needed to solve for network parameters, such as modal voltage dis-
tribution and characteristic impedance, were included in early papers [121] [141], but have
been omitted from recent textbooks which summarize the topic [37] [130]. Furthermore,
the intermediate quantities, which give important insight into coupling and transmission
behavior, were often simplified in early papers by conventional linear algebra techniques,
and converted into terms with no clear meaning beyond serving as a step towards solving
for network parameters.

This paper presents a closed form analytical solution for the behavior of multiline mi-
crostrip systems. It is based on an eigenanalysis of the system matrix of a microstrip
structure. The system matrix is calculated from an analytical closed form solution for the
Per-Unit-Length (PUL) capacitance of two coupled microstrip lines found in [128]. To
test the accuracy of our solution, we compare it against a commercially available Method
of Moments (MoM) package and define percent error across frequency. The authors have
found that existing accepted analytic two line solutions [25] [130] [128], calculated over
a variety of physical dimensions, have 7.2% error across frequency compared to MoM re-
sults for symmetric width lines, and within 14.9% error for asymmetric width lines. Our
n-line solution, applied to a wide range of 4 line scenarios, shows a symmetric width error
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of 5.1% and asymmetric error of 16.6%. The new multiline solution is within 2.7% of the
error of the well accepted analytic two line solutions when both are compared against the
commercial MoM solution.

The next section will outline the Telegrapher’s Equations for transmission lines. Section
3 expands the Telegrapher’s Equations to two coupled microstrip lines. Section 4 covers
how to calculate self and mutual capacitance between coupled microstrip lines, and Section
5 explains the general solution of MTL applied to two coupled lines. Section 6 expands the
solution to the n-line case, and Section 7 offers conclusions.

A.2 Telegrapher’s Equations (TE)
As is well established in RF & microwave theory, [25], the Telegrapher’s Equations (TE)
describe the behavior of a transmission line. TE has already been applied to two coupled
lines and to multiple coupled lines, but has not been applied to a completely closed form
solution for coupled microstrip multiline transmission line. In this section we outline ba-
sic TE theory applied to a single transmission line using the notation that will be used
throughout this paper to orient the method.

Position-dependent voltages, v(x), and currents, i(x), on a transmission line can be
found through solving the Telegrapher’s Equations [130], which essentially state that the
voltage drop is proportionate to the line current [140]

dv(x)

dx
= −zi(x) (A.1)

according to the PUL series impedance, z = jωL + R. The Telegrapher’s Equations also
state that the shunt current is proportionate to the line voltage:

di(x)

dx
= −yv(x) (A.2)

according to the PUL shunt admittance, y = jωC+G. The behavior of a transmission line
is characterized by its PUL parameters; any arbitrary structure supporting wave propagation
has associated PUL resistance R, conductance G, capacitance C, and inductance L. R
and G can simply be omitted for a lossless system. Differentiating both gives the wave
equations for v(x) and i(x)

d2v(x)

dx2
= γ2v(x) = zyv(x) (A.3)

and

d2i(x)

dx2
= γ2i(x) = yzi(x) (A.4)

with propagation constant
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γ =
√
zy = α + jβ (A.5)

where α is the wave attenuation coefficient, which should be zero in a lossless system. β is
the phase constant and can also defined as

β = ω
√
µε (A.6)

where ω is angular frequency.
The solution to the ordinary differential equations (A.3) and (A.4) can be expressed as

v(x) = V̂ +e−γ1x + V̂ −e+γ1x (A.7)

and

i(x) = Î+e−γ1x + Î−e+γ1x. (A.8)

The physical interpretation of this is a forward and backward propagating voltage on a
transmission line. Though there is only one mode in this scenario, V̂ is our notation to
indicate that the voltage is mode specific, and γ1 is the propagation constant for the first
mode. The + and − refer to forward and backward propagating modes. The notation used
here is preemptive of the notation necessary to describe a generalized multiline solution
with multiple modes due to coupling.

With a voltage and current defined on a line, a characteristic impedance, ZC is usually
defined as [25]

ZC =
V̂ +

Î+
=
z

γ
=
γ

y
=

√
z

y
=

√
R + jωL

G+ jωC
(A.9)

where V̂ + and Î+ are the amplitudes of the forward travelling voltage and current waves.
For simplicity, R and G will be omitted for a lossless approximation for the remainder of
this paper.

The PUL inductance for a lossless microstrip line, or any quasi-TEM transmission line,
can be calculated as the inverse of the PUL capacitance for a line with the dielectric re-
placed with air [25], which can be written as

L = ε0µ0C
−1
0 (A.10)

where C0 is the capacitance from an equivalent structure with air dielectric. Using C0 to
substitute for the inductance, the characteristic impedance of a single lossless microstrip
line can be further rewritten as [25]

ZC =

√
ε0µ0

CC0

. (A.11)
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Figure A.1: Even and odd mode excitations for two coupled lines, (a) Even mode excitation
and (b) capacitance seen by the lines, and (c) Odd mode excitation and (d) capacitance seen
by the lines

A.3 TE for Two Coupled Lines
The Telegrapher Equations are extended in this section to describe two coupled transmis-
sion lines, with careful attention being given to our uniquely generalized formulation of the
characteristic impedance, which is necessary for solving for network parameters. In [131],
Tripathi expresses the system of equations describing coupled microstrip transmission lines
in a particularly clear and intuitive way, placing particular emphasis on matrix formatting
and characteristic impedances. However, Tripathi’s work is meant for two-coupled lines
and can’t be easily expanded to account for n coupled lines. This paper will retain the clear
analytical meaning of Tripathi’s work for two lines in a format that is easily generalizable
to n lines.

Two parallel microstrip lines in close proximity over a ground plane couple together
and mutually induce currents and voltages on each other, shown in Figure A.1. The rate
of change of voltage at a particular point on line one is a function of the currents on both
lines, and the physically determined impedances seen on both lines, expressed as

− dv1
dx

= z11i1 + z12i2. (A.12)

The same is true for the rate of change of voltage on line two,

− dv2
dx

= z21i1 + z22i2. (A.13)

The rate of change of the current is also linked to the current and shunt admittances on both
lines as

− di1
dx

= y11v1 + y12v2 (A.14)

and

− di2
dx

= y21v1 + y22v2. (A.15)
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Following the same steps as before, we differentiate the first order Telegrapher’s equations
and substitute the second order equations into each other as

d2v1
dx2

= (z11y11 + z12y21)v1 + (z11y12 + z12y22)v2 (A.16)

and

d2v2
dx2

= (z21y11 + z22y21)v1 + (z21y12 + z22y22)v2. (A.17)

Similar to the single line solution for the Telegrapher’s equations, the voltage at any
point on the two coupled transmission lines can be expressed as a summation of two distinct
modal voltage waves which both have forward and backward propagating components,
[130] [131]. A transmission line system consisting of (n + 1) conductors (including the
ground plane) will support n modes of forward and backward travelling waves [132]. For
the case of two coupled symmetric lines, the modal analysis works out to the common
solution of even and odd modes. The voltage and current defined at a particular terminal,
or at any position on the system, are a superposition of weighted modal voltage and current
waves, where

v1(x) = A1V̂11e
−γ1x + A2V̂11e

+γ1x + A3V̂12e
−γ2x + A4V̂12e

+γ2x, (A.18)

and

v2(x) = A1V̂21e
−γ1x + A2V̂21e

+γ1x + A3V̂22e
−γ2x + A4V̂22e

+γ2x, (A.19)

and where v1 describes voltage on line 1 and v2 describes voltage on line 2. Usually each
mode has its own unique propagation constant, but there are rare degenerate cases with
repeated roots [125]. Equations (A.18) and (A.19) express all of the modal forward and
backward propagating voltages with weighting constants, A. The weighting constants, A,
used for both voltage and current, are defined by the boundary conditions, which are spe-
cific to a particular excitation. V̂ij denotes the mode j voltage on line i, with the direction
of propagation given by the sign of γ.

The current can be expressed similarly as

i1(x) = A1Î11e
−γ1x − A2Î11e

+γ1x + A3Î12e
−γ2x − A4Î12e

+γ2x, (A.20)

and

i2(x) = A1Î21e
−γ1x − A2Î21e

+γ1x + A3Î22e
−γ2x − A4Î22e

+γ2x (A.21)

where the subscripts on the modal current, Îij , again indicate mode j on line i. Alter-
nately, since we previously defined a characteristic impedance that related the travelling
voltage and current waves, the modal current terms can be replaced with the characteristic
impedance divided by the corresponding modal voltage for the same line. Since the propa-

200



gating modal voltages and currents are mode and line specific, we will need to modify our
characteristic impedance to be mode and line specific with the same subscript conventions,
such that

Îij = V̂ij/Z
C
ij . (A.22)

The modal propagation constant, γi, is solved for based on a quadratic equation solution
of the coupled Telegrapher’s equations. Usually the solution is expressed in terms of a and
b terms [131], where

a1 = y1z1 + ymzm, (A.23)

a2 = y2z2 + ymzm, (A.24)

b1 = z1ym + y2zm, (A.25)

and

b2 = z2ym + y1zm. (A.26)

Together these terms combine to define the propagation constants, [131], as

γ2c,π =
a1 + a2

2
± 1

2
[(a1 − a2)2 + 4b1b2]

1/2. (A.27)

The c and π subscripts denote the two modes in the notation used in [131].
Writing the mutual impedance terms as zm works for two lines since the mutual impedance

from line one to line two is equivalent to the impedance from line two to line one, or
z12 = z21. To adequately describe a multiline system we will need a more precise nomen-
clature to keep track of several distinct mutual impedances and admittances. For this rea-
son, we rewrite the a and b terms as

a1 = z11y11 + z12y21, (A.28)

a2 = z21y12 + z22y22, (A.29)

b1 = z11y12 + z12y22, (A.30)

and

b2 = z21y11 + z22y21. (A.31)

Noticing the symmetry of the subscripts, we can see that the a and b terms arise nat-
urally from the multiplication of the series impedance terms and shunt admittance terms
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ordered into matrices,

[z][y] =

[
z11 z12
z21 z22

] [
y11 y12
y21 y22

]
=

[
a1 b1
b2 a2

]
, (A.32)

with the self terms on the main diagonal and the mutual terms off axis. For consistency, the
previous solution for the propagation constant can be rewritten in an equivalent and much
lengthier form as

γ21,2 =
(z11y11 + z12y21) + (z21y12 + z22y22)

2
(A.33)

± 1

2
[((z11y11 + z12y21)− (z21y12 + z22y22))

2 + 4(z11y12 + z12y22)(z21y11 + z22y21)]
1/2.

Since we are focused on presenting a solution that works for n-coupled lines, these expres-
sions have the immediate disadvantage of being difficult to expand to handle more than
two lines. Fortunately, the explicit scalar solution for the propagation constant γ21,2 is ac-
tually the eigenvalue corresponding to the matrix or polynomial product of the PUL series
impedance and PUL shunt admittance, [125]. We will take advantage of this fact later to
expand the solution to n-coupled lines.

The propagation constants of the distinct modes of the system corresponds to a specific
modal distribution of voltages and currents, and naturally, the eigenvectors associated with
the eigenvalue solution are the eignevoltages or eigencurrents, depending on whether the
system is formulated as [z][y] or [y][z], respectively, [121], [125]. For the sake of brevity a
scalar solution will not be written here for the eigenvoltages or eigensolutions.

To finish describing the behavior of the coupled transmission lines in the transverse
plane, a characteristic impedance is needed to define the relationship of the modal voltages
to the modal currents. We will use the eigenvoltages or eigencurrents to define the char-
acteristic impedance. Wedepohl offers such a formulation for two lines in [121], although
the expressions are unnumbered and go unused in the rest of the paper. The characteristic
impedance, with some of the variable notation changed, is

ZC
11 =

|z|
γ1[z22 − V̂21/V̂11z21]

, (A.34)

ZC
12 =

|z|
γ2[V̂12/V̂22z22 − z21]

, (A.35)

ZC
21 =

|z|
γ1[V̂21/V̂11z11 − z12]

, (A.36)

and
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ZC
22 =

|z|
γ2[z11 − V̂12/V̂22z12]

. (A.37)

Lowercase z still refers to the PUL series impedance of the lines, and |z| is the determinant
of the series impedance matrix, [z]. With some substitutions and algebraic manipulation the
above expressions can be shown to be numerically identical to the corresponding two-line
characteristic impedance terms in [131] and [121]. The new generalized n line solution for
ZC will be given later in the paper, but the preceding equations are written in such a way
that the reader should already have some intuition as to how to generalize the expressions.
ZC is a characteristic impedance matrix that defines the ratio of voltage to current for a
particular mode on a particular line. Since an n line structure generally supports n modes
there should be nxn characteristic impedances. For example, with two coupled lines, ZC

21

is the ratio of mode 1 voltage divided by mode 1 current on line 2.
While it made sense for Tripathi [131] to express characteristic impedance for two cou-

pled lines by way of a voltage ratio term, a multiline solution requires direct knowledge
of the normalized modal voltage terms for each line. Similarly, common textbooks citing
previous work in coupled multiline transmission lines [25], [37], [130] only show charac-
teristic impedances for a single line or two coupled lines. Our analytical expressions for
coupled lines will be generalized into matrix format in Section A.5 and expanded into an
n line form in Section A.6. However, before moving forward an analytical method for
expressing capacitance matrices must be introduced. In Section A.5 we will connect this
mostly scalar analysis of coupled Telegrapher’s equations to a matrix analysis centered on
the eigenvalue solution.

A.4 Capacitance for Coupled Multiline Microstrip
In this section we will explain how to calculate capacitance and use it to assemble the PUL
admittance and impedance matrix. We assume that a multiline structure can be approxi-
mated as a superposition of two line structures, and while this idea is simple, we have not
seen it used before in the literature.

The capacitance of two coupled microstrip lines over a ground plane is derived by many
authors [128], [134], [136]–[139]. In [128], Kirschning and Jansen derive closed form
expressions for the capacitances and effective permittivity of two coupled microstrip lines.
Expressions for the capacitance between two coupled lines of asymmetric width are given
in [134]. Reference [128] has been heavily cited and is used for symmetric width coupled
line calculations in this paper, and reference [134] is used for calculating the capacitance
between coupled lines of different width. Generally, all of these methods derive the even
and odd mode capacitances. The self-capacitance (Cs) of a microstrip line to the ground
plane equals the even mode capacitance,

Cs = Ceven, (A.38)
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and the mutual capacitance (Cm) between two lines is

Cm =
Codd − Ceven

2
. (A.39)

The capacitance is used to define the PUL shunt admittance matrix. For the two line
system the shunt admittance matrix can be expressed as

[y] = jω[C] = jω

[
Cs

1 + Cm
12 −Cm

12

−Cm
21 Cs

2 + Cm
21

]
(A.40)

where Cs
1 and Cs

2 are self-capacitances of line 1 and 2 to the ground plane, and Cm
12 is the

mutual capacitance between line 1 and line 2, as illustrated in Figure A.1, [130].
To the best of the authors’ knowledge, closed-form calculations for the capacitance

between n parallel microstrip lines do not exist. In this paper, rather than relying on com-
putationally intensive numerical approaches, the shunt admittance matrix, Equation (A.40),
was expanded to include any number of terms, in the form

[y] = jω[C] = jω


C11 −Cm

12 . . . −Cm
1n

−Cm
21 C22 . . . −Cm

2n
...

... . . . ...
−Cm

n1 −Cm
n2 . . . Cnn

 (A.41)

with all of the mutual capacitances (Cm
ij ) approximated by superpositions of two-coupled

line capacitance calculations to represent the whole network, as shown in Figure A.2. The
main diagonal (Cii) terms are the self-capacitance values of each line plus the summation
of the mutual capacitance terms in that row, written as

Cii = Cs
i +

∑
j 6=i

Cm
ij . (A.42)

Self-capacitance is a measure of the charge and voltage potential on a conductor with ref-
erence to ground, but it is still affected by its neighboring conductors since neighboring
conductors, even when excited in-phase, will still alter the fringing fields from the conduc-
tor in question. In this paper it is assumed that the nearest neighboring conductor will have
the greatest impact on the self-capacitance of a conductor to ground, so the self-capacitance
calculation used for each line is the self-capacitance from the nearest neighbor pair of lines.

The series impedance of a microstrip transmission line is found by solving for the ca-
pacitance of a similar microstrip line with air dielectric, which was expressed in Equation
(A.10). The series impedance matrix, populated by PUL inductance values, is found to be

[z] = jω[L] = jωε0µ0[C0]
−1, (A.43)

where C0 corresponds to the free space, or air dielectric, capacitance.
As stated before, [128] and [134] are used for calculating coupled line capacitance in

this paper. The PUL characterization could be replaced with other solutions, such as the
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Figure A.2: Superposition of two line capacitance calculations use to approximate an n-line
structure

similar closed form solution in [136] or [138], or with a method of moments solution that
could take conductor and dielectric loss into account. For a lossy characterization the R
and G terms would need to be added into the definitions for series impedance and shunt
admittance, and the solution would proceed normally from there.

A.5 Network Parameters for a Two Line System
As mentioned previously, we have been following the solution format for two coupled lines
described in [131] and working to expand the method for n-lines. In this section we will
apply our form of the solution of network parameters, before demonstrating how to expand
this notation and method to the n-line problem in the next section. Since the Telegrapher’s
Equations for coupled lines turns into a system of equations, the TE are most conveniently
represented in matrix form.

In Section A.3, we solved the Telegrapher’s equations in terms of scalar solutions, but
we did begin to introduce matrix notation into the problem. A centrally important con-
cept to realize with coupled lines is that solving the coupled Telegrapher’s equations is an
eigenvalue problem [125], [135]. In mathematical terms, the series impedance and shunt
admittance, when multiplied together as matrices, form the system matrix ([z][y]) of the
eigenvalue problem. The square of the propagation constant is the eigenvalue of the system
matrix, which is usually a diagonal matrix with distinct roots. The solution for the prop-
agation constant can be expressed as a quadratic for two coupled lines, but the eigenvalue
solution doesn’t necessarily have an explicit scalar solution for higher order matrices, so
we must adopt matrix notation for the whole problem if we wish to characterize multiline
coupling. Earlier the authors declined to give a scalar solution for the eigenvoltages of two
coupled lines. It is simpler to avoid a scalar solution and instead say that the eigenvec-
tors which lead to each distinct eigenvalue solution are the eigenvoltages for system matrix
[z][y], or if the order is reversed it’s the eigencurrents for [y][z] [125]. Again, there isn’t
necessarily any explicit scalar solution for the eigenvectors for more than two lines. Fit-
tingly, the matrix formed from all of the eigenvectors is known as the modal matrix. The
eigenvectors are non-unique and usually normalized, but the relationship between the val-
ues in each eigenvector signifies the ratio of line voltages or currents for each pure modal
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excitation.
Tripathi in [131] chose to define voltages on line 1 of a two coupled line system, and

express voltage on line 2 as the line 1 voltage multiplied by modal voltage ratio factors. If
all of the modal voltage values on each line can be found, then voltage ratio terms can be
avoided.

To solve for the impedance parameters, it is necessary to evaluate Equations (A.18)-
(A.21) at x = 0 and at x = l, where l is line length. For two coupled lines, the first port
is chosen to be on line 1 at x = 0, so the port voltage is defined as being V1 = v1(x = 0).
Similarly, the other port voltages are V2 = v2(x = 0), V3 = v2(x = l), and V4 = v1(x = l).
The voltages seen at each port are a summation of the propagating voltage modes that
satisfy the coupled Telegrapher’s equations. Usually the collection of modal contributions
to the port voltages have not been defined as a separate matrix variable, but the authors
think that it is helpful to assign distinct variable names to these quantities as [V net] and
[Inet], or the network modal voltage matrix and network modal current matrix. They are
identical to Equations (A.18)-(A.21), but packaged in matrix format. They are used below
to define the port voltages and currents.

(V ) =


V1
V2
V3
V4

 = [V net]


A1

A2

A3

A4

 (A.44)

where

[V net] =


V̂11e

−γ10 V̂11e
γ10 V̂12e

−γ20 V̂12e
γ20

V̂21e
−γ10 V̂21e

γ10 V̂22e
−γ20 V̂22e

γ20

V̂21e
−γ1l V̂21e

γ1l V̂22e
−γ2l V̂22e

γ2l

V̂11e
−γ1l V̂11e

γ1l V̂12e
−γ2l V̂12e

γ2l

 (A.45)

The (A) vector is a set of weighting constants that define the voltage and current ex-
citation boundary conditions. Tripathi, [131], defines the voltage on line two as the line
one voltage multiplied by a voltage ratio factor, which is also separately defined for each
mode. By this convention, for more coupled lines, each line would have its modal voltage
components defined by their ratio to the line one modal voltage components. It is simpler
to replace modal voltage and current ratios referenced to line one with modal coefficients
that are normalized across the whole system . This is simpler because the normalized co-
efficients already exist in the eigenvoltage and eigencurrent matrices. Following the same
pattern as was used for the network voltage matrix, and with the same weighting vector
(A), the current at each port can be defined as

(I) =


I1
I2
−I3
−I4

 = [Inet]


A1

A2

A3

A4

 , (A.46)
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where

[Inet] =


V̂11
ZC
11
e−γ10 − V̂11

ZC
11
eγ10 V̂12

ZC
12
e−γ20 − V̂12

ZC
12
eγ20

V̂21
ZC
21
e−γ10 − V̂21

ZC
21
eγ10 V̂22

ZC
22
e−γ20 − V̂22

ZC
22
eγ20

V̂21
ZC
21
e−γ1l − V̂21

ZC
21
eγ1l V̂22

ZC
22
e−γ2l − V̂22

ZC
22
eγ2l

V̂11
ZC
11
e−γ1l − V̂11

ZC
11
eγ1l V̂12

ZC
12
e−γ2l − V̂12

ZC
12
eγ2l

 . (A.47)

In the above equations, V̂ij again refers to the mode j voltage on line i, and modal current
Îij is replaced with V̂ij/ZC

ij since V̂ and Î are both normalized matrices. ZC was defined
in Equations (A.34)-(A.37).

When boundary conditions are applied by means of the (A) modal weights, the net-
work voltage and current matrices are reduced to vectors and are related by impedance
parameters as:

(V ) = [Z](I), (A.48)

which can be rewritten as

[V net](A) = [Z][Inet](A). (A.49)

The (A) weighting vector can be cancelled out from both sides, and the impedance
parameters can be found as the network voltage matrix multiplied by the inverse of the
network current matrix.

[V net] = [Z][Inet], (A.50)

or

[Z] = [V net][Inet]−1. (A.51)

The impedance parameters for two coupled lines can be written symbolically, as seen
below in Equations (A.52)-(A.57) which are similar in form to those given in [131] as

Z11 =
V̂22z11coth(γ1l)

|V̂ |
+
V̂21z12coth(γ2l)

|V̂ |
, (A.52)

Z12 =
V̂21V̂22z11coth(γ1l)

V̂11|V̂ |
− V̂21V̂22z12coth(γ2l)

V̂12|V̂ |
, (A.53)

Z13 =
V̂21V̂22z11

V̂11|V̂ |sinh(γ1l)
− V̂21V̂22z12

V̂12|V̂ |sinh(γ2l)
, (A.54)

Z14 =
V̂22z11

|V̂ |sinh(γ1l)
− V̂21z12

|V̂ |sinh(γ2l)
, (A.55)
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Figure A.3: New closed-form analytical calculation compared to commercially available
MoM solver, for two lines. s=2.286mm, w=2.286mm, l=50mm, h=0.762mm, εr=2.2. Zero
crossings with less than 0.3% error compared to a MoM solution.

Z22 =
V̂12z21coth(γ1l)

|V̂ |
+
V̂11z22coth(γ2l)

|V̂ |
, (A.56)

and

Z23 =
(V̂21)

2V̂22z11

(V̂11)2|V̂ |sinh(γ1l)
− V̂21(V̂22)

2z12

(V̂12)2|V̂ |sinh(γ2l)
. (A.57)

The impedance parameters derived by the authors agree exactly with those given by
Tripathi [131] with some substitution and algebraic manipulation. The terms developed by
the authors, are slightly more complicated to write in scalar form than those developed by
Tripathi in [131], but they have the significant advantage of being completely adaptable to
matrix form, allowing for the solution of impedance parameters for n coupled lines.

The results are compared numerically against those from a commercial Method of Mo-
ments solver in Figure A.3. In the results, s is the spacing between microstrip lines (mea-
sured between nearest edges), w is the width of each line, l is the length of the system, and
h is the height or thickness of the substrate. The authors’ results for symmetric coupled
lines are within 7.2% error tolerance over a wide range of dimensions and substrate mate-
rials compared against those calculated in a commercially available Method of Moments
(MoM) solver. The accuracy of the solutions significantly depend on the calculation of PUL
capacitance. Kirschning and Jansen, in [128], state that their two line capacitance calcula-
tions for symmetric microstrip lines have less than 4% error over the range 0.1 < w/h < 10
and 0.1 < s/h < 10 and 1 < εr < 18.

Asymmetric coupled line calculations depend on the asymmetric line capacitance cal-
culations from [134], which don’t have any stated bounds over what range of design pa-
rameters an accurate result can be expected. The authors have found the theoretical results
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to be within 14.9% error tolerance compared against the MoM solution over a similarly
wide range of design parameters. Improved accuracy depends on use of a more accurate
calculation of PUL capacitance. Both the symmetric and symmetric two line solution are
well-established in the literature [25], [130], [131], so they may be taken as a baseline to
compare multiline accuracy against.

A lossless system assumption has been made for the calculations (R,G = 0), resulting
in purely reactive values for the impedance parameters. Conductor and dielectric loss could
be easily taken into account by inserting the PUL resistance and conductance into the series
impedance and shunt admittance matrices, the calculations for which are available in [132].
The next section will demonstrate our new closed form analytical solution for n-coupled
microstrip lines.

A.6 Network Parameters for n-Coupled Line System
The solution for network parameters of more than two lines requires use of an eigen-
analysis of the system matrix, [z][y], which yields the eigenvoltages, [V̂ ], as the modal
matrix or eigenvectors, and the square of the modal propagation constants, [γ2], as the
eigenvalues. As before, [z] is the matrix of PUL series impedance, and [y] is the matrix of
PUL shunt admittance. For a 2x2 matrix a scalar expression often exists for the eigenval-
ues, but for larger matrices this is usually not the case. The eigenvalue problem for coupled
transmission lines, based on the the PUL series impedances and shunt admittances is

[z][y][V̂ ] = [γ2][V̂ ]. (A.58)

The eigenvalue matrix [γ2] is a diagonal matrix, where each term is the propagation constant
for a separate mode. The eigencurrents could be similarly found from the matrix [y][z].
Since both the eigencurrents, [Î], and the eigenvoltages, [V̂ ], are normalized quantities, the
ratio of [Î] to [V̂ ] is not meaningful. For that reason, it is necessary to substitute Îij =

V̂ij/Z
C
ij for the modal currents, as

vi(x) =
∑
j

AjV̂ije
±γjx, (A.59)

and

ii(x) =
∑
j

Aj Îije
±γjx =

∑
j

Aj
V̂ij
ZC
ij

e±γjx. (A.60)

An example calculation of eigenvoltages is given in Table A.1 for a coupled 4 line system
of asymmetric width.

The characteristic impedance, or relation of current to voltage on each line for each
mode can be solved for as the propagation constant divided by shunt admittance (similar to
the the form in Equation (A.9), scaled to each mode and line by the modal currents where
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Table A.1: Example eigenvoltage calculation for a system of four coupled lines defined
as w1 = w2 = w4 = 0.2286mm, w3 = 2.286mm, s1 = s2 = s3 = 0.2286mm, h =
2.286mm, εr = 2.2

Line 1 Line 2 Line 3 Line 4
Mode 1 -0.9 -0.34 0.56 0.26
Mode 2 -0.35 0.02 0.32 -0.95
Mode 3 0.26 -0.09 0.63 -0.06
Mode 4 -0.11 0.94 0.42 0.18

[ψz] = [y]−1[Î][γ], (A.61)

and

ZC
ij = ψzij/Îij. (A.62)

The concept of characteristic impedance is sometimes awkward to express because it de-
pends on both matrix and scalar data to represent the mode and line specific voltage-current
ratios that stem from the eigenanalysis of the system matrix [z][y], so the term [ψz] has been
added just as an intermediate term to simplify the expressions. A symbolically different, but
numerically identical expression for n-line characteristic impedance exists as an unlabelled
equation in an appendix of [121], but to the best of the authors’ knowledge our symbolic
formulation is new to the literature and the older formulation went unused in subsequent
literature. In the authors’ opinion, this expression is also much simpler symbolically than
the one found in [121]. Similarly, the characteristic admittance can be also be found as

[ψy] = [z]−1[V̂ ][γ] (A.63)

and

Y C
ij = ψyij/V̂ij. (A.64)

It was shown in Equations (A.48)-(A.51) that solving for impedance parameters depends on
finding the network voltage and current matrices. In Figure A.4 the voltages and currents
for four coupled lines are labelled appropriately.

The vector of terminal voltages, (V ), can be constructed by multiplying the network
voltage matrix [V net] by the vector of weights for the propagating waves, (A), where
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Figure A.4: Port currents and voltages labelled for four coupled lines

[V net] =



V̂11e
−γ10 V̂11e

γ10 . . . V̂1ne
−γn0 V̂1ne

γn0

V̂21e
−γ10 V̂21e

γ10 . . . V̂2ne
−γn0 V̂2ne

γn0

...
V̂n1e

−γ10 V̂n1e
γ10 . . . V̂nne

−γn0 V̂nne
γn0

V̂n1e
−γ1l V̂n1e

γ1l . . . V̂nne
−γnl V̂nne

γnl

...
V̂21e

−γ1l V̂21e
γ1l . . . V̂2ne

−γnl V̂2ne
γnl

V̂11e
−γ1l V̂11e

γ1l . . . V̂1ne
−γnl V̂1ne

γnl


. (A.65)

The vector of terminal currents, (I), can be defined similarly to the terminal voltages, but
with the substitution of defining the modal currents as Îij = Y C

ij V̂ij . The impedance param-
eters are ultimately calculated by multiplying the network voltage matrix by the inverse of
the network current matrix where

[Z] = [V net][Inet]−1. (A.66)

The multiline techniques have been tested against AWR over a range of parameters for
four line coupled systems. Figures A.5 and A.6 are representative plots of Z11 for four line
systems, with line width and spacing, substrate thickness and material, and line length given
in the figure captions. For symmetric line widths over a wide range of line widths, spacings,
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Figure A.5: Z11 for 4 coupled symmetric width lines, w = 2.286mm, s = 2.286mm,
h = 0.762mm, εr = 9.2, l = 25mm, showing a frequency shift of less than 1.4% frequency
shift error compared to MoM calculation

Figure A.6: Z11 for 4 coupled asymmetric lines, w1 = w2 = w4 = 0.2286mm, w4 =
2.286mm, s1 = s2 = s3 = 0.2286mm, h = 2.286mm, εr = 2.2, l = 50mm, showing a
frequency shift of less than 5.9% error compared to MoM calculation
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substrate heights and dielectric constants, the method is within 5.1% error, which is slightly
better accuracy than the well accepted methods for two symmetric line calculations (within
7.2%).

There aren’t stated accuracy bounds for the method of calculating the capacitance of
asymmetric coupled microstrip lines in [134], and the method of moments solution di-
verges from the author’s theory based calculation as the coupling weakens. With tight
coupling, the method of moments solution shows clusters of 4 asymptotic responses, com-
ing from the contributions of the four modes, but as line spacing increases the contribution
of the fourth mode often disappears. For a similarly broad range of design parameters,
asymmetric line calculations are within 16.6% error compared to the MoM solution, which
is 2.7% worse than the existing asymmetric two line solutions (within 13.9% error) that are
widely accepted in the literature. As was stated in the discussion of two line results, greater
accuracy will depend on a more accurate calculation of the PUL capacitance of the coupled
lines.

The authors’ calculation of multiline parameters have been shown to be in excellent
agreement with MoM results and analytical two line results from the literature. A sim-
ple and physically realizable system of tightly coupled microstrip lines wasn’t fabricated
because the spacing required to fit SMA connectors on and leave clearance room for high-
quality cables and a torque wrench prevents close line spacing. More significantly, common
deembedding techniques such as TRL [25] would be needed to remove connector perfor-
mance, but such techniques are undefined for multiport systems. Similarly, line bends can’t
be used to transition spaced out connectors to a tightly coupled multiline system due to the
same unavailability of multiport deembedding techniques. With this in mind, the agree-
ment of existing two line literature and commercial MoM calculations has been taken to be
an authoritative reference.

A.7 Conclusions and Future Work
A new matrix solution for the network parameters of coupled multiline transmission line,
here applied to microstrip, has been derived. The solution was shown to achieve the same
accuracy levels as existing well-established analytical two line solutions, compared against
the MoM solution. The primary boundaries placed on this method depend on the accuracy
bounds of the calculation of the PUL system characteristics. New to this solution is an
assumption that coupled multiline capacitance is a superposition of simple two line capaci-
tances, and a new formulation of the multiline and multimode characteristic impedance has
also been used. The value of the solution is not just in its accuracy, but in its simplicity,
and as a tool for analytical insight into the modal behavior of coupled transmission lines of
symmetric and asymmetric line widths.
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Appendix B

Measurement Calibration and
Accreditation

NSI MI’s current accreditation is not from NIST’s NVLAP (National Voluntary Laboratory
Accreditation Program) but is from A2LA (American Association for Laboratory Accredi-
tation). Both programs are to accredit a lab to the ISO 17025 standard for Testing/Calibra-
tion Laboratories. In the documentation provided from NSI-MI about OEWG calibration,
no claim to NIST traceability is made, but the A2LA certificate includes a statement of
measurement uncertainty for different frequency ranges and measurement types. For some
of the measurements, they rely on the Three Antenna Method for establishing Calibration
and Measurement Capability Uncertainty (CMC), which is possibly something that can be
done locally (although ISO 17025 certification is still external). Supposedly the three an-
tenna method is harder to do accurately. The provided certificate was issued on April 13,
2018 and is valid until November 30, 2019, so this accreditation is frequently renewed. It’s
possible that A2LA is cheaper than NIST.

The ARRC can technically self-calibrate and document their own calibration for near-
field probes. Laboratory accreditation is a significant recurring cost to officially recognize
our documentation.

NSI-MI provide Gain calibration data for an additional $4000.00 per probe. The NSI-
MI A2LA scope of accreditation is posted here https://www.nsi-mi.com/images/PDFs/NSI-
MI-A2LA-Accreditation-2019.pdf .
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